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Dr. Michael S$. Heutmaker 


General Chair 


cations system design, RAWCON has become a leading interdiscipli- 
nary forum for advances in wireless communications. This interdisci- 
plinary focus may change its look from year to year, but the RAWCON 
Steering Committee and Technical Program Committee work to nurture it in 
the selection of papers as well as in the construction of panels and workshops. 


B y highlighting the intersections between RF technology and communi- 


The production of this Proceedings book is the result of sustained effort by a 
number of volunteers, including Gary Breed of Noble Publishing and Kate 
Remley of NIST. The Technical Program would not be possible without the 
efforts of the Technical Program Chair, Kari-Pekka Estola, and the members 
of the Technical Program Committee. 


In addition to this Proceedings, RAWCON2000 authors have the opportunity 
to submit an expanded manuscript for publication in a “Mini-Special Issue” of 
the IEEE Transactions on Microwave Theory and Techniques. See the 
http://rawcon.org web page for details. 


In addition to oral and poster presentations, RAWCON2000 offers these sup- 
plementary technical programs: 


¢ Keynote Address by Al Javed, Vice President and Chief Technology Officer, 
Access Networks, Nortel Networks. 

¢ Banquet Address by Marc Holtzman, Secretary of Technology, State of 
Colorado. 

¢ A tutorial workshop on Ultra Wideband (UWB) Communications 
Technology. 

¢ A Wireless Networking Tutorial workshop, organized by Tim Brown and 
Michael Heutmaker. 

¢ Panel session “Education, Research, and the Wireless Industry” moderated 
by Peter Staecker, featuring presenters who will describe various success- 
ful ways for university faculty to interact with the wireless industry. 


(continued on next page) 


¢ Panel session “Accessing the Wireless Internet: Cellular, LAN, or Other?”, 
organized by Modest Oprysko and Michael Heutmaker, and moderated by 
Andrew Seybold. The panelists will discuss which methods of accessing the 
wireless Internet will succeed, and why. 

¢ Vendor Exhibit including booth and tabletop displays from leading wireless 
industry suppliers. 


I would like to offer my thanks to presenters and co-organizers of the work- 
shops and panel sessions, whose expertise and contributions add significant- 
ly to the interest and appeal of the conference. 


The members of the RAWCON2000 Steering Committee have contributed to 
the success of the conference in a number of critical ways. I would like to 
thank Exhibit Chair (and extremely capable past General Chair) Roger Marks, 
Publicity Chair Sophie Kogut, Publication Chair Gary Breed, Program Editor 
Kate Remley, Web Master Steve Kirchoefer, Finance Chair Helen Corboy, 
Local Arrangements Chair Robbie Marks, and Auditing Chair Dick Sparks. 


Dr. Michael S. Heutmaker 
Lucent Technologies 
General Chair, RAWCON2000 


Dr. Kari-Pekka Estola 


Technical Program Chair 


welcome you to the 2000 IEEE Radio and Wireless Conference. In the 

past, RAWCON has contributed much to the exchange of ideas 
between the different disciplines needed to master the design and implemen- 
tation of wireless communication systems. We have been committed to mak- 
ing the conference into a setting for informal exchanges between experts of 
different disciplines. Research and development in the areas of communica- 
tion systems and equipment will certainly benefit from the cross-disciplinary 
exchange of ideas. For example, the specification of new communication stan- 
dards requires understanding of the performance issues in the system design, 
as well as the capabilities of future implementation technologies. The single 
track of presentations at RAWCON enables attendees to widen their under- 
standing of system level design issues. The format that RAWCON has adopt- 
ed serves well in setting up the cross-disciplinary dialogue. 


() n behalf of the RAWCON2000 Technical Program Committee (TPC), I 


This year we have paid special attention to developing the synergies between 
the different sessions: oral or poster. This will strengthen the overall pro- 
gram. I encourage all of the attendees to experience the poster sessions that 
take place together with the Exhibition. 


As always, your feedback on RAWCON2000 is welcome in any form. Please 
contact me or any member of the Technical Program Committee with your 
suggestions for enhancements of the program for future editions of RAW- 
CON. 


I would like to thank each member of the Technical Program Committee for 
their help in shaping the RAWCON2000 program. Special thanks to Tim 
Brown, Elizabeth Logan, Mark Reudink, Peter Staecker and Joe Staudinger 
for their contributions as sub-committee chairs in various technology areas. 


Kari-Pekka Estola 
Nokia Research Center 
Technical Program Chair, RAWCON2000 
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Keynote Address 


Al Javed 


RAWCON2000 Keynote Speaker 


RAWCON2000 Keynote Address 
Monday, September 11, 2000 
1:20 PM 


Al Javed 
Vice President and Chief Engineer, Wireless; Chief Technology Officer, Access 
Networks 


Nortel Networks 
Nepean, Ontario, Canada 


Technologies and Systems for Fourth Generation Mobile 
Wireless Systems 


Third generation (3G) mobile wireless systems are currently under develop- 
ment. Their field deployment will commence in early 2001. These systems are 
being designed to be data-centric with peak bit rates of 384 kb/s in fully mobile 
environments. This talk will address the evolution of technologies and systems 
that will result in fourth generation systems with ten times higher peak bit 
rates and capacities than the third generation systems and fully compatible with 
Internet Protocol (IP) based networking. 
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Banquet Address 


RAWCON2000 Banquet Address 
Monday, September 11, 2000 
8:15 PM-8:30 PM 


Marc Holtzman 
Secretary of Technology, Governor’s Office of Innovation & Technology, State of 
Colorado; Chairman of the Board, Colorado Institute of Technology 


The Colorado Institute of Technology 


The Colorado Institute of Technology (CIT) was founded in March 2000, to 
increase the number of students graduating in information technology (IT) dis- 
ciplines in Colorado significantly by: 


Marc Holtzman ¢ Delivering world class courses and technology programs 


RAWCON2000 Banquet Speaker * Attracting and retaining outstanding science and technology faculty 


¢ Partnering with business to develop and deliver courses which meet specific 
business needs 


¢ Increasing the number of high school students interested in IT disciplines 
through special programs and summer classes 


e Partnering with universities to enhance curricula in IT disciplines 


Vil 


Panel Sessions 


Monday Evening Panel Session 
Education, Research, and the 


Wireless Industry 
Monday, September 11, 2000 
8:30 PM—10:00 PM 


Moderator: 
Peter Staecker 


Panelists: 
Misty Baker 
Executive 
Consortium 
Lawrence Dunleavy 
Wireless and Microwave Program (WAMI), University of 
South Florida 
David Falconer 
Carleton University 
Theodore S. Rappaport 
Founding Director, Mobile and Portable Radio Research 
Group, Virginia Tech 


Director, Global Wireless Education 


In response to worldwide growth in wireless communica- 
tions, relationships between universities and industry in 
RF/wireless technology are evolving. The panelists are 
leaders in finding ways for university researchers to iden- 
tify needs of the commercial wireless industry and 
advance the state of the art. They are leveraging the 
advantages of industry sponsorship of leading-edge acade- 
mic laboratory facilities, enabling university-industry col- 
laboration to develop curriculum formats for wireless tech- 
nology, contributing to emerging wireless standards, and 
more. The session will take place as the after-dinner pro- 
gram of the RAWCON2000 Banquet. 


Vill 


Tuesday Evening Panel Session 
Accessing the Wireless Internet: 
Cellular, LAN, or Other? 


Tuesday, September 12, 2000 
7:00 PM—9:00 PM 


Moderator: 

Andrew Seybold 
Senior Partner, Andrew Seybold Group LLC; Editor, 
Andrew Seybold’s Outlook 


Panelists: 

Kumar Balachandran 
Senior Consulting Engineer, Ericsson, Inc. 

Phil Belanger 
Vice President, Wireless Business Development, Wayport, 
Inc.; Chair Wireless Ethernet Compatibility Alliance 
(WECA) 

Bruce Rowland 
Senior Manager, Internet Wireless Systems 

Durga Satapathy 
Principal Member of Technical Staff, Sprint; Chair IEEE 
802.16’s Wireless High-Speed Unlicensed Metropolitan 
Area Networks Study Group 

Gary Hand 
Pervasive Computing Division, IBM Corp. 


Technology, business, and performance aspects of wireless 
access to the Internet are reshaping the landscape of the 
wireless industry. How many people will use their mobile 
phone to access the Internet, and for what purposes? Will 
third-generation cellular technology be economically feasi- 
ble on a mass scale? Will ubiquitous and economical high- 
speed wireless LAN connections be a significant player for 
portable users? Will fixed wireless access significantly 
enhance the availability of broadband access? Will all of 
these modes complement each other or all exist indepen- 
dently? The panelists bring the perspectives of service 
providers, mobile phone developers, infrastructure devel- 
opers, and computer companies to the discussion of what 
is happening now and what might happen next. 


Workshops 


Sunday Afternoon Workshop 


Ultra Wideband (UWB) 
Communications Technology 


Sunday, September 10, 2000 
1:00 PM-5:00 PM 


Organizer: 
Michael Heutmaker 
Lucent Technologies 


Speakers: 
Rex Morey 

Lawrence Livermore National Lab 
Paul Withington 

Time Domain Corporation 


Ultra Wideband (UWB) technology represents a radical 
departure from present-day architectures for communica- 
tions systems and may be on the verge of initial commer- 
cialization. UWB systems manipulate picosecond RF puls- 
es to transmit and receive data. The speakers will combine 
a technical tutorial with a snapshot of the state of this inno- 
vative technology. 


Monday Morning Workshop 


Tutorial on Wireless Networking 
Monday, September 11, 2000 
8:00 AM-12:00 PM 


Organizers: 
Michael Heutmaker 
Lucent Technologies 
Tim Brown 
University of Colorado 


Speakers: 

Kumar Balachandran 
Ericsson 

Tim Brown 
University of Colorado 

Gerry Christensen 
SignalSoft 

Barry Dropping 
Symmetricom 


This workshop addresses one of the fundamental interdis- 
ciplinary aspects of wireless communications: how to con- 
figure communications networks to let a number of mobile 
users share a number of wireless channels. The presen- 
ters will cover the following topics: 


¢ Cellular Architecture and Networking 

¢ Network-Level Impact of the Wireless Channel 
e Synchronization Issues in Wireless Networking 
¢ Intelligent Mobile Networking and Applications 
¢ Third Generation (3G) Wireless Networking 

¢ Wireless Application Protocol (WAP) 
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Monday, September 11 


Session M1 
Wireless Systems 
1:50 PM—3:30 PM 
Chair: Kari-Pekka Estola 
Nokia Research Center 


Evolving the Capabilities of IS-2000: An Overview 
of IXTREME (invited) 
George Fry, Giridhar Mandyam, Nokia 


Design Efficiencies for Indoor Wireless (invited) 
Theodore S. Rappaport, Virginia Polytechnic 
University 


Design and Implementation of a Completely 
Reconfigurable Soft Radio 

Srikathyayani Srikanteswara, Michael Hosemann, 
Jeffrey H. Reed, Peter M. Athanas, Virginia 
Polytechnic University 


A Study of Wireless Access Networks 
Architecture Using Multi-Level Modulation 
Methods 

Masahiro Nishi, Hitomi Teraoka, Teruaki Yoshida, 
Hiroshima City University 


Session M2 


Systems, Antennas, and Signal Processing 


NA 


4:00 PM-5:10 PM 
Chair: Timothy Brown 
University of Colorado 


Steerable Antennas for Base Stations (invited) 
Theodore Sizer, Lucent Technologies 


New Cellular Wireless System Concept for Very 
High Bit Rate Data Transmission With Smart 
Antennas at the Mobile and Base Station 
Adrian Boukalov, Seppo J. Halme, Ren Aifeng, 
Helsinki University of Technology 


A Code Tracking Technique for Direct Sequence 
Spread Spectrum Using Adaptive Filtering 
Michael Hosemann, Srikathyayani Srinkanteswara, 
Jeffrey H. Reed, Virginia Polytechnic University 
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Session M3 
Poster Session 
5:30 PM—7:00 PM 
Chair: Mark Wickert 
University of Colorado at Colorado Springs 


Introducing Novel FDD and FDM in MC-CDMA to 
Enhance Performance (M3.1) 

Balasubramaniam Natarajan, Carl R. Nassar, 
Colorado State University 


A New Wireless Network for 5 GHz License 
Exempt Applications (M3.2) 

John Sydor Alain Dugas, Jason Duggan, 
Communications Research Centre 


New Transceiver Design Approaches for Digital 
Microwave Radios (M3.3) 

Mina Danesh, N. Hassaine, A. Rich, F Concilio, 
Harris Corporation 


Mesh Networks: A New Architecture for 
Broadband Wireless Access Systems (M3.4) 
Philip Whitehead, Radiant Networks PLC 


IC-Friendly Line Codes for Direct-Conversion 
Receivers (M3.5) 

Dongling Pan, John T. Stonick, Oregon State 
University 


Performance of Quadrature Amplitude Modulation 
with Nonlinear Transmit Amplifiers in Rayleigh 
Fading (M3.6) 

George Christkos, Moe Z. Win, AT&T Labs 


Analysis of Wideband Measurement Data to 
Assess and Predict System Performance for 
IMT2000 Systems (M3.7) 

Nikhil Adnant, R. J. C. Bultitude, Communications 
Research Centre 


FEM-Based Hybrid Methods for the Analysis of 
Antennas on Electrically Large Structures (M3.8) 
Dong-Ho Han, Anastasis C. Polycarpou, 
Constantine A. Balants, Arizona State University 


Planar Rectennas for 2.45 GHz Wireless Power 
Transfer (M3.9) 

Jouko Heikkinen, Pekka Salonen, Markku 
Kivikoski, Tampere University of Technology 


A Broadband 64-Element 2-D Quasi-Yagi Antenna 
Array (M3.10) 

Kevin M. K. H. Leong, James Sor William R. Deal, 
Yongxt Qian, Tatsuo Itoh, University of California, 
Los Angeles 


Automatic Phase Alignment for High Bandwidth 
Cartesian Feedback Power Amplifiers (M3.11) 
Joel L. Dawson, Thomas H. Lee, Stanford University 
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Tuesday, September 12 


Session Tl 
System Performance: Applications 
8:00 AM-9:20 AM 
Chair: Robert Achatz 
Institute for Telecommunications Sciences 


Busy Tone Access Control Using Low Power Non- 
License Radio for Wireless Infrared CATV System 
Shinya Masumura, Yuicht Tanaka, Masao 
Nakagawa, Keio University 


Orthogonal Frequency Division Multiplexing in 
Wireless Communication Systems with Multimode 
Fibre Feeds 

Bryn J. Dixon, Roger D. Pollard, Stavros Iezektel, 
The University of Leeds 


Optimizing Frequency Re-use in Point-to- 
Multipoint Deployments 
Dieter Scherer, Lucent Technologies 


p. 79 


p.87 Protocol Module of Wireless Data System 
Dedicated to Medical Care 
Gen Fujita, Kenji Matsumura, Makoto Furuie, Isao 


Shirakawa, Hiroshi Inada, Osaka University 


Session T2 
System Performance and Optimization 
10:10 AM—12:00 Noon 
Chair: Peter Staecker 
p. 266 System Implications of Heat in Wireless High- 
Speed Data Networks (invited) 
Earl McCune, Tropian, Inc. 


Impact of Front-End Non-Idealities on Bit Error 
Rate Performances of WLAN-OFDM Transceivers 
B. Come, R. Ness, S. Donnay, L. Van der Perre, W. 
Eberle, P Wambacgq, M. Engels and I. Bolsens, 
IMEC-DESICS 


System Performance Evaluation of Packet Data 
Transfer in UTRA-FDD Standard 
Paolo Goria, Davide Sorbara, CSELT 


Effect of Various Threshold Settings on Soft 
Handoff Algorithm Performance 
Sung Jin Hong, I-Tai Lu, Polytechnic University 


p. 99 
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p. 103 MMSE Frequency Combining for CI/DS-CDMA 
Zhiqiang Wu, Carl R. Nassar, Colorado State 
University 


Session T3 
Propagation 
1:20 PM-2:40 PM 
Chair: Donn Harvey 
Metawave Communications Corp. 


p. 107 A More Accurate Method to Define Exclusion 
Zones 
Christof Olivier, Luc Martens, Ghent University 


A Random-Phase-Assisted Ray-Tracing Model and 
Its Verification with a Spatio-Temporal Channel 
Measurement in a Suburban Micro-Cellular 
Environment 

Houtao Zhu, Jiye Fu, Jun-ichi Takada, Kiyomichi 
Araki, Tokyo Institute of Technology; Hironari 
Masui, Masanori Ishi, Kozo Sakawa, Hiroyuki 
Shimizu, Takehtko Kobayashi, YRP Key Technology 
Research Laboratories 


p. 111 


p. 115 Modeling and Analysis of Time Varying Radio 
Propagation Channel for LMDS 
P Soma, Y. W. M. Chia, L. C. Ong, National 


University of Singapore 


Propagation Models at 5.8 GHz—Path Loss & 
Building Penetration 

Thomas Schwengler, Mike Gilbert, US WEST 
Advanced Technologies 


p. 119 


Session T4 
Antennas 
3:10 PM—4:30 PM 
Chair: Jerry Grimm 
Nokia 


p. 125 Kalman Filter Applied to GSC in Adaptive 
Antennas Array 
Fabio A. L. Gomes, Adriao Duarte D. Neto, Aldayr 
D. de Arawjo, Universidade Federal do Rio Grande 
do Norte 


p. 131 Analysis of Reflector Antennas Including Higher- 
Order Interactions 
Dong-Ho Han, Anastasis C. Polycarpou, 
Constantine A. Balants, Arizona State University 
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p. 135 Implementation of a Real-Time, Frequency 
Selective, RF Channel Simulator Using a Hybrid 
DSP-FPGA Architecture 
Jeff R. Papenfuss, Omnipoint Technologies Inc.; 
Mark A. Wickert, University of Colorado at Colorado 
Springs 


p. 139 Recent Results from Smart Antenna 
Experiments—Base Station and Handheld 
Terminals 
W. L. Stutzman, J. H. Reed, C. B. Dietrich, B-K 
Kim, D. G. Sweeney, Virginia Tech 


Session T5 
Poster Session 
9:30 PM—7:00 PM 
Chair: Bernard Geller 
Sarnoff Corp. 


p. 143 Large-Signal Scattering Parameter Measurements 
for RF Power Transistors (T5.1) 
John B. Call, William A. Davis, Motorola 


RF Frequency Properties of a Reverse Biased 
Thick Switching PIN-Diode (T5.2) 
Lioudmila Drozdovskaia, Villanova University 


High Power Effects on Gallium Nitride-Based 
Microwave and RF Control Devices (T5.3) 
Robert H. Caverly, Nikolai Drozdovski, Michael 
Quinn, Villanova University 


p. 147 


Design of Tuning Bandwidth and Linearity for 
VCO by Mathematical Solution and Computer 
Method (T5.4) 

Tseng-Chuan Wang, Industrial Technology Research 
Institute ITRD 


A New Pinched-Off Cold-FET Method to Extract 
Parasitic Capacitances of MESFETs and HEMTs 
(T5.5) 

Yeong-Lin Lai, Kuo-Hua Hsu, Feng Chia University 


0.24-um CMOS Technology for Bluetooth Power 
Application (T5.6) 

Yi-Jan Emery Chen, D. Heo, M. Hamai, J. Laskar, 
Georgia Institute of Technology; D. Bien, National 
Semiconductor Corporation 


p. 155 


p. 163 


Design and Characterization of CPW Feedthroughs 
in Multi-Layer Thin-Film MCM-D (T5.7) 

G. Carchon, B. Nauwelaers, KU Leuven; O. 
DiMonaco, K. Vaesen, S. Brebels, W. DeRaedt, 
IMEC 


p.171 A Method for Creating Multiple Attenuation Poles 
by a Microwave Filter Based on Tapped 
Resonators (T5.8) 

Koujt Wada, Osamu Hashimoto, Aoyama Gakuin 
University 


A Bandpass Filter with Two Ring DRs Analysis 
Using the FDTD Method in an MIC Environment 
(T5.9) 

Sang-Ho Lim, Soon-Soo Oh, Young-Sik Kim, Korea 
University 


p.175 


p.179 Aperture-Coupled Stacked Microstrip Antenna 
With Dual Polarisation and Low Back-Radiation for 
X-Band SAR Applications (T5.10) 

F Klefenz, A. Dreher, German Aerospace Center 


(DLR) 


Miniature Packaged Microstrip Antenna Using 
Wire-Bonding Technique (T5.11) 

Wei Ping Dou, M. Y. W. Chia, Centre for Wireless 
Communications 


Small Broadband Microstrip Patch Antenna for 
IMT-2000 Handsets (T5.12) 

Yajun Wang, Lee Ching Kwang, Nanyang 
Technological University 
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Wednesday, September 13 


Session W1 
Active Device Characterization and 
Modeling 
8:00 AM—9:20 AM 


Chair: Joseph Staudinger 
Motorola SPS 


p. 191 Prediction of Output Carrier-to-Interference 
Ratios from Nonlinear Microwave Components 
Driven by Arbitrary Signals Using Intrinsic Kernel 
Functions 
H. Ku, J. S. Kenney, Georgia Institute of Technology; 
A. Leke, Stanford University 


Measurement Technique for Characterizing the 
Memory Effects in RF Power Amplifiers 

Joel Vuolev1, Timo Rahkonen, Jani Manninen, 
University of Oulu 


p. 195 


p. 199 Analysis of the Effects of Supply Noise Coupling 
on Phase Noise in Integrated LC CMOS 
Oscillators 

Radu Fetche, Cristina Fetche, Washington State 
Uniwersity; Terri Fiez, Karttkeya Mayaram, Oregon 


State University 


X1ll 


p. 203 


An RF MOSFET SPICE Model with a New 
Substrate Network 

Seonghearn Lee, Hankuk University of Foreign 
Studies; Cheon Soo Kim, Hyun Kyu Yu, Electronics 
and Telecommunictions Research Institute 


p. 207 


p. 211 


p. 215 


p. 219 


p. 223 


Session W2 
Wireless Receiver Circuits 
9:50 AM-11:30 AM 
Chair: Masami Akaike 
Science University of Tokyo 


Optimization of Tunable Oscillators with AM to 
FM Conversion for Near-Carrier Phase Noise 
Gleb V. Klimovitch, Watkins-Johnson Company 


High Performance RF Front-End Circuits for 
CDMA Receivers Utilizing BiCMOS and Copper 
Technologies 

Tom Schiltz, Carl Denig, Charles Dozier, Hua Fu, 
Henry Lau, Glenn Watanabe, Motorola Inc. SPS 


Adaptive Dual-Loop Algorithm for Cancellation of 
Time-Varying Offsets in Direct Conversion Mixers 
Christian Holenstein, John T: Stonick, Oregon State 
University 


A 900 MHz CMOS Balanced Harmonic Mixer for 
Direct Conversion Receivers 

Lhaofeng Zhang, Zhiheng Chen, Jack Lau, Hong 
Kong University of Science & Technology 


Novel Indirect-Conversion Transceiver 
Architectures Using Phantom Oscillators 
Leonard MacEachern, Tajinder Manku, University 
of Waterloo 


p. 227 


p. 231 


Session W3 
RF Power Amplification 
1:00 PM-—2:20 PM 


Chair: Lutfi Albasha 
Filtronic 


Measurement Technique for Increasing the 
Linearity by Optimising the Source Impedance of 
RF Power Amplifiers 

Joel Vuolevi, Timo Rahkonen, Jani Manninen, 
University of Oulu 


ACPR Comparison of Low Pass and Band Pass 
Type Power Amplifier for 22 Mbps Wireless LAN 
Application 

K. H. Koo, L. Larson, University of California, San 
Diego; M. S. Jung, J. S. Park, University of Inchon 
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p. 247 


p. 251 


p. 255 


p. 261 


Integrated Power Measurement Circuit for RF 
Power Amplifiers 
Ossi Pollanen, Esko Jaervinen, Nokia Mobile Phones 


A European ISM Band Power Amplifier Module 
Ming-ta Hsieh, Jonghae Kim, Ramesh Harjant, 
University of Minnesota, Minneapolis 


Session W4 
Passive Devices 
2:50 PM—4:30 PM 
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Abstract: Third generation (3G) wireless systems supporting voice and data services have been proposed since 
1997. Standardization of those proposals was completed in 1999. However, anticipated demand for data services, 
particularly in the area of wireless access to Internet-based services, is driving the need to enhance the data- 
carrying capability of these systems beyond their current abilities. Yet, those resulting systems must continue to 
provide traditional voice services to an increasing subscriber base. This paper provides a brief overview of 
enhancements proposed to the IS-2000 system called IXTREME that meets these needs. 


1. Introduction 


Second generation CDMA systems, described in 
TIA/EJA/IS-95 [1], support voice and data services 
up to 14.4 kbps over circuit-switched connections. 
Third generation CDMA systems, described in 
TIA/EIA/TS-2000 [2], have the potential to double the 
voice capacity of second generation systems while 
enabling data services up to 144 kbps over circuit- 
switched connections. Even this order of magnitude 
increase in data carrying capability is likely 
insufficient to meet the demand for data services. 
Therefore, enhancements have been proposed to the 
1.25 MHz (1X) version to increase its data-carrying 
capabilities. The evolution of the IS-2000 1X system 
is ongoing in the Third Generation Partnership 
Project 2 (3GPP2). At this time, two phases are 
contemplated. The first phase is a data-only 
enhancement and is scheduled for completion by 
October 2000. The second phase is the more 
complete integrated voice and data evolution, 
scheduled for completion by October 2001. This 
paper discusses the set of enhancements to the IS- 
2000 1X system known as IXTREME. 


2. An Increase in Demand for Services 


Wireless services generally fall into one of two 
categories. Best-effort packet data services are those 
services that can tolerate a large time delay between 
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transmissions. Examples of these types of services are 
Internet transactions, email, and short message services 
(SMS). The other category of wireless services is what 
is known as realtime services. These services cannot 
tolerate long delays between transmissions. Examples 
of realtime services are full-motion video and 
traditional voice services. 


It is generally accepted that data services will form 
a growing portion of the demand for wireless access in 
the future. Innovations such as Wireless Application 
Protocol (WAP) and BlueTooth will enable the 
delivery of all forms of new data services (e.g. wireless 
Internet-based services) to mobile devices. Over 500 
million WAP-enabled handsets will ship in the US and 
Western Europe between 1999 and 2003 [3]. At the 
end of that period, of all mobile handsets shipped, 95% 
will be WAP-enabled and 70% will have BlueTooth 
connectivity. Dataquest [4] predicts that there will be 
over 35 million mobile data users in the US alone in 
this same timeframe. 


The task of designing enhancements to the IS-2000 
1X system would be uncomplicated by only focusing 
on best-effort packet data services. However, the 
demand for reaktime services (especially voice 
services) will continue to dominate wireless services 
over the next several years. By 2003, only about 4% of 
total operator revenue is expected to come from data 
services, with the remainder coming from traditional 
voice services [4]{7}]. By 2005, cellular penetration in 
the US is expected to exceed 70% by 2005, with annual 


voice service revenue approaching USD $100B [7]. 
In addition, those data services that are delivered can 
drive an increase in demand for voice services. Bell 
Mobility reported at the 1999 CDMA Americas 
Congress that an increase of eight voice calls/month 
per user can be attributed to their mobile data service. 


Therefore, the evolution of the IS-2000 system 
must meet the increase in demand for both best-effort 
packet data and realtime (voice) services. The 
IXTREME system supports mixed best-effort packet 
data services and realtime services on the same 
carrier. It also functions quite well as a best-effort 
packet data only system, should operators choose to 
configure their networks in that way. The following 
sections describe some of the details of the 
1XTREME system. 


3. Technology 
IXTREME 


To meet the demand for higher data rates and 
greater data capacity, while at the same time 
delivering realtime seivices, several modifications 
have been proposed for the IS-2000 standard. This 
set of technological enhancements offer wireless 
carriers significant potential to increase the capacity 
of their networks to meet an ever-increasmg demand 
for wireless services, while at the same time 
delivering services to their existing subscribers. 


Enhancements Comprising 


3.1 Muiticode Channel Aggregation 


Each traffic channel in IS-2000 systems is 
identified by a Walsh code. This Walsh code is 
assigned to the mobile during connection setup and is 
used to transmit voice or data on a fundamental 
channel or a supplemental channel. The 1XTREME 
proposal enables multiple Walsh codes to be allocated 
to the mobile for data transfer. These multiple codes 
are combined to form a “fat pipe” channel for higher 
data rates than would be possible with a single Walsh 
code. In an otherwise idle cell, up to 14 Walsh codes 
can be aggregated for a maximum data transfer rate of 
4.8 Mbps in the downlink direction. In addition, this 
"fat pipe" is shared among different 1XTREME 
mobiles in a time-multiplexed fashion. 


3.2 Higher Order Modulation 


The current IS-2000 standard utilizes QPSK 
modulation. 1XTREME proposes eight modulation 
and coding schemes based on instantaneous channel 
conditions. These are depicted in Table 1. 


Table 1: Modulation and Coding Schemes (MCS) 


MCS | Modulation Code 
Rate 
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3.3 Link Adaptation 


It is well established that channel conditions vary 
over time in mobile systems. Each of the modulation 
and coding schemes in Table 1 could become either 
inefficient or unsustainable under certain channel 
conditions. Therefore, 1XTREME incorporates a 
dynamic link adaptation scheme whereby the best MCS 
level is dynamically assigned to each user based on 
instantaneous channel conditions. The channel 
conditions are measured at the mobile and relayed to 
the base station by means of a feedback channel. 


In addition to channel conditions, MCS levels may 
be assigned based on offered load. For instance, 
resources may be prioritized to voice users over data 
users. As a result, the possible power allocation to a 
data mobile may be less than that which is necessary 
for the MCS levels predicted by the channel conditions 
seen by the mobile. Therefore, a link adaptation 
scheme in which several criteria, in addition to 
instantaneous channel conditions, would be beneficial. 
Such multivariate link adaptation schemes are under 
study for 1XTREME. 


3.4 Hybrid ARQ 


Most existing wireless data systems employ two 
compatible forms of error correction: (1) Use of 
forward error correction (FEC) codes, such as turbo or 
convolutional codes, and (2) Automatic repeat request 
protocols (ARQ), which provide retransmission of 
packets when triggered by an event such as failure of 
the receiver to detect the incoming packet successfully. 


The concatenation of FEC's and ARQ protocols is 
known as hybnd ARQ. 


IXTREME seeks to take hybrid ARQ a step 
further. !1XTREME employs a stop-and-wait hybrid 
ARQ method, wherein each packet received by the 
handset must be acknowledged on a dedicated 
feedback channel to the base station. However, the 
mobile does not discard the received soft-information 
associated with the incorrectly received packet. 
Rather, the mobile buffers the data and coherently 
combines the buffered data with the received soft 
information of the retransmission of the bad packet. 
This type of packet combining provides increased 
reliability in CDMA systems [5]. 


In addition, IXTREME uses rchannel stop-and- 
wait hybrid ARQ. By "n-channel" it is meant that 
multiple ARQ instances are employed in consecutive 
time slots. For instance, assume 3 ARQ channels are 
used. Then in time slot t, the mobile will receive a 
packet corresponding to channel 1. In time slot t + 1, 
the mobile will recetv a packet corresponding to 
channel 2. In time slot, t + 3, the mobile will receive 
a packet corresponding to channel 3. In time slot t + 
4, the mobile will receive a packet corresponding to 
channel | again, and so on. The mobile must keep 
separate packets received for different channels for 
packet combining and packet acknowledgements; 
however, once all packets for each channel are 
received correctly, the mobile may re-order these 
packets for delivery to higher layers. 


4. Performance of IXTREME 


The efficacy of the enhancements comprising the 
1XTREME system is described in the following link 
level simulation results. We present throughput vs. 
Ec/Nt for each MCS in Table 1 in three channel 
models: AWGN, I-path Rayleigh fading, and a 
multipath case (Ec represents the energy for each 
transmitted chip and Nt represents noise power). 


Figure 1 depicts throughput in the simple AWGN 
channel case. This idealized channel model describes 
the upper bound of performance for wireless systems. 
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Figure 1: Throughput vs. Ec/Nt in AWGN Channel 


Figure 2 depicts 1XTREME performance in a t 
path Rayleigh fading channel. This channel model is 
closer to that encountered in real system deployments. 
Note that these curves have sigmificant areas of 
overlap. This presents a challenge in developing a 
robust link adaptation scheme that maximizes 
throughput under these conditions. 
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Figure 2: Throughput vs. Ec/Nt in 1-Path Rayleigh 
Fading Channel 


Figure 3 depicts 1XTREME throughput in the ITU 
Pedestrian B channel [6]. This particular channel 
profile, which is comprised of 6 multipath energy 
sources, is summarized in Table 2. 


Table 2: ITU Pedestrian B Channel Model 


Relative Average power 
delay (dB) 
( ae 


Co [a 


This multipath case is the most challenging of the 
three models considered. Once again, the challenge 
is to design a robust link adaptation scheme that 
maximizes throughput under a variety of channel 
conditions. 
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Figure 3: Throughput vs. Ec/Nt in Pedestrian B 
Channel 


5. Summary 


Realtime and voice services will continue to be 
important service offerings for the foreseeable future. 
Current and future systems must meet an increasing 
demand for both best-effort packet data and realtime 
(and voice) services. 1XTREME is capable of 
meeting the increasing demand for both types of 
services, 
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ABSTRACT 


This talk explores an emerging frontier for wireless communications: campus and indoor 
wireless coverage. Proper design of an indoor wireless solution involves RF 
performance, cost, specific customer requests, ease of installation and ease of 
maintenance. Tradeoffs exist in the selection of an indoor wireless system from the 
various types available, based on cost versus performance. Optimum placement for 
system components depends on objectives such as coverage with minimal use of antennas 
or cables, and disguise for minimum visual impact. Currently available service types for 
in-building wireless include Indoor Public Voice & Data Service, Wireless Office Service 
(WOS) and Wireless LAN. Customization and archival issues based on user adoption 
and growth expectations impact the selection and design decisions for in-building 
systems. Finally, this talk highlights the involvement and support of IT staff in 
installation and deployment strategies for successful and efficient design of any indoor 
wireless solution. 
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Abstract 

Recent advances in reconfigurable computing have now made it possible to implement the concept of hardware paging, 
which has the potential to greatly advance the design of soft radios. While many soft/software radio architectures have 
been suggested and implemented, there remains a lack of a formal design methodology that can be used to design and 
implement these radios on reconfigurable platforms that exploit the latest inventions. This paper presents a unified 
architecture, called the Layered Radio Architecture, for design of soft radios on a reconfigurable platform. Using the 
assumptions of the availability of run-time reconfigurable hardware and the use of stream-based computing, the layered 
radio architecture defines a soft radio architecture that is scalable in hardware and software, flexible, and capable of 
supporting multi-mode radios along with over-the-air updates and software validation. 


1 Introduction 


Recent advances in reconfigurable computing have now 
made it possible to implement the concept of hardware 
paging, which has the potential to greatly advance the 
design of soft radios. While many soft/software radio 
architectures have been suggested and implemented, there 
remains a lack of a formal design methodology that can 
be used to design and implement these radios on 
reconfigurable platforms that exploit the latest algorithms 
[Mit95], [Lep99]. 


This paper presents a unified architecture, called the 
Layered Radio Architecture, for design of soft radios on a 
reconfigurable platform. The architecture describes a 
formal yet open design methodology. The architecture 
assumes the availability of run-time reconfigurable 
hardware and the use of stream-based computing. 


The same piece of hardware is modified to perform 
different functions at different times, which allows the 
hardware to be specifically tailored to the application at 
hand, resulting in greatly increased speed and silicon 
efficiency, while a high degree of flexibility is 
maintained. The nature of the hardware enables 
reusability as well as run-time reconfiguration of the 
radio. Most commercial FPGAs do not support run-time 
reconfigurability or partial reconfigurability. However, 
an FPGA called Stallion that supports fast run-time 
reconfiguration has been developed at Virginia Tech 
[Bit97]. 


The stream-based approach gives a uniform modular 
structure to the processing modules and defines the 


protocol for interaction between various modules. The 
layered radio architecture makes it possible to incorporate 
all of the features of a software radio while minimizing 
complexity issues. 


The layered radio architecture is validated with the 
implementation of a single-user CDMA receiver using 
Stallion. The system demonstrates the potential of the 
layered radio architecture, where systems can be paged in 
and out of the hardware. The goal of the receiver is to 
validate the architecture on a small scale so that larger 
systems can be built in a similar manner. The receiver 
consists of a complex filter with LMS adaptation and is 
modified for differential detection. The configuration of 
Stallion is varied during run-time to implement different 
functions of the receiver. Thus, only the system in use is 
on the hardware while the other systems are stored in 
memory. This feature is very important in the design of 
soft radios that support multiple modulation and coding 
formats. The layered radio architecture also defines the 
methodology for incorporating changes and updates into 
the system [Sri00]. A detailed discussion of the 
architecture and how it supports desirable features like 
scalability, silicon efficiency, and over-the-air updates is 
also given in the paper. 


2 The Layered Radio Architecture 


Recent advances in reconfigurable hardware technology 
enables radios that swap systems in and out of hardware, 
similar to what is done in personal computing software 
with the use of virtual memory. This feature can be 
exploited in the design of soft radios. The approach 
towards designing a reconfigurable radio using hardware 


paging is formalized in the layered radio architecture 
[Sri00]. 


The layered radio architecture is based on stream-based 
processing, where a common bus is used for data and 
programming information. A few bits within the bus are 
reserved for the header, which indicates the nature of the 
stream packet. The use of the stream-based processing 
simplifies the interface between modules, making it easy 
to replace one module with another or add additional 
modules. Additionally, the reconfigurable hardware is 
also assumed to use stream based computing and accept 
data as well as reconfiguration information from the same 
bus. 


The functionality of the radio is divided into layers, 
where each layer attaches/modifies the header and passes 
the information to the next layer. Once the processing is 
complete, the information is sent back through the layers 
in the same way. The layered radio architecture defines 
three layers in hardware as shown in Figure 1, the Soft 
Radio Interface (SRI) layer, the configuration layer, and 
the processing layer. The three layers of the soft radio are 
implemented using stream-based processing. While the 
processing layer is assumed to be reconfigurable in run- 
time, and has the characteristics mentioned above, there 
are no such assumptions made for the layers above it. 


The SRI layer is responsible for interfacing the radio 
hardware with the external world, coordinating the 
various sources of information coming in and going out 
of the radio, prioritizing the requests made to the radio, 
and packetizing the incoming information before sending 
it to the lower layers. The information coming into the 
radio can be either data or programming information to 
create a new setup of the radio or to modify the existing 
setup of the radio. 


The setup of a new system is handled as follows. The 
SRI layer contains the system-level description of various 
radio configurations in its local memory. Each system- 
level description contains a list of all the algorithms in the 
appropriate order needed to implement the system. It is 
important to note that the SRI layer does not contain the 
bits needed to configure the hardware. Rather, it contains 
the codes for the algorithms that are to be used and their 
sequence of interconnection. 


The configuration layer has in its memory the actual bits 
needed to configure the processing layer hardware. The 
configuration layer extracts the configuration bits from its 


memory based on the programming packets sent by the 
SRI layer. 


The processing layer consists of a series of reconfigurable 
modules called processing modules that perform the 
actual operations on the data to implement the 
functionality of the radio. Once the radio is configured, 
data is packetized by the SRI layer and sent to the lower 
layers using the same bus used for the programming 
packets. After completion of processing, data is sent back 
through the configuration layer to the SRI layer, which in 
turn de-packetizes the data and outputs it to the host PC. 


3 Design of a Soft Radio Prototype 


3.1 System Description 

A reconfigurable transmitter designed specifically for the 
soft radio prototype is used to generate a spread spectrum 
signal with differentially encoded BPSK modulation. 
The signal is mixed at an Intermediate Frequency (IF) of 
68 MHz and then upconverted to an RF frequency of 2.05 
GHz. At the receiver, the Rockwell Miniature Radio 
Codec (MRC) is used to convert the signal to baseband. 


The single-user receiver uses a fractionally spaced 
equalizer with a complex adaptive filter based on the 
Least Mean Squares (LMS) algorithm to perform 
demodulation and despreading. Figure 3 shows the 
functional block diagram of the baseband receiver. The 
acquisition process uses a matched filtering with 
maximum search to determine the position of the symbol. 
This information is used in the tracking scheme using the 
complex LMS filter. The tracking scheme uses an 
increased length complex filter with LMS adaptation and 
assumes no knowledge of the spreading code [Hos00]. 
The filter length is about two symbols long and the 
position of the non-zero weights within the increased 
length filter depends on the actual position of the symbol. 
Oversampling the symbol helps compensate for the drift 
in the system clock and enables non-coherent detection. 
The positions of the filter weights are updated using LMS 
adaptation that is modified to account for the differential 
encoding [Nit99]. 


3.2. Implementation 

Virginia Tech has developed an FPGA specifically suited 
for flexible, high-throughput, low-power computations, 
called the Stallion, that is based on wormhole 
reconfigurable computing [Bit97]. The soft radio 
prototype uses Stallion as the processing element. The 
radio is implemented using a single Stallion as the 
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Figure 1: The Layered Radio Architecture 


processing element. The SRI and configuration layers are 
implemented on a Xilinx FPGA. 


The architecture of Stallion is shown in Figure 2. It 
consists of six bi-directional dataports, two 8x4 meshes of 
interconnected functional units that include four hardware 
multipliers, and a crossbar that connects these 
components. The functional units are programmed to 
process data while the crossbar aids in routing data 
through Stallion. 


The essence of wormhole run-time reconfiguration is that 
independent, self-steering streams of programming 
information and operand data interact within the 
architecture to perform the computational problem at 
hand. A self-steering stream propagates through the 
system, configuring the components, and the data follows 
the programming information. Multiple independent 
streams can wind their way through the chip 
simultaneously, thus allowing overlap of the 
configuration and processing operations, as well as partial 
reconfigurability. The Stallion also interfaces easily with 
other Stallion chips thus maintaining scalability in 
hardware. 


The concept of hardware paging is demonstrated as 
Stallion is configured into the following modes to 
implement the CDMA receiver: acquisition, FIR filtering, 
differential decoding, calculation of error, calculation of 
new weights, updating the weights, locating the position 
of the weights. 
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Figure 2: Architecture of Stallion 


The different bit streams needed to configure Stallion are 
stored in the configuration layer memory. The portion of 
the configuration memory that stores the Stallion 
configurations is shown in Figure 4. The SRI layer sends 
the information about the configurations to be loaded in 
the form of a table shown in Figure 5. The configuration 
layer would have to be supplied with such a table for each 
Stallion in the system. The table indicates the 
configuration to be run, the number of cycles, and the 
subsequent configuration to be run once the current run is 
completed. The SRI layer also has the ability to suspend 
the operation of the configuration layer and modify any of 
the entries in the system state table. 


Various parameters of the radio like the spreading code, 
filter length, adaptation coefficient for the LMS 
algorithm, and number of symbols used for acquisition 
are variable in the system. This information is passed on 
to the configuration layer in the form of embedded and 
non-embedded variables. Embedded variables (EV) are 
those variables that can be changed by altering one or 
more packets within the Stallion configuration bit stream. 
Non-embedded variables (NEV) like filter coefficients, 
on the other hand, enter the system through one of the 
data ports. The number of cycles the acquisition 
configuration is executed for determines the number of 
symbols used in acquisition. 


The SRI layer has in its memory the Stallion 
configuration codes along with the EVs and NEVs of 
each configuration. The number of cycles that each 
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Figure 3: Structure of the Single-User CDMA Receiver 
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Figure 4: Configuration Memory Structure 


configuration needs to execute for can either be fixed or 
variable depending on the outcome of the processed data. 
The SRI layer has this information stored in the system 
description. 


4 Conclusions 


In this paper, we have presented an architecture for the 
design of soft radios using reconfigurable hardware. The 
layered radio architecture is suited for advanced 
reconfigurable platforms that support fast run-time 
reconfiguration using stream based computing. Virginia 
Tech's Stallion is one such chip that can support the 
layered architecture in an efficient manner. Flexibility, of 
course, is gained at the cost of additional overhead in 
dealing with packetized information. The architecture 
can handle complex data processing with efficient 
resource allocation, while maintaining hardware 
reusability, flexibility, and scalability. 
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Abstract-— In this paper, a new type of wireless access network architecture using 5 GHz frequency band is proposed. In the 
proposed network, the several multi-level modulation methods such as QPSK, 16QAM and 256QAM are combined and applied 
to the access links in order to efficiently enlarge the system capacity with in the 5 GHz frequency band. The accommodation 


number of user terminals and the width of the service area are theoretically analyzed considering the antenna directivity and the 


reuse number of identical frequency. Some numerical results show that the proposed architecture can obtain about 240 terminals 


improvement in the accommodation of user terminals and about 20 % improvement in the radius of service area compared with 


conventional architecture where only QPSK method is used. 


1. Introduction 


Since the demands of multimedia communications such 
as the Internet have been increasing recently, it is neces- 
sary to provide broadband access links connected to the 
Internet for many users including home and office users. 
In order to realize the high-speed access links, the opti- 
cal fiber is thought as a hopeful candidate for the access 
link. However, in constructing the access network with 
optical fiber, it is hard due to huge time and cost invest- 
ment to start and to realize the Internet access services 
immediately([1](2]. 

On the other hand, broadband access networks us- 
ing radio such as FWA (Fixed Wireless Access)[3] and 
WLAN (Wireless LAN)[4] systems are noticed and intro- 
duced in Japan, which can quickly realize a high-speed 
Internet access system at low cost. 5 GHz frequency 
bands will be assigned for WLAN. The frequency bands 
are hardly influenced by the rainfall attenuation and the 
high-quality radio access links can be easily construct. 
And 5 GHz radio systems can be installed more quickly 
than other wireless access systems because it does not 
need the electric-wave license as long as the transmission 
power is suppressed low. However since many system- 
s such as ETC (Electronic Toll Collection) and weather 
radar system use the same frequency bands, it is difficult 
to expand the frequency bandwidth used in 5 GHz radio 
system and it is necessary to construct the system which 
can use efficiently the limited frequency bands. 


In this paper, a new type of wireless access network ar- 
chitecture using 5 GHz frequency bands is proposed. In 
the proposed network, the several multi-level modulation 
methods such as QPSK, 16QAM, and 256QAM are ap- 
plied to the access link in order to efficiently enlarge the 
system capacity in the 5 GHz frequency band. At first, 
this paper estimate the propagation distance limitation 
and the required transmission power of the access link 
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by use of the P-P (Point-to-Point) link model and show 
an appropriate application of multi-modulation methods 
to access links. In the next, we describe the proposed 
network architecture model, where the high-level modu- 
lation method is applied to short-distance links and the 
low-level modulation method is applied to long-distance 
links. And, we analyze the improvement effect on accom- 
modation number of user terminals (UT) and the width 
of service area of the proposed network where combined 
two kinds of modulation methods are applied to the wire- 
less access link. 


2. 5GHz wireless link design 
Link model 


It is assumed that the access link in the wireless access 
network is constructed as a P-P type line of sight (LOS) 
link for the purpose of high reliability and easy control. 
If the wireless links are not LOS links, the propagation 
characteristics of 5 GHz band electric wave become worse 
in the received level. Therefore, we suggest that the 5 
GHz band electric wave should be used in LOS wireless 
links. 

Figure 1 shows the link design model of P-P type LOS 
propagation. In this model, we apply the parabolic an- 
tenna to both transmitter and receiver. 

Then the relationship between the transmission power 
P, and received power P, is written as following equa- 
tions. 


2.1. 


P=P,-G:-G,+lL(r) [dB], (1) 
where r is the propagation distance, and G; and G, are 
the antenna gain of transmitter and receiver, respectively, 
and given by([5] 

272 


D 
Gi = G, — 10 logio (“>-1) [dB], (2) 
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Parabolic Antenna 
(Receiver) 


Parabolic Antenna 
(Transmitter) 


Point-to-Point (P-P) link 
Gt ro Gr 
Pt —_—_—__————_ Pr 
5GHz 
QPSK 
16QAM 
256QAM 


Propagation Distance r 


Figure 1: Link design model of P-P type LOS propaga- 
tion 


where D, \ and 7 are diameter of antenna, wave length 
and illumination efficiency factor, respectively. 

Letting N and [ be the noise power and the required 
CNR (Carrier to Noise power Ratio), respectively, the 
required received power FP, is written by 

P.=N+7=k-T Bin F + (m) (dB). (3) 
where k, T, B and F are Boltzmann constant, absolute 
temperature, bandwidth of receiver and noise figure, re- 
spectively. The bandwidth B becomes small and the re- 
quired CNR IT becomes large as the modulation-level n 
becomes high. 


2.2. Propagation distance analysis 


diameter of antenna = 30 cm} 
' 


16QAM 
64QAM 
256QAM 


Transmission Power [dBm] 


A) 5 10 15 20 
Propagation Distance [km] 


Figure 2: The estimated transmission power versus the 
propagation distance 


Figure 2 shows the estimated transmission power of 
four kinds of multi-level modulation methods (QPSK, 
16QAM, 64QAM, 256QAM) versus the propagation dis- 
tance. In this figure, the required CNR of each modula- 
tion method is estimated to obtain the BER (Bit Error 
Rate) of 1071°, and the transmission capacity for one 
subscriber is 1.5 Mbps. From this figure we can see that 
the propagation distance limitation of QPSK, 16QAM 
and 256QAM are about 2.4, 1.2 and 0.6 km, respectively, 
when the transmission power is -20 dBm. 


3. Proposal of new network ar- 
chitecture 


3.1. Network model 


Imax (3) max (2) Imax (1) 


P-P type LOS link 


< > QPSK C2>16QAM Bee 2560AM 


Figure 3: The proposed radio access network architecture 


Figure 3 shows the proposed network architecture for 5 
GHz band wireless access with combination of several 
kinds of multi-level modulation methods. In this net- 
work, P-P type wireless links are constructed between 
the UT (User Terminal) and the CS (Central Station) 
connected to the backbone network. In this network 
architecture, the high-level modulation method such as 
256QAM which has high frequency utilization efficiency 
is applied to short-distance links and the low-level mod- 
ulation method such as 16QAM and QPSK is applied 
to long-distance links considering the propagation char- 
acteristics of each modulation method shown in Figure 
zZ 

In this paper, it is assumed that two kinds of modula- 
tion methods are applied to access links in the proposed 
network. Table 1 shows six combination types of two 
kinds of modulation methods. As shown in Table 1, the 
higher modulation level are utilized on the links near by 
CS and the lower modulation level are utilized on the 
links far from CS. 


Table 1: The combination types of modulation methods 


In this proposed network, in order to efficiently use 5 
GHz frequency bandwidth, the identical frequency band 
is reused in other sectored area as shown in Figure 3. 
The reuse number within the defined frequency band is 
depend on the antenna directivity and must be designed 
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as the level of interference wave from other sectored area 
does not influence the required communication quality. 


3.2. 


Letting 7 denote the reuse number of identical frequency, 
the maximum reuse number imaz(n) in case of using the 
modulation method whose modulation level is n (n=1: 
QPSK, n=2: 16QAM, n=3: 256QAM) is given by fol- 
lowing equation. : 


imas(n) = max fi: (Ho>)Gnyzriyh,  () 


where C/(N+I) is the carrier to noise plus interference 
power ratio and written by 


(s) oe (Se) * (Sa) ") (5) 


In this paper, to satisfy that C/(N+I) is more than 
the required level '(n) as shown in (4), C/N and C/I are 
designed as shown in following equations. 


Network design 


(n)22-T(n) (i) 2 2-P(n) (6) 
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From the equation (1) and (6), the maximum radius of 
service area Tmax (n) can be derived. 

When the reuse number of the frequency is 7, the min- 
imum angle between a desired link and an interference 
link @(i) is given by 27/7. Assuming that the each trans- 
mission power at the CS to all access links (down-link) 
is same and that there are interferences from other links 
within the angle range of 7/2 radian to the desire link, 
C/I in equation (6) is given by 


C@=—OO— (0:-F<aie<t), 


where «x is integer and G(@) is the antenna directivity. 
In the case of using an parabolic antenna, the antenna 
directivity is given by 


G(6) = oars | (8) 


where J;(-) is 1-order Bessel function[6]. 
From the equation (7), the maximum reuse number of 


radio channels than the low-modulation-level method in 
the W. It is also assumed that the UTs are distributed 
uniformly over the service area. Then, the number of 
UTs in the area whose radius is from a to b is given by 
d- f. 2nrdr = 1(b? — a*)d, where d is the density of UTs. 


3.3.1. Application of single method 


When the only one modulation method is used in the 
access network, the number of radio channels in a sec- 
tored area is W/B(n). Therefore, the maximum ac- 
commodation UT numbers all over the service area is 
W/B(n) X imaz(n). Letting N be the accommodation 
UT numbers in the case of using the modulation method 
whose level is n, Nur is given by following equations. 


Nut = ; 
Bin) imas (n) Tien (n)d 2 B(ny mae (1) 


Then the maximum radius of the service area, R is 
given by 


Tt Tmax (M) ue (n)d< Bin) imaz (n)) 
eee (fener (n)d > Bin) Imax (n)) 
(10) 


3.3.2. Application of combined methods 


In this paper, we consider the combination of two kinds of 
modulation level, n; and nz (n,; > nz). If the bandwidth 
W is large enough to accommodate all UTs in the cover- 
age within rmaz(n1), the modulation level of n2 is used 
in the area which is rmaz(mi) or more distant from CS. 
Then the area using the modulation level of n; require 
the bandwidth W'(n,) which is given by 


B(n1)"Tmax(™)d 


tae (nz) 


Win) = (11) 


and the area using the modulation level of nz can use the 
rest of bandwidth W — W'(nj). 

Therefore, the accommodation UT numbers in the case 
of using the combination of modulation methods whose 
level are n; and nz is given by following equations. 


identical frequency which can satisfy the equation (6) can TT, ae (M1 )d 
be derived. Tmaz (2) imae(N2) 
+ min a | 2urdr, Armee — W'(n,)) 
3.3. Theoretical analysis of maximumac- ‘Nur = ree) ; ; Saas 
commodation UT numbers (nr?,.2(m)d < Bom) imae(11) 
Ww e € Ww ° 
In this paper, it is assumed that the radio bandwidth W B(niy imax (m1) (ats er (ni)d > atszimaz(n1)) 


is available. The high-modulation-level method has more (12) 
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Then the maximum radius of the service area is given 
by 


(W —W'(n1))tmaz(n2) 
B(n2)nd 


pee (n1) eT 


R= (nr?,.2(m)d < Birrimee()) 
Wrest) (rr? (m)d > Be sts met) 
i133 
3.4. Numerical results 


Table 2 shows the system parameter used in following cal- 
culations. Under conditions shown in Table 2, each max- 


Table 2: Parameter used in calculations 


[Available bandwidth W [100 MHz | 
“Transmission power Pr | -20 dBm] 
Required BER 


imum radius of service area and each maximum reuse 
number of identical frequency are as follows; rmaz(1), 
Tmax(2) and Tmax (3) are 2.0, 1.0 and 0.5 [km], respective- 
ly, and 7(1), 7(2) and i(3) are 11, 5 and 4, respectively. 
Figure 4 shows the accommodation number of UTs N 


1400 
1200 


1000 


--- Type2 
YDS <3 
——Type 4 


——Type 5 
200 | voeenliypoe 
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The accommodation number of UTs Nut 
fo)) 
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Figure 4: The accommodation number of UTs versus the 
density of UTs 


versus the density of UTs d. From this figure, we can see 
that one of the application of combined methods, type6, 
can accommodate the large number of UTs at any den- 
sity of UTs and has best performance of all considering 
types. In the case that d = 10° [terminals/km?], type6 
can accommodate about 240 or more UTs than typel and 
about 400 or more UTs than type3, respectively. 

Figure 5 shows the maximum radius R versus the densi- 
ty of UTs d. From this figure, we can see that the service 


-=-- Type2 
== Typed 
—— Type 4 


——=Type 5 
oo Type 6 


The radius of service area R [m] 


) 500 1000 1500 
The density of UTs_ d [terminals/km2] 


Figure 5: The maximum radius of service area versus the 
density of UTs 


area of type6 is the largest of all types. In the case that d 
= 10° [terminals/km?], the radius of type6 is about 620 
{m], on the other hands, the radius of typel and type3 
are 520 and 500 [m], respectively. 


4. Conclusions 


This paper proposed the new type of wireless ac- 
cess network architecture which combined several multi- 
level modulation methods such as QPSK, 16QAM and 
256QAM using 5 GHz frequency band. This paper the- 
oretically analyzed the accommodation number of UTs 
and the width of service area of the proposed architec- 
ture which applied two kinds of modulation method to 
the wireless link. 

Some numerical results show that the proposed archi- 
tecture can obtain 240 terminals improvement in the ac- 
commodation of user terminals and 20 % improvement 
in the radius of service area compared with conventional 


architecture where only QPSK method is used. 

In the future, we will analyze the improvement effect of 
proposed architecture under the assumption that UTs are 
distributed according to non-uniform (e. g. exponentially) 
distribution function. 
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Abstract: Proposed new cellular system concept 
based on multiple antennas at the mobile stations 
and base station. System is essentially a multi- 
user multiple input multiple output system (MU- 
MIMO). Real time video is the primary potential 
application of the system. Amount of antenna 
elements at the base stations is larger than at the 
mobiles and they could be grouped into multiple 
arrays. Multi -array approach could be further 
extended to fixed wireless networks. Novel 
concept of MIMO path beamformer exploits 
specular multipath to allow communication 
between two mobiles with antenna arrays. 
Proposed system is able to provide spectrum 
efficient high bit rate asymmetrical traffic. It 
could be easily integrated with space-time 
coding and different transmit diversity 
techniques. System configuration and algorithms 
have to be optimized for different environments 
such as urban macrocellular, microcellular, 
suburban and rural to provide high capacity and 
spectrum efficiency. Simulation results for urban 
microcell are presented. 


1. INTRODUCTION 


Future wireless radio networks suppose to 
carry very high bit rate data traffic to support 
advanced services that could include real time 
video applications. Many advanced applications 
will require download large amount of 
information during short time intervals when 
mobile terminal moves via areas with limited 
coverage. Traffic will be mainly asymmetrical 
and larger amount of information will be 
transmitted at the downlink. Besides the ability 
to support high bit rate transmission, future radio 
networks have to be spectrum efficient and 
provide high capacity and coverage. One of the 
most promising technique to achieve these goals 
is spatial domain processing. Proposed system 
architecture extensively exploits spatial domain 
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to achieve high bit rate transmission, capacity 

and spectrum efficiency simultaneously. 

Multi-array transmit antennas at the base stations 
could provide parallel data transmission, beamforming 
and transmit diversity. Proposed network supports 
mobiles equipped with multi-element antennas and 
mobiles with single element antennas at the same time. 
Path beamfoming technique allows a high bit rate 
communication between terminals equipped with 
single antenna arrays. 

Several multi-array system architectures 
were proposed. Proposals related to the 
combination of space-time coding and array 
processing is among them. Novel multilayered 
space-time architecture based of adaptive arrays 
at the receiver and multiple antennas at the 
transmitter was introduced in [1]. Combination 
of parallel multi-element transmission with 
coding techniques was presented in [2,5]. Path 
coding technique can be found in [3]. Proposed 
in [4] multiple arrays at the transmitter provide 
diversity and co-channel interference reduction 
at the downlink in multi-user scenario when 
mobiles are equipped with only single element 
antennas. 

Our proposal exploits multi-array at the 
base station and multi-element antenna at the 
mobiles simultaneously to provide beside high 
bit rate data transmission, improved spectrum 
efficiency, coverage and network capacity. 

This work present an initial idea of MU- 
MIMO cellular system that will require further 
studies further and might be integrated into 
wireless networks in the future. 


2. SYTEM ARCHITECHTURE 


Proposed system architecture consists 
of several antenna arrays at the base station and 
multiple antennas at the mobiles (Fig. 1). 
Multiple antenna arrays provides downlink 
beamforming that increases system capacity in 
terms of mobile terminals supported. Multiple 


antennas at mobiles provide high bit rate 
transmission since high bit rate data stream at the 
base station suppose to be split into parallel sub- 
streams and transmit separately by M different 
arrays with K antenna elements (Fig.1). Spatial 
channel decorrelation at the mobiles between 
transmitted sub-streams might be achieved as a 
result of multipath propagation or because of 
difference in the sub-stream’s angles of arrivals 
(AOA) due to the large transmit inter-array 
spacing at the base station. Mobiles equipped 
with multiple antennas spatially separate and 
demodulate signals of the every sub-stream to 
reconstruct the initial high bit rate flow. 

In certain propagation environments instead 
of several arrays a single array receiver- 
transmitter at base station and mobile might 
represent a MIMO system where different 
separated paths are employed as parallel 
transmission channels, to increase diversity, to 
reduce co-channel interference and for spatial- 
temporal equalization. 

Array or path dedicated space-time coding 
could be easily incorporated in the system. 

In fixed wireless networks the multiple arrays 
could be installed at the transmitter and the 
receiver side simultaneously to improve further 
capacity and coverage. They also might be 
combined with spatial division duplexing. 


Fig.1. MU-MIMO system architecture 


Several channel reuse strategies could be 
adopted in the narrowband version of the system 
with fixed medium access (MAC) strategy. 

One approach is try to reuse channels 
(spatially multiplexed and non-spatially 
multiplexed) within cell and between the cells as 
much as possible to achieve high system 
spectrum efficiency. In the locations where 
propagation conditions or pathloss would not 
allow establishing spatially multiplexed parallel 
channels for the mobiles with multiple antennas 
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the transmission rate will be reduced. Some 
improvements in data rate could be still achieved 
in systems that exploit link adaptation techniques 
since smart antennas at the mobile will be able to 
achieve higher SINR with single channel 
beamforming. 

It is possible to obtain more stable high bit 
rate transmission that will be less dependent on 
variation in the propagation environment if some 
mobiles with the multiple antennas will be able 
to support transmission on parallel non-spatially 
multiplexed channels. The high bit rate 
transmission will be not interrupted in the 
propagation environments where spatially 
multiplexing could not be established since the 
new non-spatially multiplexed channels will be 
added. Tighter channel reuse on the added 
channel within network will be possible due to 
the spatial interference cancellation at the 
mobiles with multiple antennas and base 
stations, but this technique will require more 
complex channel allocation algorithms. 


2. MULTIUSER MIMO SYTEM CAPACITY 
AND SPECTRUM EFFICIENCY 


Capacity of single user MIMO system with M 
transmit antennas and N receive antennas [6,7] 
can be represented as 
C=log, (det{/,, +(p/M)HH'}) — (1) 

where H is normalized channel matrix M*N, I,p 
is N*N identity matrix andp is average received 
SNR . With M=N=n transmit diversity capacity 
is maximum when 
1 n= aie (2) 
and increases linearly with n as C; =n log,(1+p). 

Practically, that means that we need to sent 
out independent signals and separate them 
without interference at the mobile. Capacity will 
be n times larger than the capacity of single input 
single output system with the same total 
transmitted power and bandwidth. Conditions of 
(2) could be achieved with spatial filtering if 
MIMO receive and transmit antennas are placed 
in propagation environment with uncorrelated 
multipath or if transmit antennas are separated 
far enough to achieve sufficient spatial 
decorrelation at the receiver between transmitted 
signals. 

We can replace HH’ by its eigenvalue 
decomposition with diagonal matrix of 
eigenvalues in descending order A=diag[A),...An] 


and their corresponding unit-norm eigenvectors 
U=[U,...U,]. 

The antenna weights vectors corresponding to 
the largest eigenvalue will provide the largest 
diversity gain. Maximum gain approach could be 
useful in scenarios with low. SNR to provide 
coverage. It this situation capacity will be also 
maximized. However, when there is a sufficient 
transmit power it is advantageous to use n 
separate eigenvalues as parallel channels to 
increase spectrum efficiency. 

To achieve maximum capacity the power 
allocation should be based on the “water filling” 
concept when sub-channels are filled up to a 
common level F taking into consideration 

F=—+PR=—+P 3) 

1 A; 

normalized noise power 1/A and total transmit 
power constraint XP; =P,,,, . Channel with the 
highest gain will receive the largest share of 
power. This approach is different from the 
traditional power control. The capacity formula 
could be written as 


oe » log, (A,F’) 


Signals that arrive at the receiver with the same 
AOA and strongly attenuated channels could 
result in small eigenvalues of sub-channels and 
should be excluded to avoid waste of power. 

Each MIMO transmit sub-channel equipped 
with antenna array with K elements will provide 
gain of K and will increase eigenvalues A,, It 
will: 

- improve capacity due to higher SNR per 
sub-channel 
- reduce transmit power 
- improve spectrum efficiency due the to 
larger number of sub-channels 
- increase coverage 
In multi-user scenario to allow allocation of 
multiple MIMO in one cell or to reduce channel 
reuse between users within cluster some form of 
transmit beamformer is used at the sub-channel 
transmitter. 

Instead of spending all K degrees of 
freedom to achieve antenna gain, transmit 
beamformer provide null steering toward K-/ 
directions of arrival of interference or cancel K-/ 
interfering signals to allow allocation of several 
MIMO users in a single cell. 

The first approach will require estimation of 
angles of arrival, the second approach will 
require channel estimation based techniques. It is 
important to note that interference nulling could 
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increase transmit power and may give rise to 
interference level in the neighboring cells. 

Different transmit beamforming techniques 
require different level of knowledge about 
desired and interfering channels. The more 
detailed knowledge is used at the transmitter- 
receiver the more optimal performance could be 
achieved at expense of computational and 
hardware cost together with higher sensitivity to 
temporal-spatial channel variations and channel 
estimation errors. Sub-optimum AOA based 
techniques are less sensitive to channel variation 
but their performance degrade in multipath 
environment. 

Simplified example of MU MIMO system 
for urban microcell presented in the Fig.2. to 
illustrate one of the possible practical 
realizations of the proposed system concept. 
Multiple transmit M circular arrays each with K 
element could be placed over the center of the 
crossroads one above each other with 7- 10 
wavelength spacing between arrays or 
alternatively installed at the corners of the 
buildings (M@=4). Base stations in the 
neighboring cells are equipped with the similar 
multiple arrays. 

If only one MIMO user is allocated in the 
street canyon, the simple beamsteering with 
conventional beamformer that is pointed toward 
region of scatters will maximize SINR at every 
mobile. In this situation the conventional 
beamformimg will provide near optimal 
separation between the users and gain due to the 
natural screening of interference by the 
building’s wall and spatially bounded non- 
overlapping scattering areas. 

Capacity of each group of parallel 
channels will increase linearly with M=N and 
logarithmically with K. Users allocated between 
the base stations could obtain higher capacity if 
they will be connected to the two neighboring 
base stations simultaneously. MIMO user 
moving toward periphery of the cell and 
approaching transmits power limit will have to 
switch from parallel transmission mode to the 
single channel beamforming. More considerable 
improvements in spectrum efficiency with 
increased number of K could be achieved for 
remote locations and inside buildings due to the 
higher probability of small egienvalues of 
channel matrix. 

Four-fold spectrum efficiency 
improvement due to the possibility of multiple 
MIMO allocation users within cell could be 
achieved in the presented scenario. At least K= 4 


or 8 antenna elements at arrays will be required 
to support four MIMO users within single cell. 


Fig.3. MUMIMO system with downlink 
beamforming at the base station 


Instead of co-channel interference elimination 
with directional transmit beamforming based on 
nulling of K-/ directions of interference, it is 
possible to cancel K-/ interfering signals without 
restrictive assumptions about spatial structure of 
propagation environment and users location. 
This type of beamformer works well in the rich 
multipath environment, but performance will be 
very sensitive to channel variation. 

Spectrum efficiency improvement with 
multi-user transmit beamforming will be 
proportional to K elements. 


MIMO TRANSMITTER-RECEIVER 
CONCEPT BASED ON PATH 
BEAMFORMING 


To implement MIMO system with small 
physical size and/or to obtain additional diversity 
gain in conventional MIMO system, it could be 
advantageous to use distinguishable components 
of specular multipath for parallel transmission. 
This approach could be practical for base station 
design with limited available space for antenna 
installation and for communication between 
MIMO mobiles. It could be, perhaps, practical 
and reasonable to create artificially such kind of 
propagation environments at relatively low cost 
by placing reflectors at the places where high 
traffic will be expected. 

Different path diversity schemes 
combined with spatial-temporal equalization 
techniques [8,9] were extensively studied before. 
However, this approach based on parallel 
transmission of several information sub-streams 
through multipath components instead of 
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combining spatially separated paths together. A 
proposed technique is essentially a MIMO 
system, where number of achievable parallel 
sub-channels is constantly changing according to 
variation in propagation and interference 
environment. This technique could be more 
relevant for bursty, symmetric traffic in 
cells/areas with high SNR. Another application 
is fixed wireless network with receiver and 
transmitter installed in specular multipath 
environment. 

Proposed receiver-transmitter architecture 
requires separation of multipath components at 
the both sides: at the receiver and at the 
transmitter (Fig.3). Every sub-channel of the 
receiver equipped with spatial filter to cancel 
interference coming from other sub-channels. 
Transmit spatial filter cancel interference 
transmitted toward other sub-channels. Channel 
estimation obtained at the receivers is used to 
adjust weights of spatial filters of the 
transmitters. Equalization implemented at the 
receiver. Transmitter provides only spatial 
domain processing. 

Important step for spatial filtering is 
multipath estimation. Two techniques could 
applicable be for estimation and tracking 
multipath components: 

- AOA based beamforming algorithms and 

- full channel identification algorithms 

AOA beamforming algorithms require array 
calibration and their performance degrade in 
correlated multipath. To obtain and match spatial 
and temporal multipath components at the 
receiver joint angle of arrival and delay 
estimation (JADE) algorithm [10] could be used. 
The are several advantages of these suboptimum 
algorithms: applicability for scenarios with high 
mobility rate and for systems with frequency 
division duplexing. Amount of resolvable paths 
could be more than antenna elements and upper 
bounded by NC-/ paths where N- is the amount 
of the antenna elements and C — is the channel 
length. 

Full channel identification approach does 
not rely on geometrical properties but on time 
domain transfer matrix of multipath components. 
This type of algorithms could be easily 
combined with time domain equalization. Full 
channel estimation algorithms could use training 
signal or/and blind techniques. Channel 
estimation based algorithms are mostly 
applicable in the scenarios with low mobility 
rate. 
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Fig. 3. MIMO system based on path 
beamforming 


There are several techniques proposed for the 
implementation of training signal based 
mupltpath estimation algorithms in practice. In 
[9] sliding correlator is used to estimate delayed 
training sequences. Obtained estimate further 
applied for adaptation of spatial filters to obtain 
spatial domain path diversity. Iterative approach 
to define weights of spatial filter for path-based 
MIMO transmitter-receiver system is presented 
in [11]. Set of orthogonal training sequences 
simultaneously transmitted at both directions 
between users provides references for iterative 
weight adaptation for the each sub-channel. 
Algorithm uses multiple retransmission in both 
directions to obtain optimum transmit-receive 
weights of spatial filters with MMSE method. 
Multiple antenna arrays could be also 
installed at the wireless connection points of 
fixed wireless network. For line of site 
propagation capacity will increase linearly 
proportionally to M*N. In suitable propagation 
conditions the path beamforming theoretically 
could improve capacity further proportionally to 
K or will provide additional path diversity gain. 


MU-MIMO RADIO NETWORK DESIGN AND 
PLANNING 


Various cellular scenarios will require 
different approaches in MU-MIMO network 
design and planning (Table 1). 

In indoor environment with highly 
uncorrelated multipath the number of transmit 
antennas elements at base station should be 
multiplied by expected number of users to allow 
additional MIMO users into network. At the 
same time to cancel interference from other 
MIMO transmit channels amount of antennas at 
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the mobiles has to be increased in the same 
proportion. This is obviously impractical 
approach. 

In microcellular environment with some 
level of spatial correlation the installation of 
multiple arrays will improve cell capacity. 
Proposed path based beamforming could be used 
in specular multipath. To achieve efficient 
interference cancellation at the downlink a 
beamforming based on channel estimation have 
to be installed. This will put constrains on users 
mobility and will complicate the integration with 
frequency division duplexing systems. 

Antennas installed over the rooftops could 
provide very spectrum efficient directional 
channel reuse in macrocells due to high spatial 
correlation at the base station arrays. Directional 
beamformers could illuminate multiple elliptical 
scattering areas around mobiles over the street 
canyons and separate them. To achieve spatial 
decorrelation at the MIMO mobiles between 
signals coming from M transmit arrays they have 
to be spaced at relatively large distances from 
each other. With high resolution of the 
transmitter array and relatively wide area of 
scatter it, perhaps, will be possible to achieve 
sub-channels signal decorrelation at the mobiles 
with relatively short distances between arrays or 
even single array. This approach merge MU 
MIMO concepts with multi-transmit arrays and 
path beamformimg technique. However, to be 
proven, this technique require further studies and 
MIMO channel measurements. 

In suburban areas one could expect high 
spatial channel correlation at the transmitter and 
the receiver sides due to low multipath. 
Accordingly, a large transmit inter arrays spacing 
will be required to separate sub-channels at the 
mobiles. Remote scatters could provide specular 
and well distinguishable multipath with large 
delay spread that could be exploit by path 
beamforming and equalization. 

Large inter-array spacing will be required in 
rural areas. Directional beamforming perhaps 
have to be implemented not only at the base 
stations but also at the mobiles. It will be 
advantageous to use different base stations as 
parallel MIMO transmitters. Coverage aspects of 
MIMO design are more important in this 
situation. 

Independent sub-streams retransmission 
between mobiles with multiple antennas within 
common coverage area could also provide 
needed spatial decorrelation. To be implement 
this idea require design of multihop 
retransmission protocols. 
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MU-MIMO SYSTEM SIMULATION 


Simulation tool “NetSim” [ ] is used to simulate 
MU-MIMO system. This tool allows to simulate 
radio network control protocols and uses 
deterministic raylaunching program for radio 
channel modeling (Fig. 4). Simulated system 
parameters could be found in Table.2. Results 
presented in Fig. 5- 7, provide information about 
achievable capacity with different receive and 
transmit beamforming algorithms for different 
locations, numbers of users and base station 
antennas. 


Fig. 4. Electronic map of the simulated 
MU-MIMO system 
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different environments (aownlin 


CONCLUSION 


- proposed novel wireless system concept and 
given an idea about expected performance of 
MU-MIMO cellular wireless network 
- with appropriate network planning and minor 
modification required, MU-MIMO systems 
could be integrated into cellular network to 
provide high bit rate asymmetrical traffic and 
improve spectrum efficiency. 
- presented path-based MIMO receiver — 
transmitter concept that exploit specular 
multipath propagation environment. 
- we emphasize that such kind of specular 
propagation environment could be created 
artificially 
- MIMO channel measurements in urban 
macrocellular environment are required to obtain 
better understanding of MU-MIMO system 
capacity and network planning 

Future work will be focused on: 
- signal processing and channel identification 
algorithms 
- capacity study/optimization of MU-MIMO 
system in different propagation environments 
- integration with coding and transmit diversity 
techniques 
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Table.2. System parameters of the simulated 
MU-MIMO network. 
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A Code Tracking Technique for Direct 
Sequence Spread Spectrum Using 
Adaptive Filtering 
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Abstract 


Synchronizing a direct sequence spread spectrum (DS-SS) system involves determining code timing in a two step procedure, 
acquisition of symbol timing and tracking the code timing. This paper deals with tracking issues and assumes successful initial 
acquisition. Tracking is necessary because code timing is not constant, due to varying channel delays and clock imperfections 
at the transmitter and receiver. Most tracking schemes employ matched filtering based delay-locked-loops (DLL)s. However, 
matched filter based DLLs are susceptible to multiple access interference (MAI). For the specific needs of an adaptive demodu- 
lation also know as a linear single-user multiple access (LSUMA) a new tracking scheme is introduced and it’s performance is 
demonstrated for handling multiple access interference. The new tracking scheme does not require the use of a pilot channel 
or training symbols. 
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This property is especially useful for the proposed 
tracking algorithm, called the selftacking adaptive fil- 
ter. There the filter weights are adapted not only to 
perform the above mentioned tasks but also to track 
changing channel delays or missamplings due to clock 
imperfections. 


I. INTRODUCTION 


Synchro- 
nization 


II. APPLICATION OF ADAPTIVE FILTERING TO 
TRACKING 


The basic task of synchronization can be described 
using Figure 2. The received data is processed by the 
adaptive filter—which performs despreading, multi- 
path combining, and interference rejection—and then 


Fig. 1. 


Generic Adaptive Filter Receiver 


Single-user receivers are used when knowledge of 
the spreading codes of interfering users is not avail- 
able, such knowledge is not desirable for security rea- 
sons, or complexity of the receiver has to be min- 
imized. Figure 1 shows a generic adaptive filter re- 
ceiver. The weight update algorithm adapts the filter 
weights in a manner that the signal is despread, MAI 
is suppressed, and channel distortion is equalized. 
Adaptive filter receivers work more efficiently when 
designed as a fractionally-spaced adaptive filter re- 
ceiver {1]. In a fractionally-spaced equalizer each chip 
is sampled multiple times and multiple filter weights 
are used per chip. 
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sampled and processed further at the symbol rate. 
When the sampling clock is running freely, as in 
our particular application, it is necessary to delay the 
filtered signal by a certain time to ensure that the fil- 
tered signal is sampled at the correct time. In [2], [3] 


adaptive : 
r(k) cuteltios 22 adjustable > d(k) 
despreader delay | 
Tg 


Fig. 2. Two Filter Approach 


the authors show for an ultrasonic application that 
an adaptive filter using the LMS update algorithm is 
capable of delaying a signal by a certain time to align 
it in phase with a desired signal. This indicates that 
it should be possible to merge the two filters into one 
filter that can perform the functions of both filters. 
Intuitively, we might imagine that the filter should 
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have the combined length of both filters, but the filter 
has to be only slightly longer than the despreading fil- 
ter. Since missamplings and code Doppler generally 
only cause a chip sample to have one sample more or 
less than actually required, the position of the sym- 
bol within the received data stream will only shift by 
one sample. A filter with just two more taps is there- 
for sufficient. In order to track such changes the filter 
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Fig. 3. Behaviour of MSE after Missampling at Symbol 100 in 
AWGN Channel with SNR = 10dB, 4 Asynchronuos Users 
of Equal Received Power, DBPSK, Spreading Gain=15, 4 
Samples/Chip 


must adapt to the new delay fast enough to keep up 
with the frequent changes and should adapt to the 
new delay before the change occurs. To evaluate the 
performance of the new tracking algorithm, a plot of 
the MSE after a missamling is shown in Figure 3. It 
shows that the filter output returns to the original 
level within approximately 120 symbols. Note that 
the MSE is averaged over 64 symbols, which accounts 
for the gradual change. The square error behaves so 
erratically, however, that it does not give much in- 
sight into the development of the error. Note that 
this scheme can only work if the filter output after 
a missampling still allows for a reliable decision over 
the received symbol. This can be achieved by over- 
sampling the chip so that a missampling only leads to 
an initial tracking error of a small fraction of a chip. 
For a receiver employing a fractionally spaced equal- 
izer, the oversampling does not increase the compu- 
tational complexity. All simulations were performed 
for a fractional spacing factor F = 4, which proved 
to give satisfactory tracking performance. Due to the 
rapidly increasing computational complexity, higher 
spacing factors were not considered. 

Figure 4 illustrates the behavior of the filter weights 
while tracking. The filter weights would fall off the 
edge of the filter if the filter weights tend to drift 
in one direction. To avoid this, the position of the 
weights must be monitored and when an edge prob- 
lem is detected, the filter weights must be shifted 
arbitrarily to the other end of the filter (Figure 5). 
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Fig. 4. Movement of Filter Weights During Tracking 
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Fig. 5. Arbitrary Weight Shifting to Prevent Edge Problems 


Ill. SIMULATION RESULTS 


Bit Error Rate (BER) Simulations were run in or- 
der to investigate the performance of the proposed 
tracking scheme. All simulations used 1 Mcps/s, Gold 
codes with a spreading gain of 15 and 4 samples/chip. 
For the simulation of the fading channel the channel 
model vehicular A of the IMT-2000 standard [4] was 
used. 


A. Performance in AWGN Channel 
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Fig. 6. BER vs. SNR for AWGN Channel 


Figure 6 shows a comparison of BER performance 
for different tracking algorithms for one user in the 
AWGN channel. The new tracking technique is com- 
pared to the optimum, the matched filter (MF) re- 
ceiver with perfect synchronization. For comparison, 
the BERs for a conventional loop scheme employing 
a dot-product timing error detector (DOT TED) [5] 
with two different loop bandwidths are given too. 
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Fig. 7. MSE vs. Symbols for a too low Adaptation Coefficient 


As seen, the two selftracking schemes fail catas- 
trophically at SNRs lower than 6 dB. This is due to 
frequent decision errors causing the receiver to adapt 
in the wrong direction, which in turn leads to diverg- 
ing filter weights. 

The performance of the selftracking technique us- 
ing an adaptation coefficient py of 0.1 still does not 
improve significantly at higher SNRs. This is ex- 
plained by the fact that the adaptation time after a 
missampling is so long that another missampling oc- 
curs before the algorithm can fully recover from the 
preceding missampling, causing an increase in BER 
as shown in Figure 7. 

However, by using a higher value for pz, the self- 
tracking algorithm is able to adapt rapidly enough to 
keep up with the missamplings. For all simulations 
a clock accuracy of 25ppm was used. This is a typi- 
cal value for inexpensive quartz oscillators. At SNRs 
greater than 8dB, the selftracking filter outperforms 
the schemes using a DOT-loop slightly. 

A more important issue is the performance of the 
receiver in MAI conditions. Since the adaptive equal- 
izer was already shown to be resistant to the near- 
far problem [1], this property will not be investigated 
again and equal received signal power of all users will 
be assumed for simplicity. 

Figure 8 depicts the BER performance for a sys- 
tem with multiple users. As a reference, the BER 
for an adaptive receiver with perfect synchronization 
and tracked by a conventional DOT loop scheme are 
given. The performance of the selftracking adaptive 
equalizer comes very close to the optimum while the 
performance of the loop scheme is inferior for all lev- 
els of MAI. 


B. Performance in Fading Channel 


The performance of an adaptive receiver in a fad- 
ing channel tracked by various schemes is shown in 
Figure 9. None of the tracking schemes comes very 
close to ideal performance. Loop schemes as well as 
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Fig. 8. BER vs. Number of Users for AWGN Channel 


the selftracking scheme perform rather poorly in the 
presence of MAI. 

The reason for this lies in the nature of the fad- 
ing channel. Every time the desired user experiences 
a deep fade, the other users are not necessarily un- 
dergoing a deep fade as well, so the SIR as well as 
the SNR decrease to a level where the synchroniza- 
tion scheme has severe difficulties maintaining the 
correct timing. This leads to further decreased SIR, 
and hence in the performance and reliability of the 
decisions. As seen in Figure 10, a deep fade can have 
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Fig. 9. BER vs. Number of Users for Fading Channel 


a catastrophic influence on the adaptive receiver if it 
is in decision-directed mode as necessary for trans- 
mission of actual data. After the second deep fade at 
around symbol 1800, the BER soars to 0.5. Due to 
the frequent false decisions, the filter adapts in the 
wrong way and fails catastrophically, resulting in per- 
manent bit errors after a deep fade even in improved 
channel conditions after a deep fade. This proneness 
to failure can be reduced by avoiding weight updates 
based on faulty decisions. Hence a measure for the 
likelihood of a wrong decision must be found. One 
such measure is the square error of the symbol. When 
a high square error is calculated, it is very likely that 
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Fig. 10. Distribution of Bit Errors for Fading Channel 


the decision will be wrong. In this case, the adap- 
tation process can be suspended for that particular 
symbol. It is sufficient to evaluate the real part of 
the square error because the decision is based on the 
real part of the output of the complex demodulator. 

The results of this scheme using partially suspended 
adaptation is shown in Figure 11. The same chan- 
nel as the one in Figure 10 was used.The threshold 
at which adaptation is suspended, was determined in 
prior simulations. 
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Fig. 11. Distribution of Bit Errors for Fading Channel for 
Partially Suspended Adaptation 


Another, more computationally complex method 
to overcome the problems associated with catastrophic 
failures in fading channels can be found by using 
channel coding. As long as latency is not an issue the 
output of a channel decoder can provide the adapta- 
tion algorithm with relieble symbol estimates. Cod- 
ing schemes using interleaving are especially usefull 


in mitigating the effects of deep fades. 


IV. COMPUTATIONAL REQUIREMENTS 


The computational requirements of an algorithm 
are crucial for implementation on a certain hard- 
ware platform. The computational requirements of 
the new selftracking adaptive filter receiver can be 
divided into two parts. The number of taps of the 
adaptive filter is increased only slightly and there- 
fore does not add significantly to the computational 
requirements. However, the check for filter weights 
falling off the edges must be performed by a corre- 
lation over all filter weights. For usual clock accura- 
cies, though, the edge check needs to be performed 
only so infrequently that it does not add many op- 
erations per symbol either. Therefore the compu- 
tational requirements of the selftracking receiver do 
not increase significantly compared to a convention- 
ally tracked adaptive filter reciver. For more details 
please refer to [6]. 


V. CONCLUSIONS 


This paper presented a novel tracking scheme for 
DS-SS applications which does not require a pilot 
channel or synchronism among multiple users. The 
new scheme, developed and presented in Section II, 
treats the tracking process as an adaptive filtering 
task and merges the adaptive filters for despreading, 
equalization, and tracking into one selftracking adap- 
tive filter with a slightly increased number of filter 
taps. Simulations showed that this newly proposed 
scheme is superior over conventional delay-locked- 
loop-based schemes in asynchronous multiple access 
interference and performs equally well in AWGN and 
fading channels (Section III). 
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Abstract - This paper presents a method of efficiently 
incorporating frequency division duplex (FDD) and fre- 
quency division multiplezing (FDM) into MC-CDMA 
systems to exploit frequency diversity and reduce mul- 
tiple access interference (MAI). The approach in novel 
FDD/MC-CDMA is to break the total available band- 
width into subbands and interleave the subbands used 
for downlink and uplink. It is shown that this tech- 
nique significantly improves the performance relative 
to an MC-CDMA system employing a traditional FDD 
scheme where the spectrum is divided into a single up- 
link block and a single downlink block. Furthermore, 
FDM is introduced in the novel FDD scheme to reduce 
MAI in MC-CDMA (without any loss in the capacity 
of the overall system). 


1 Introduction 


The exploding use of CDMA (code division multiple 
access) [1] in wireless communications, and the grow- 
ing popularity of multi-carrier modulation [2], has led 
to the development of CDMA schemes employing or- 
thogonal multi-carrier modulation. In these schemes, 
known as MC-CDMA (multi-carrier code division mul- 
tiple access) [3], each chip of a spreading code is ap- 
plied to a separate information bearing carrier. At the 
receiver, the total transmitted signal is separated into 
its carrier components, and combined in an attempt to 
(1) offer frequency diversity benefits (by resolving the 
frequency selectivity of the multipath channel) and (2) 
eliminate MAI (multiple access interference). 

FDM (frequency division multiplexing) systems, on 
the other hand, completely avoid MAI by separating 
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user’s signals in frequency, but suffer severe perfor- 
mance degradation in fading channels. Efforts have 
been made to combine FDM with CDMA systems in 
[4] and [5]. However, to the best of the authors’ knowl- 
edge, no attempts have been made to apply FDM to 
a typical MC-CDMA system. 


Frequency Division Duplex (FDD) with CDMA has 
been approved for the Universal Mobile Telecommu- 
nications System (UMTS)|6]. In FDD, one frequency 
band is used for uplink and a neighboring band is used 
for downlink transmissions. 


In this paper, we first propose a novel method of 
utilizing the spectrum in an MC-CDMA system with 
FDD. Specifically, we explore the separation of up- 
link and downlink frequencies into multiple subbands 
that are non-contiguous. It is shown that dividing the 
available uplink and downlink spectrum into subbands 
that are spaced over the entire spectrum better ex- 
ploits the available diversity and provides significant 
performance benefit over MC-CDMA utilizing the tra- 
ditional FDD approach. 


Next we incorporate FDM into the novel FDD/MC- 
CDMA architecture. Here, rather than allowing all 
users to share all the carriers (typical of MC-CDMA) 
we support smaller numbers of users on small sub- 
sets of carriers. A number of small subsets used con- 
currently maintains the total capacity of the system. 
Different subsets are frequency division multiplexed 
(FDM’d) such that users of one subset do not inter- 
fere with users of another subset. This scheme not only 
performs better relative to the traditional FDD/MC- 
CDMA, it also offers the flexibility of providing differ- 
ent users with different QOS. 

Section 2 describes the traditional MC-CDMA sys- 
tem model - the transmitter, channel and receiver. 
Section 3 presents MC-CDMA with novel FDD and 
also explores the use of FDM in the novel FDD/MC- 


CDMA. Section 4 presents performance results. 


2 MC-CDMA 


Consider an MC-CDMA system employing a total of 
N carriers, supporting K active users, and deploying 
orthogonal Hadamard-Walsh(HW) codes (characteris- 
tic of the downlink). This MC-CDMA system can sup- 
port a maximum of K = N users. The transmitted 
signal output by the k’” user to send one bit corre- 
sponds to 


N 
sx (t) = }_ agcj, cos (2n fit) - p(t), (1) 
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where user k’s input data symbol, a,, is assumed to 
be binary antipodal, ci = +1 represents the it? chip 
of the k*” user’s spreading code, f; = fe +iAf where 
Af is carefully selected to ensure orthogonality among 
carriers and p(t) is defined to be a unit amplitude pulse 
that is non-zero in the interval of 0 to T; (Tj is the bit 
duration). The total transmitted signal considering all 
users is 


K N 
s(t) = S~ S— agej, cos (2 fit) - p(t). (2) 


k=1=) 


The channel model is frequency selective slow fad- 
ing. Frequency selectivity refers to the selectivity over 
the entire bandwidth of transmission, and not over 
each of the subcarrier transmissions. That is, 


Uipaa(ANeeasyv (3) 


where (Af), is the coherence bandwidth and BW is 
the total bandwidth of the multicarrier system [7]. In 
the case of MC-CDMA with FDD, the BW stands 
for the bandwidth available for downlink (or uplink) 
transmission. 

With N carriers residing over the entire bandwidth, 
BW, each carrier undergoes a flat fade, with the cor- 
relation between the i*” subcarrier fade and the j*” 
subcarrier fade characterized by [8] 
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where (f; — f;) indicates the frequency separation be- 
tween the i*” and the j‘” subcarriers. Generation of 
fades with correlation has been discussed in [9]. 


The received signal in the downlink is characterized 
by 


(4) 


Q4AKC;, Cos (2m fit + oi) p(t) +mi(t) (5) 
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where a; is the gain and ¢; the phase offset due to the 
channel fade on the i“ subcarrier, and 7; (t) represents 
AWGN (additive white gaussian noise). To simplify 
the analysis, exact phase synchronization is assumed. 

At the receiver for user k, r(t) is projected onto the 
orthonormal basis of the transmitted signal and multi- 
plied by the respective chips of the k*” user’s spreading 


code, outputting r = (r,T2,....,7~) where 
K 
7, = a;aR + Se QjA;C,C; + Nie (6) 
j=1,j#k 


Here, 7; is a Gaussian random variable with mean 0 
and variance N,/2. 

Next a suitable combining strategy is used to create 
a decision variable, D, which then enters a decision de- 
vice with output @,. Throughout this work, we employ 
minimum mean square error combining (MMSEC), as 
it has been shown to produce the best performances 
in MC-CDMA [9]. Employing MMSEC results in the 
decision variable D given by the linear sum 

N an 


D= 2 Rar + ND) 
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3 MC-CDMA with novel FDD 
and FDM 


Figure 1(a) shows the traditional method of employ- 
ing FDD in MC-CDMA. It is evident from the figure 
that the total bandwidth in this case is 2- BW, with 
equal bandwidth allocation for uplink and downlink. 
This implies that there is frequency diversity benefit 
unexploited by a division of the spectrum as shown in 
Figure 1(a). 

The novel FDD scheme proposed here employs mul- 
tiple subbands spread over the entire uplink/downlink 
bandwidth, 2. BW. Specifically, the frequency sub- 
bands for uplink and downlink are interleaved in a 
manner that creates enhanced diversity gains for both 
links. Figure 1(b) shows an example of implementing 
this novel FDD scheme in MC-CDMA with N = 32 
carriers when the channel offers 4-fold frequency diver- 
sity over the entire bandwidth, 2: BW. Here, the novel 
FDD uses four subbands with 8 carriers in each for the 
downlink (and uplink), distributed as shown in the 
Figure 1(b). This spacing between the subbands cre- 
ates the full 4-fold diversity gain for uplink/downlink, 
a gain that was limited to 2-fold diversity in the tra- 
ditional FDD scheme of Figure 1(a). 

In general, the proposed FDD/MC-CDMA scheme 
employs n subbands each containing p carriers in the 
downlink (and uplink), where n is chosen to satisfy 


(7) 


N=n-p,n€I,pé€lI, andn > L (where L is the 
order of diversity available over 2. BW). 


32 carriers for downlink 


32 carriers for uplink 


SS Se ce, 


BW (a) BW 


4 sets of 8 carriers used for downlink 


4 sets of 8 carriers used for uplink 
(b) 


User 1’s carrier set (downlink) 


(c) 


Figure 1: Frequency allocations in (a) Traditional 
MC-CDMA with FDD (b) Novel FDD/MC-CDMA (c) 
FDM/MC-CDMA with novel FDD 


We can also incorporate FDM into the MC-CDMA 
system with novel FDD. Here, fewer than N carriers 
are deployed per user. An illustration of this for user 
1 is shown in Figure 1(c). Here, a set of n < N equally 
spaced carriers, one per FDD subband, are selected as 
the MC-CDMaA carriers for k < n < N users. 


The n carriers used by each user make full use of 
the L-fold diversity, thereby combating fading. Each 
user (in one of the p n-carrier sets) experiences MAI 
only from a maximum of (n—1) other users of that set. 
This value is far smaller than the N — 1 user multiple 
access interference in standard MC-CDMA. 


In FDM/MC-CDMaA, for each set of n carriers, a 
lower dimension HW code suffices as the spreading 
code (since n < N). With frequency separation of 
n-carrier sets, identical codes are used in each of the p 
FDM’d sets. 


As more and more users enter the FDM/MC-CDMA 
system, frequency allocation can be performed sequen- 
tially in a manner that minimizes MAI. Alternatively, 
FDM/MC-CDMA enables allocation strategies which 
permit different QOS (quality of service) to different 
users. 
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4 Performance Results 


The downlink of an MC-CDMA system with N = 32 
carriers and employing the traditional FDD scheme 
was simulated using orthogonal HW codes and a slowly 
fading frequency selective channel. The channel sup- 
ports L = 4 fold diversity gain over the total up- 
link/downlink bandwidth, 2- BW, and hence only 
L = 2 fold diversity in the spectrum of concern for 
downlink MC-CDMA. In Figures 2 and 3, the dashed 
line represents the Bit Error Rate (BER) performance 
for this MC-CDMA system. 

When the novel FDD scheme is employed with n=4 
and p=8 (Figure 1(b)), the simulations show signifi- 
cant performance enhancements (the solid line in Fig- 
ures 2 and 3). It is observed that the MC-CDMA sys- 
tem employing novel FDD with 32 users has BER com- 
parable to that of MC-CDMA with traditional FDD 
supporting only 10 users. This is a direct consequence 
of increased frequency diversity benefit in the novel 
FDD system. 

The stepwise increasing curve in Figures 2 and 3 rep- 
resent the BER performance of the FDM/MC-CDMA 
with the novel FDD system. Figure 2 shows the BER 
performance assuming that the concerned user is in 
the carrier set that is last to receive an interfering user, 
and hence can be considered a “best case user”. The 
system can also be perceived with respect to an av- 
erage BER, the mean of the BERs of all the users. 
Figure 3 shows the average performance curve of the 
FDM/MC-CDMaA system with novel FDD. 

It is observed that the FDM/MC-CDMA system 
with 25 users demonstrates an average BER equal to 
that of a standard MC-CDMA system with only 11 
users. The best-case user in FDM/MC-CDMA main- 
tains a QOS (measured by BER) that does not increase 
until user 30 enters the system. 


5 Conclusions 


This paper introduces an efficient deployment of FDD 
and FDM in MC-CDMA to exploit diversity gains 
and reduce MAI. A novel FDD scheme is provided 
to better utilize the total available bandwidth. This 
scheme is shown to significantly improve the BER per- 
formance of the MC-CDMA system over that using the 
traditional FDD method. FDM principles were also 
overlaid in the novel FDD technique. This is done 
by using a smaller number of carriers per user and 
FDM-ing multiple carrier sets, thereby reducing the 
amount of MAI per user. Simulation results show no- 
table improvement in BER performance of FDM/MC- 
CDMA systems with novel FDD over MC-CDMaA sys- 


tems with traditional FDD. 


References 


Frequency selective Rayleigh Fading 


eS 
DMA with novel FDD 


[1] R.L.Pickholtz, L.B.Milstein and D.L.Schilling, ——— 
“Spread spectrum for mobile communications,” [EEE iC: MC ee 
Trans. Veh. Technology, vol.40, pp.313-322, May 
1991. 

[2] J.Bingham, “Multicarrier modulation for data 
transmission: an idea whose time has come,” JEEE 
Commun. Magazine, May1990,pp.5-14. 

[3] N. Yee, J. P. Linnartz and G. Fettweis, “Multi- 
Carrier CDMA in indoor Wireless Radio,” in Proc. 
PIMRC 793, Yokohama, Japan, Dec. 1993, pp. 109- 
113: | 
[4] S.Kaiser, K.Fazel, “A flexible spread-spectrum Gunieas ua ioe 
multi-carrier multiple-access system for multimedia 
applications,” Waves of the year 2000+ PIMRC ’97 a. * 
proceedings, vol.1, 100-104, Helsinki, Finland. The number of users 
[5] Sourour, E.A, Nakagawa, M, “Performance of or- 

thogonal multicarrier CDMA in a multipath fading Figure 2: BER comparison between MC-CDMA sys- 
channel,” IEEE Trans. on Commun. , vol.44, no.3, | tem with traditional FDD and (1) novel FDD (2) FDM 
p. 356-367, March 1996. with novel FDD (best case user) 


25 30 


[6] “Universal Mobile Telecommunications System 
(UMTS); Selection procedure for the choice of radio 
transmission technologies of the UMTS,” TR 101 112 
v3.1.0 Technical Report, ETSI, 1997. 

[7] J.Proakis, Digital Communications. New York: 
McGraw-Hill, 37% ed., 1995. 

[8] W.Xu and L.B.Milstein, “Performance of Multicar- 
rier DS CDMA Systems in the presence of correlated 


fading,” IEEE 47" Vehicular Technology Conference, es Erocquieney selective Gavel [acing 
Phoenix, AZ, May 4-7, 1997, pp. 2050-4. + MC-COMA(N=S2) with FOD 


[9] B.Natarajan, C.R.Nassar & V.Chandrasekhar, Se 
“Generation of N Equal Power Rayleigh fading en- 
velopes,” IEEE Communications Letters, vol.4, no. 1, 
JAnuary 2000. 

[10] S. Hara and R. Prasad, “Overview of multi-carrier 
CDMA,” IEEE Communications Magazine, vol.35, no. 
12, Dec. 1997, pp. 126-133. 


SNR per bit = 10dB 


16 20 25 30 
The number of users 


Figure 3: BER comparison between MC-CDMA sys- 
tem with traditional FDD and (1) novel FDD (2) FDM 
with novel FDD (average BER) 


32 


A New Broad Band Wireless Network for 5 GHz Licence-Exempt Applications 


John Sydor, Alain Dugas, Jason Duggan 
Communications Research Centre 
Ottawa, Ontario, Canada 
john.sydor@cre 


Abstract 


The 5 GHz Licence-Exempt (LE) Band has 
the bandwidth and _ propagation 
characteristics that make it suitable for high 
speed wireless multimedia communications. 
However, regulatory requirements make it 
difficult to use this band to its full potential 
in such applications unless space division 
multiple access techniques and sectorization 
by high-gain microcells is used. This paper 
summarizes factors such as sector size, link 
budget gain, propagation loss, and co- 
channel interference control, which 
determine the form and characteristics of a 
new type of LE multimedia wireless network 
suitable for public access applications. 


The 5 GHz Licence-Exempt Band 


During the Mid-1990’s_ extensive 
discussions were held between a number of 
US companies and the FCC which had the 
objective of creating a new band of 
frequencies that could be used for public and 
community wireless data communications. 
The drive for these bands was due to the 
lack of high speed wireline infrastructures 
within rural and urban communities. Such 
broadband infrastructures were necessary 
for the educational and multimedia 
applications that were being devised for 
personal computers. The FCC, after several 
years of deliberation and in response to both 
critics and supporters of the proposal, 
decided in its Jan 9 1997 ruling (Ref. 1) to 
assign 300 MHz of bandwidth located in the 
bottom and mid 5 Ghz band to public 
licence-exempt high bandwidth applications. 


0-7803-6267-5/00/$10.00 ©2000 IEEE. 
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The lowest band, 5150 to 5250 MHz, was to 
be shared with satellite telephony systems. It 
was given the lowest EIRP spectral density 
of 11 dBm/MHz and limited to indoor 
applications. The middle band, which spans 
5250-5350 MHz, was given a maximum 
EIRP spectral density of 17 dBm/MHz. The 
high band, 5725-5825 MHz, had the highest 
potential EIRP spectral density of 40 
dBm/MHz. All the 5 GHz Licence-Exempt 
bands were limited to a secondary non- 
interference operating basis with priority 
given other co-channel users such as ISM 
(industrial, scientific, medical), terrestrial 
radar, and satellite imaging systems. For the 
most part these conditions and standards are 
repeated in other regulatory jurisdictions 
such as Europe and Canada (Ref 3). 


These allocations offer a significant amount 
of spectrum for multimedia intensive 
wireless applications. However, the low 
EIRP and the restrictions on deployment 
make it difficult to use the bands to their full 
potential when using conventional 
unstructured fixed terminal deployment 
approaches. To use the band effectively 
requires the development of a wireless 
network architecture which can overcome 
the restrictions while respecting the 
regulatory framework of the license-exempt 
band. It is our belief that such a network can 
be built but it will require a highly structure 
deployment architecture. The factors 
important to the design of such a network 
are discussed in this paper. 


Propagation Characteristics of 5 GHz 
through the Urban Canopy 


The LE public access wireless networks that 
we propose are hub-centric; they contain a 
central hub which processes, switches, and 
routes high speed wireless traffic to a 
multiplicity of users located around it. The 
hub is typically mounted on a building roof, 
lamp standard, etc., within an urban 
neighbourhood and the distance between it 
and the subscriber antennas can vary from 
several hundred meters to 5 kilometers. In 
current wireless parlance this span is known 
as the ‘last mile’. 


The propagation environment which is 
found within the last mile contains 
obstructions and blockage caused by roof 
lines, power lines, chimneys, and especially 
tree foliage. This zone or ‘canopy’ is about 
9-20 meters above city street level. Both the 
hub and subscriber antennas are located 
within this zone; though the hub antennas 
can be as high as 25 meters above street 
level. 


The urban canopy has a number of 
deleterious effects on the signals passing 
through it, such as excess path loss, 
temporal fading and delay spread, blockage, 
and depolarization. Propagation tests that we 
have conducted indicate that fading rates in 
the order of 180 dB/sec and fade depths of 
25 dB are commonly seen immediately 
behind obstacles such as_ trees undergoing 
wind-induced movement. We have also 
found the Path Loss Exponent (PLE) 
typically varies between 2.2 to 3.4 dB for 
distances less than 2000 meters; and that this 
variable is dependent on signal polarization 
and path clutter. There is also strong 
distance dependency for PLE, with it 
increasing as distance increases. Figure 1, 
taken from our propagation studies, shows 
the dependency of PLE on distance. 
References 4,5 have found similar PLE 
results for the foliated, urban cluttered 
environments. 
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Link Budget Considerations 


Our propagation models and field data were 
used to determine the link budget 
requirements that would allow robust 5 GHz 
links through the urban canopy. Given the 
PLE variation between 2.2 and 3.4 for 
distances of up to 1 km, the path loss will 
vary between —112 and —149 dB. 


Path Loss Exponent 
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Figure 1 
Path Loss Exponent Variation 
With Distance 


Considering that a 13 dB margin must be 
included to counter fading, the dynamic 
range of the system’s receivers will be in the 
order of 50 dB. These operational criteria 
and the limitation of 17 dBm/MHz for the 
5250-5350 MHz band, define the antenna 
gain, power amplifier performance, and the 
receiver noise figure for any given C/(N+I,). 
In our case this value is set at a minimum of 
8 dB in order to provide a BER of <1X10-8 
(using DVB QPSK). 


In the design of terminals, RF subsystem 
characteristics are fixed by the performance 
limits of electronic components. Once such 
components were chosen, our experience 
was that antenna gain became the dominant 
variable in link budget equations. Typically 
we have found that 30-45 dB of power gain 
was required for our links when using 
standard 5 GHz receiver subsystems and 
components. Such gain is achieved only by 
increasing the directivity by the reduction of 
the beam-width in the link antennas. These 
factors thus govern the shape and 
architecture of the highly sectored wireless 
network we are proposing. 


Antenna Directivity 


At 5 GHz, antennas which provide 16-25 dB 
gain have apertures in the order of 45 cm, a 
dimension which is reasonable considering 
the antennas must be mounted on the roofs 
of subscribers’ premises. The antenna power 
gain is split between the hub and subscriber 
terminals. It is better, as a matter of 
esthetics, to have a lower gain, smaller 
aperture antenna at the subscribers’ premises 
and make up for the shortfall in gain by 
enlarging the hub antenna. Such tradeoffs 
are difficult to make since excessively large 
hub antennas become problematic to install 
within urban neighbourhoods. 


Using hub antennas having 20 dB power 
gain we can create oblong micro cell sectors 
which are typically 6-11 degrees wide. 


One attribute of narrow sectors is the 
mitigation of multipath. Even links suffering 
from significant signal loss because of 
foliage attenuation, show little delay spread 
(Figure 2), and display high coherence 
bandwidths. This reduces the need for 
equalization in the link modems. 
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Figure 2 
Impulse Response of Highly Directive 5.2GHz 
Vertically Polarized Signal Through 480 meters 
of Urban Canopy 


If high side-lobe suppression is also 
achieved with the sector antenna, there will 
be a corresponding decrease in the co- 
channel interference the antenna creates and 
receives. Figure 3, based on simulations we 
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carried out using typical 5.2 GHz system 
parameters, shows the relationship between 
mean co-channel interference levels and 
antenna beamwidth and side-lobe level. The 
simulation was based on 100 co-channel 
users occupying a 400 Km’ area, having 
links span 500-10,000 meters. 
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Dependence of Systemic Co-Channel 
Interference on Link Antenna Beamwidth and 
Side-Lobe Level 


The improvements in link gain, multipath 
reduction, and the commensurate capacity 
gain achieved with narrow sectorization is 
offset by the degradation of the side-lobe 
level by the urban propagation 
environment. This phenomena is noticed 
in environments containing numerous 
obstacles in the transmission path. Highly 
collimated RF beams tend to diffuse and 
lose directivity as they pass through the 
urban canopy, with the effect that the peak 
to sidelobe ratios of the link antennas 
becomes degraded. The phenomena is not 
manifested so much by the presence of 
distinct reflections (whose absence is noted 
in Figure 2), as by a general increase in the 
interference noise floor level; possibly 
indicative of the presence of numerous low 
power reflections. 


Whether this increased noise power has its 
origins in the side-lobes or in the main beam 
(or a combination of the two) is yet to be 
determined. There is also a polarization 
dependence exhibited with this phenomena, 


with horizontal polarization somewhat less 
affected than vertical polarization. Our 
propagation tests indicate that the peak to 
sidelobe ratio of an antenna is reduced by 4- 
12 dB because of the scattering effects of the 
urban canopy . Figure 4 shows data from 
one of our typical measurements. The 
antenna used in this graph was measured in 
an anechoic chamber as having peak to 
sidelobe levels (at 45 degrees from boresite) 
of —25 dB. Within the urban canopy this 
ratio was reduced to about -20 dB. 
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Figure 4 
Measurements of Peak to Side-lobe Level (dB) 
for a Directive 5.2 GHz VP Antenna within the 
Urban Canopy 
(200-2000 Meters) 


Rosette Architectures and Co-Channel 
Interference Control 


Rosette cells are formed by placing the 
highly directive antennas concentrically 
around a hub. Given N like-frequency 
bands, then if there are M total microcells in 
a rosette, then there are M/N like-frequency 
microcells in the rosette. Like-frequency 
microcells are repeated and spaced every 
360*N/M degrees. If Sy is the peak to 
sidelobe level of the microcell antenna at the 
angles of the repeated frequency microcells; 
then the co-channel intercell interference 
generated by rosette will be: 


C/I,= 10*Log((M/N)-1)+ S_+ as 
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where Qs is the sidelobe degradation factor 
described above; C/I, is the carrier power to 
co-channel interference ratio in dB. 


Using assemblages of rosette cells over a 
coverage area is an effective way to use the 
License-Exempt bands, compared to a 
layout having an unstructured orientation of 
users. In simulations undertaken by us 
where 100 links are attempted, using an 
unstructured placement of links over a 400 
Km’ area; only 40% of those links would 
have useable C/I,. If those same links were 
established using rosette hub architectures, 
more than 95% of the users would have 
useable links. In both cases the assumption 
was that the antennas used would be highly 
directive with low side lobes. 


Rosette architectures can be rotated with 
respect to each other for nominal 
improvements in systemic C/I,. Availability 
at systemic C/I, levels of 18 dB can be 
improved by over 20% by rotating adjacent 
rosettes within a large constellation (Ref 6). 
Availability is also improved within 
constellations of rosettes if the subscribers 
have a selection of hub rosettes which to log 
on to (Ref 7). In such scenarios the forward 
link availability for a subscriber as far away 
as 1.5 Kms from hub centres can be as high 
as 95%; given the mean systemic C/I, > 15 
dB. 


Return link availability within the rosette 
architecture is not as good as the forward 
link availability, due partly to the highly 
distributed and somewhat random positions 
of the multiplicity of users. However, by 
having power control on the return link, the 
availability can vary between 60% (at 100% 
demand) to 85% (25% demand). 
Considering that return link demand is 
typically only 1-2% of forward link demand, 
in typical TCP/IP Internet wireless data 
interactions (Ref 8), we do not consider the 
skew in availability as a problem. 


Modulation, MAC, and Network 
Considerations 


The co-channel interference arising in the 
rosette architecture, and the Licence Exempt 
5 GHz bands in general, puts a limit on the 
types of modulation techniques that can be 
used. Given the operational systemic 
C/(I,+N) of 15 dB, a 204/188 Reed Solomon 
encoded DVB QPSK has been chosen as the 
down link modulation scheme. Commercial 
DVB demodulators are used because of their 
excellent operational characteristics both in 
face of co-channel interference and thermal 
noise floors. For the return link ASK is used 
as the modulation technique because of its 
fast lock-up and synchronization time, low 
complexity, large dynamic range, and 
resilience to co-channel interference. 


In general, higher complexity modulations 
such as 16 and 64 QAM are not expected to 
perform effectively in the high interference 
environments that we anticipate. Such 
techniques, despite their bandwidth 
efficiencies, do not significantly improve the 
mean data delivery density in a multiple 
user wireless network environment 
compared to QPSK. However, it is 
anticipated that in some instances, primarily 
in LOS applications, such modulation 
techniques may be worthwhile 


The MAC protocols that have been proposed 
(Ref 8) are designed to handle removal of 
users suffering or creating excessive 
interference. Users can also be simply off- 
loaded to adjacent beams to balance loading. 
It is anticipated that an extensive network 
control system will have to be implemented, 
especially in deployments of multiple 
rosettes, so that network interference and 
control can be dynamically monitored and 
controlled. 


Conclusions 


The 5.2/5.8 GHz License-Exempt spectrum 
allocations, because of their power and 
regulatory limitations, can be effectively 
used for wide spread public wireless 
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multimedia applications only if highly 
directive, low-side lobe antennas are used, 
both at the subscriber and hub ends. Such 
antennas create oblong microcells which 
have low delay spread and can support high 
data rates. When arranged into rosette-like 
architectures, it is possible to achieve high 
frequency reuse and further limit the system 
co-channel interference by the use of power 
control or geometrical rotation of the 
rosettes. Nevertheless, such systems will be 
dominated by high co-channel interference 
and will require the use of resilient 
modulation and coding schemes, and space 
division signal processing ebodied with such 
technologies as adaptive antennas. 
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New Transceiver Design Approaches for Digital Microwave Radios 


Mina Danesh, Nacer Hassaine, and Fabio Concilio 
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3 Hotel de Ville, Dollard-des-Ormeaux, QC, Canada, H9B 3G4 
Tel: (514) 421-8400, Fax: (514) 421-3756, Email: mdanesh@harris.com 


Abstract - A new transceiver design for digital microwave radios is presented, which reduces overall 
hardware complexity regarding parts and cost. Taking advantage of the digital software controllable 
commercial off-the-shelf (COTS) devices for power control on the receive (Rx) and transmit (Tx) paths, 
the proposed transceiver system architecture and performance are compared with current Harris 


transceiver designs. 


I — Introduction 


The increasing demand for _ wireless 
communications has introduced numerous 
challenges in the design of microwave digital 
radios. For greater throughput and yield in 
microwave radio manufacturing, new generation 
of transceivers must be capacity and modulation 
independent. In order to achieve cost and 
deployment time reductions, receive (Rx) and 
transmit (Tx) gains need to be digital and 
software controlled. Traditional RF design 
techniques for microwave radios use analog 
voltage control to adjust for the received and 
transmitted powers. Components such as voltage 
variable attenuators (VVAs), voltage variable 
gain amplifiers (VGAs), RF diode power 
detectors, and directional couplers are typically 
used. Analog automatic gain control (AGC) 
loops are implemented for power control and 
temperature gain compensation in the Rx/Tx 
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AMP 


— 
RF OUT DIR PA 
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chains, which require greater circuit complexity 
for the feedback control loop. Voltage variable 
devices are sensitive to voltage and temperature 
variations [1], and require an empirical radio 
calibration procedure [2]. These present 
disadvantages that can be overcome by 
redesigning the transceiver architecture, using 
digital and software controllable devices, such as 
digital step attenuators and _ logarithmic 
amplifiers (Log Amps) for power control. 


II — Current Transceiver Design Approach 


a) Transceiver Architecture 

Figure 1 shows a current transceiver design 
implemented withVVAs, power detectors, and a 
microcontroller or a microprocessor for various 
control needs. On the receive path, the incoming 
signal from the antenna and diplexer is first 
amplified by the LNA. The signal is then level 
controlled by VVAI, VVA2, VVA3, and 


Fig. 1. Traditional transceiver block diagram example. 
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VVA4. These VVAs provide for attenuation of 
strong in-band signals, dynamic power control, 
and cable compensation. They are individually 
and sequentially controlled by analog voltages 
from the microcontroller. A diode power 
detector (RX-AGC) is used for the AGC at the 
intermediate frequency (IF) output. The 
microcontroller reads the temperature from a 
probe on the radio board as well as the output 
voltages of the power detectors. It then adjusts 
the VVAs’ control voltages according to the 
input power level, temperature, modulation, and 
bit rate, based on a look-up table stored in 
memory. The received signal level(RSL) is 
indirectly produced by the power detector output 
voltage from the microcontroller. Similarly on 
the transmit path, the RF output signal is 
controlled by the VVAs, and the PA loop uses a 
diode power detector fed by a directional 
coupler. 


b) Chipsets used 

VVAs and VGAs allow for a specific value 
of attenuation within the manufacturer’ linear 
setting range, typically having 25-30 dB of 
dynamic range (DR). They offer more flexibility 
than step attenuators, but at the cost of greater 
circuit complexity and required calibration over 
temperature. These are first individually tuned 
and matched for a specific frequency band, and 
their precise control voltage values are stored in 
memory for attenuation and _ temperature 
compensation. 


Microcontroller 


Microcoprocessor 


Diode power detectors have a nonlinear 
behavior where their transfer function makes a 
transition from a square-law to a linear region. 
External factors such as load resistance, bias 
current, and temperature, all come into play in 
the overall dynamic range of the detector [3]. 
Therefore, the design of a diode power detector 
requires specific tuning for its application. 


III — Proposed Transceiver Design Approach 


a) Transceiver Architecture 

The proposed transceiver uses digitally 
controlled devices for dynamic and static Rx/Tx 
signal power control. As shown in Fig. 2, the Rx 
path allows for ATT1 to be used as a single step 
attenuator for strong in-band signals [4], ATT2, 
for varying the overall chain gain, and ATT3, 
for added cable compensation for an outdoor 
radio. From the resistive splitter, the received 
signal strength indicator (RSSI) voltage output 
of the Log Amp is sent to the A/D of the 
microcontroller which provides a control bus for 
the digital attenuators. These can be further 
integrated with an amplifier and logic for 
latches, as ‘shown ‘for. /,ATT2. [5]auihe 
microcontroller has memory for look-up tables 
of digital attenuator control bits vs. RSSI level, 
or software containing a predefined algorithm. 
This allows for greater flexibility in the case of 
hardware design changes, such as 
manufacturer’ component change. 

ATT4 in the transmit path can also account 


ontrol Logic 
Latches) 


ontrol Logic 
Latches) 


AMP+ATT4 


Fig. 2. New transceiver block diagram example. 
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for dynamic fade margin from the modem, and 
ATTS for static transmit power level control. 
Another Log Amp can be implemented on the 
Tx path for additional monitoring and dynamic 
power control. For the power amplifier (PA) 
output power loop control, a log RF detector can 
replace a diode power detector, as detailed in 


[6]. 


b) Chipsets used 

Integrated digital step attenuators allow for 
precise discrete levels of attenuation, and are set 
by binary control inputs. Being designed with 
FET technology, they consume very little power 


-on the order of a few pA. Their internal 
broadband match, high linearity, and low 
attenuation variation over temperature, make 
them very attractive compared to narrow-band 
tuned VVAs (see Table 1) [4, 5, 7]. Log Amps 
measure the received signal strength, and this 
indication (RSSI), is used to control the signal 
level in the IF frequency chain using digital 
attenuators [8]. This allows for software driven 
configuration flexibility. Log Amps offer an 
integrated solution, have wide dynamic range 
(60-70 dB), and unlike diode detectors, do not 
require temperature compensation.[3, 9]. 


Table 1. Specification comparisons betweenVVAs and digital attenuators [1, 7]. 


*Normalized to +259'C 


IV — Transceiver Performance and Layout 
Comparisons 


a) System design and layout 

Figures 3 and 4 show pictures of receiver 
board portions of a traditional radio design 
(Rxa), and of a proposed chain (Rxb), 
respectively. These do not include synthesizers 
and associated microcontroller circuitry. The 
board space taken by Rxa totals 15 in’ where 
power detector circuitry is included, whereas 
Rxb totals 6 in’. Board space taken by Rxb is 
reduced by more than 50% with respect to Rxa, 
which presents a significant change considering 


Fig. 3. Picture of a traditional receiver (Rxa). 


the cost for a multilayer board and overall radio 
box size. 


Fig. 4. Picture of the new receiver Rxb). 


b) Calibration procedures 

Calibration for the outdoor radio is required 
to compensate over frequency and temperature 
in order to maintain constant output power levels 
at the Rx IF and Tx RF. Commonly used 
calibration techniques consist in characterizing 
each individual radio unit overtemperature. This 
approach requires extensive calibration time and 
usually becomes the bottleneck of high volume 


production. Other techniques involve empirical 
formulations derived from prototype 
measurements, to account for temperature 
compensation in various variable gain stages, 
which are stored in memory as look-up tables 
[2]. 

With dynamic power control in Rxb, the 
Log Amp can compensate for gain variation in 
the RF front-end by adjusting the attenuation 
level of the subsequent digital attenuators. The 
ouput power can be further adjusted, using a 
software algorithm or simple look-up tables. 


c) Performance 

On Rxb, the RSSI level is first read by the 
A/D integrated in the microcontroller, and the 
initial digital attenuator control bits are set. 
Without any tuning or calibration of components 
in Rxb, the overall output power and noise 
figure (NF) vary within +1 dB and +0.5 dB, 
respectively, for a temperature variation of 
—40°C to +55°C, normalized to 25°C. 

Typical received input power at the antenna 
port for an outdoor digital microwave radio 
ranges from -90 to -20 dBm. ATT1 in Rxb can 
provide 10 to 30 dB attenuation for strong in- 
band received signals. ATT2 and ATT3 can add 
an additional 60 dB dynamic range, and also 
provide for cable compensation. 


d) Cost issues 

Besides reducing the cost of board space, 
additional cost savings result from a decreased 
number of components used due to higher chip 
integration. An estimated 10-30% reduction in 
total cost is obtained for Rxb compared with 
Rxa. A similar cost saving can result for the 
transmitter design. 


V — Conclusions 


The proposed transceiver architecture 
presents a novel design approach for digital 
microwave radios, by using newly available 
devices such as digital attenuators and 
logarithmic amplifiers to allow for signal power 
level control in both receive and transmit paths. 
This is the first step towards a software 
controlled radio which would include even more 
digital integrated functions in a single chip 
radio, reducing overall size and cost. 
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Abstract 


Mesh Networks; a new Architecture for Broadband Wireless Access Systems 


This paper describes the attributes and practical realisation of mesh architectures for Broadband Wireless Access 
(BWA) deployment. The mesh concept eliminates the need for base stations and instead uses an arrangement of 
short point-to-point connections that evolves as subscribers join the system. This inherently simple concept can be 
developed to produce systems with many attractive advantages for operators and subscribers. 


Future services will require high data rates, complete flexibility in the ratio of traffic received to traffic sent, low 
cost equipment and capability to reach virtually any subscriber who wants service. As deployment moves from the 
relatively high revenue business subscriber towards mass-market deployment, issues such as high levels of 
coverage, spectral efficiency, capacity, co-existence and ease of deployment become increasingly important. Mesh 


solutions offer substantial benefits in all these areas. 


What’s new?: 

Broadband Wireless Access systems are generally of 
“point-to-multipoint” (PMP) architecture, which 
include base stations and subscriber stations. Each base 
station serves a number of subscribers in a particular 
area. This architecture is familiar in mobile 
communications systems and relies on the choice of 
base station sites that are high enough above the 
general terrain to communicate directly with many 
subscribers. 

A novel alternative to this familiar arrangement is a 
“mesh” system, more formally described as Multipoint 
— to Multipoint (MP-MP). There are no base stations, 
only repeaters, most of which normally corresponds 
with a subscriber location. The connection from a 
service access point to a particular subscriber is via one 
or more successive link paths. 


Source: Radiant Networks PLC 
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Fig. 1 Mesh System Topology 
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The concept of a mesh is thus inherently very simple. 
Its advantages are numerous and include: 


e Very high coverage levels, even at low levels of 
user density (more than 90% is easily achieved) 

e Excellent spectral efficiency and capacity (can be 
10 to 50 times better than P-MP) 

e Low initial investments (no base stations) 

e Low interference (generated and received) 

e Complete flexibility in service delivery (up and 
downstream ratio can vary on demand) 

e Built — in “backhaul” links to core network access 
points 

e Antenna pointing is automatic (reduced installation 
time) 


The combination of these attributes makes a mesh 
solution suitable for mass-market deployment, bringing 
multimedia services (telephony, fast Internet, 
Entertainment, Games etc.) to domestic as well as 
SoHo (Small office, Home office) and business clients. 


Coverage 

Broadband wireless access systems normally operate at 
high microwave frequencies. At these frequencies line 
of sight communication is needed. From any one 
location, the probability of line of sight to other 
locations within a normal link range is typically 30- 
40%. The solution to this problem is either to serve 
only those customers that are “visible” or to provide 
coverage from multiple locations. The former is 
unsatisfactory for mass — market deployment and the 
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latter has large adverse cost and spectrum implications 
in a P-MP architecture, since it requires multiple 
overlapping base station coverage. The mesh solution 
overcomes the problem easily, because _ every 
subscriber station is available to provide connection to 
others in range, without adding cost or increasing 
spectrum requirements. Coverage exceeding 90% in 
typical urban terrain is easily achieved (coverage 
means in this case the probability that a randomly sited 
subscriber added to the network will be in range of at 
least one existing system node, and can therefore be 
served). For example, modelling based on a large 
European city indicates that coverage reaches around 
90% when the system node density is only 2 per sq km. 
The ability to serve nearly any potential subscriber in a 
service area means that domestic customers can be 
targeted, not just selected business customers. 


Spectrum Efficiency 

A useful and meaningful measure of spectrum 
efficiency is the total traffic per MHz per unit area of 
coverage. The minimum requirement to deploy a 
system is a single radio channel in an area. More 
channels are needed when the traffic in the area 
exceeds that available on a single channel and when 
interference prevents reuse of the channel in nearby 
areas. In a conventional RMP system, channels are 
associated with particular areas of coverage and are 
shared between the subscribers in that area. 
Interference between adjacent cells increases the 
number of frequencies required to cover an area, even 
when the traffic requirements are low in the early 
phases of network roll-out. 


The mesh concept exploits the ability to reuse a given 
frequency to a maximum by decoupling the use of 
frequencies from particular areas. All connections are 
point-to-point, using narrow beam antennas, short path 
lengths and just sufficient RF power to maintain the 
link at the required grade of service. The effect of this 
is that a single channel can be re-used many times in a 
system. The need for additional channels is driven by 
subscriber density rather than coverage, so that in 
theory only one channel may suffice for a system of 
any area. 


Capacity 

A useful measure of capacity (and closely related to the 
issue of spectral efficiency) is the average traffic per 
subscriber per square km of coverage, for a given 
amount of spectrum. When operated as access 
networks, mesh systems require traffic insertion points. 
The connection of these is analogous to the way in 
which traffic is connected from core networks to cell 
sectors of P-MP systems. A mesh has potentially many 
high bandwidth routes from these insertion points to 
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subscribers, the use of which can be varied to suit the 
traffic demand of the end subscribers. Frequencies can 
be reused frequently in a network. Capacity constraints 
differ from those that apply to P-MP networks, where 
cell sector size is strongly influenced by coverage 
issues. Extensive modelling has shown that, for a 
given frequency resource, substantial capacity gains 
can be obtained in mesh networks. An example is given 
in the following figure, which compares the average 
(duplex) traffic per subscriber at various subscriber 
densities for a fixed number of channels. 


Comparison of Mesh and PMP traffic averaged across 
all subscribers for 6 channels 
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° 


ES 
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Ave duplex traffic per sub (Mbps) 


1500 
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Fig. 2 Traffic Capacity 


In this case, 6 channels are assumed, but results for 
other numbers of channels (lower and higher) show 
similar trends. An interesting conclusion is that, over a 
substantial range of subscriber densities, the addition of 
new subscribers has negligible impact on the amount of 
traffic that can be delivered to each of them. 

As would be expected, at extremely low subscriber 
densities, the results for P-MP and mesh networks 
become similar. However, as subscriber density 
increases even to moderate levels, a mesh network 
shows large gains. 


Coexistence with other systems 

Coexistence of BWA systems is a complex subject, 
under study in IEEE, ETSI and CEPT committees. 
Various scenarios have to be considered for co-channel, 
adjacent area systems and for systems operating in 
overlapping areas, but on different channels. Typically, 
a large distance has to be allowed between co-channel 
systems and one or more guard - channels has to be 
provided between systems operating in the same area. 
Intra — system interference issues must also be taken 
into account. For P-MP systems, these may lead to a 
requirement for carefully controlled frequency re-use 
patterns and high performance, accurately pointed 
antennas. 

In the case of a mesh architecture, the interference 
created is inherently low. Antenna pointing is usually 
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automated. Antenna directivity is not critical. Both 
intra- system and _  inter- system interference 
performance is good with relatively simple antenna 
design. 

Low mesh transmitter power, short links, highly 
directional antennas at all stations and minimum 
antenna heights (no base stations on tall masts) 
automatically keep interference low. In addition, a real 
implementation will “self-adjust” to reduce interference 
levels even further. This allows maximum frequency 
reuse within the system, accommodates new 
subscribers more easily and creates less external 
interference (to other nearby systems). 

Various techniques are available to assess interference 
between systems, including in particular “worst case” 
calculations and statistical methods. For mesh systems, 
the most realistic assessment requires a statistical 
approach, in which many different configurations are 
modelled and multiple interferers are taken into 
account. A simulation tool has been constructed to 
evaluate the interference between systems operating in 
adjacent areas (on the same channels) and between 
systems operating in the same area (on adjacent 
channels). In all cases, the results are favourable and 
show that reduced geographical and channel spacing 
will be possible. Some of the most important results 
from the many possible interference scenarios are 
summarised in Fig. 3. These show the likely spacing 
between a mesh with a large number of subscribers and 
a representative PMP system. The simulation is run for 
a large number of random mesh configurations 
(typically 10,000 runs). 


channel 
Co- 


PMP 
Base 
Station 


Guard 
channels 


Distance 
between 
systems 


Fig. 3. Co-existence spacings between Mesh and P- 
MP systems 


Note (1): The distance specified is between the edge of 
the mesh and the centre of the nearest PMP cell. 


Note (2): The single guard channel may be reduced in 
the case of a Mesh with self- adjustment capability, in 
some cases to zero. 
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All calculations are based on reducing inter-system 
interference to —114dBm/MHz in the victim receiver. 
In many cases, a higher level may be acceptable. 


Low initial investments 

When a new network is deployed, the first issue is 
coverage. In a mesh, there are no base stations. Instead 
a small number of strategically chosen sites (seed 
nodes) is selected, so as to reach the initial customers. 
Since these can use essentially the same hardware as 
customer equipment, the initial cost is very low. 


Mesh vs P-MP Cashflow 


Cashflow 


Time 


Fig. 4 Cashflow comparison 


Subsequent investments can be made more or less in 
line with demand, since the probability of coverage to a 
new subscriber quickly reaches 90% or more, even 
when the network density is low. This is an attractive 
characteristic for an investor or network operator. The 
initial or “seed” nodes are required only at the very 
beginning of network rollout and many of them will 
become redundant once subscriber density increases to 
quite modest levels. 


Backhaul 

Estimations of spectrum efficiency descnbed above 
include the necessary links to reach convenient points 
of connection with core networks, provided these 
points fall within the overall mesh area. The same (or 
very similar) equipment can be used for the final 
connection between user nodes and access points as 
that used for customer premises. Thus, backhaul can be 
effectively a built-in feature of a mesh solution. 


Practical Implementation 

A mesh can be used either as an access network (i.e. a 
transparent means of communication between the 
subscribers and core telecommunications networks) or 
provide internal traffic between subscribers, or both. It 
can support a range of services including telephony, 
video, fast Internet and other data services. The mesh 
architecture is flexible to variations of upstream and 
downstream traffic either between subscribers or over 
time A practical network comprises node stations, 
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traffic insertion points and a network management 
system. 

Nodes are N — way repeaters (where N is typically 1 to 
4) with facility to drop and insert local traffic. Traffic 
insertion points are provided at one or more points in 
the network, to connect to convenient points in external 
networks. The number of insertion points depends on 
the total traffic capacity required, resilience issues and 
the location of the most convenient network access 
points in the coverage area. 

Routing from an insertion point to a subscriber is via 
one or more radio paths between nodes. Certain 
telecommunications services require that network delay 
times are kept low. This places a bound on the total 
number of successive paths in the mesh. Modelling 
shows that even high density networks can meet the 
delay requirements with a practical number of 
successive hops (6 to 10). 

The radio design is simplified because paths are short, 
requiring only to be as long as the distance to the next 
available node. Thus, low transmitter power is needed, 
antennas need only have moderate gain and rain - 
fading effects are reduced. 
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Although a network could operate either in TDD or 
FDD mode, the TDD choice simplifies frequency 
allocations and provides complete flexibility in the 
allocation of upstream to downstream traffic. 

As well as more conventional functions, the network 
management system controls the mesh configuration 
(which can vary to accommodate new traffic or for 
other reasons), frequency and timeslot allocations and 
traffic flow within the mesh. 

Although not essential, it is highly advantageous to 
include a “self-adjustment” mechanism within a mesh. 
Interference received from another part of the mesh or 
from another nearby network is measured and taken 
into account in the network configuration. This allows 
frequency reuse to be maximised and the effects of 
external interference to be reduced, thus improving co- 
existence with other mesh or RMP systems within 
interfering range. 

Thus, a mesh architecture offers advantages in 
spectrum efficiency, capacity, economy and ease of co- 
existence. Trial mesh technology has been in operation 
since 1997 and networks for formal operator trials are 
presently in construction. 


End of paper. 
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Abstract— It is obvious that the offsets that arise in direct- 
conversion receivers can be canceled by employing DC notch filters 
after down conversion. However, overall system performance (BER) 
will be severely degraded in narrowband systems if the modulation 
scheme peaks at DC - as is true for most currently-used spectrally- 
efficient applications. Thus, utilizing modulation formats with a null 
at DC make notch filtering feasible, but at the expenses of reduced 
spectral efficiency and detector complexity. In this paper, we study a 
series of modulation methods and corresponding detectors. Our goal 
is to find an optimized system level solution to make direct-conversion 
receivers a practical solution. 


I. INTRODUCTION 


Rising demand for low power, fully-integrated wireless 
transceivers, has created a resurgence in interest the use 
of direct-conversion receiver architecture[1]-[8]. However, 
for direct-conversion to become a truly viable receiver ar- 
chitecture several nagging problems must be overcome: 
DC offsets, sensitivity to even order distortion and flicker 
noise. However, the stringent demands on circuit design 
created by these distortions can be somewhat mitigated 
through suitable and clever system level design. 

Amongst all of the aforementioned problems, perhaps 
the most serious is that of the offsets that arise when the 
LO or large interferers self-mix. This problem occurs due 
to insufficient isolation between the LO port and RF port of 
the mixer in an IC realization. These offsets are problem- 
atic because they can easily have ten times the magnitude 
of the desired signal. If these offsets are not removed be- 
fore A/D conversion, the resolution of ADC (analog to dig- 
ital converter) will be reduced (easily by 3 or 4 bits) which 
hurts the system’s BER performance. 

One approach to fixing this problem is to place a DC 
notch filter prior to the ADC to remove/reduce the offset. 
As we will see later, this can work fine when the notch filter 
bandwidth is a small percentage of the signal bandwidth. 
However, when this is not the case the distortion created by 
the notch filter can be worse than the distortion caused by 
the offset. In these cases, however, we can greatly improve 
the performance of the system by changing the line code 
and detector structure as proposed in this paper. 


Il. SIGNAL DISTORTIONS AFTER A DC NOTCH FILTER 


In a direct-conversion architecture (Fig. 1), the RF band- 
pass signal is directly down-converted to baseband, and 
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low pass filtered to attenuate the high frequency harmon- 
ics. However, this does nothing to attenuate the self-mixing 
offsets. As mentioned previously, we can use a DC notch 
filter to remove the offsets, however this filter will also at- 
tenuate the low frequency part of the desired signal. Even 
if we could create a perfect DC notch filter this would not 
solve the problem because the offset signals are dynamic 
rather than static. In fact, they tend to behave in a nonsta- 
tionary fashion - behaving like a DC for a period, but then 
jumping in magnitude in response to a change in the en- 
vironment (touching the antenna, turning towards a metal 
object, etc.). Thus, to be effective the notch filters must 
necessarily remove more than just the DC. Additionally, 
if we try to realize the notch on chip, we are limited as to 
how sharp we can make it due to limits in on-chip capacitor 
sizes[4], [8]. Thus, it is clear that any modulation scheme 
having a peak at DC 1s going to be very sensitive to distor- 
tion created by the notch filter[4], thus we are motivated to 
explore line codes having a spectral null at DC. 


A. Manchester Signaling 


The most well known line code with a spectral null at 
DC is the Manchester line code. Its pulse shape is given 


by, 
= TE) -IG GS. 


with the resulting PSD given by [9], 


TManchesterN RE (f) > 


Sin( afb) 2) 5. (2) 
een sin? (a fT, /2). 


While it does have a null at DC (Pyan(0) = 0), the oc- 
cupied bandwidth is also doubled compared to polar NRZ 
signaling. This is often not acceptable. However, we are 
motivated to discover the performance of such a system in 
the presence of notch filters so as to guide our study of 
other line codes. 

Thus we simulated the receiver architecture shown in 
Fig. 1 with a Manchester line coded signal. For a narrow 
notch filter, the BER performance is very close to ideal (no 
notch, no offset). However, if a wider and deeper notch 
filter is used, which is necessary to effectively remove dy- 
namic DC offset, the degradation in performance becomes 
unacceptable (Fig. 1, “Manchester” curve). Thus, we are 
driven to alter the detector shown in Fig. 1 to improve the 
overall system performance (BER). 
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Fig. 2. BER Performance for Different Correlation Receivers 


B. Improved Detector for Wider Notch Filtered Signals 


A standard correlation detector (Fig. 1) does not pro- 
vide suitable performance for wider notch filters. This is 
because the correlation receiver (matched to the Manch- 
ester line code) is no longer “matched” to the DC-notch- 
filtered waveform. By studying different waveforms after 
they have been notch filtered, it turns out that there are four 
major waveform shapes for a binary “1” (Waveforms for 
binary “0” will be the same shapes but negative). They can 
be derived by passing four possible Manchester encoded 
3-bit combinations with a center bit of “1” (010’, “011”, 
“110”, “111”) through the notch filter and plotting the out- 
put waveform for only the center bit, as shown in Fig. 3. 


Since there are 8 possible waveforms for a single bit, 
four “1’’s and “0’’s. To make the best decision, we should 
use 4 correlators (matched to the 4 different shapes), and 
the select the sign of the largest magnitude output as our 
sliced value. The BER performance of this new detector 
when used with a notch filter that has a 3 dB bandwidth 
that is 1/4 the bandwidth of the desired signal is shown in 
Fig. 2. However, of the 4 correlation waveforms there are 
really two pairs of similar waveforms: “01x” and “11x”. 
The performance of a simplified detector using only two 
correlators is also shown in Fig. 2, which is very close to 
the four correlators case. 
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Fig. 3. Waveforms after Notch Filter 


III. CONSIDERATIONS FOR HIGHER BANDWIDTH 
EFFICIENCY 


Encouraged by our results for Manchester encoding, we 
are motivated to explore other line codes that are zero bal- 
anced (or nearly zero balance), but which require less band- 
width. First, we note that a null at DC in the spectrum 
comes from a signal always having its “short-term” aver- 
age be equal to zero. Manchester has the best (shortest) 
term average because it balances its signal voltage in each 
bit period. This results in both the highest occupied band- 
width (2 times of polar NRZ) and deepest notch. By in- 
creasing N and M, we increase the period (number of bit 
intervals) over which we must average to guarantee an av- 
erage of value of zero and we can tradeoff bandwidth effi- 
ciency with the depth and breadth of the notch we create in 
spectrum at DC. 


A. NbMb Codes 


We have studied several NbMb codes, which use M Po- 
lar NRZ bits to transmit an N bit word. (Manchester is thus 
1b2b). The first null bandwidth of such an encoding will be 
M/N times that of polar NRZ signaling. The advantage of 
this approach is that we can create a code space to keep the 
short term DC average close to zero, but with better spec- 
tral efficiency than a Manchester encoded signal. When 
we examine an M-bit code space we observe that some of 
the codewords are self-balanced (zero mean), but that there 
may not be enough (2) of these codewords. Thus, we use 


the following approach to generate the code space. First, 
we use all the M bit patterns that have a DC of 0 (equal 
1’s and 0’s). If we need more codes than this, we use bal- 
anced pairs of codes. To each N-bit pattern that would have 
a nonzero M-bit code (C;,), we assign two codewords (Cx) 
and (—C’,) and use them alternately to keep the short term 
(and long term) DC close to zero. The details are spelled 
out in the following section. By properly adjusting these 
combinations, we can get a narrower bandwidth than for 
Manchester and still have a dip in the spectrum at DC. 


B. Choosing NbMb Code Space 


First, we consider how large the zero balanced code 
space really is. To have zero-mean code words we must 
chose M as even number, therefore we will assume that M 
is even throughout the rest of the paper. It can be shown 
that there are only 7 = 7 sy, codewords that are zero- 
mean (self-balanced). All other codewords are assigned in 
balanced pairs (C, and —C*,) and used alternately. There- 
fore these consume two possibilities out of the space for 
each N-bit data input. Therefore the total number of bal- 
anced (self plus pairwise) that exist can be shown to be. 
oh lt ae TIDIOETe Thus, we have to make sure 2% 
is less than the overall available number of balanced code- 
words. 

We postulate that the more transients (changes from ‘1’ 
to ‘0’ or from ‘0’ to ‘1’) that a code has, the more higher 
frequency (and less low frequency) energy that codeword 
has. Thus, to generate a code space we first select all the 
self-balanced (zero-mean) codes. Next, we assign code 
pairs based upon first, the lowest average value for the code 
pair and then secondarily we select within the group of 
equal average value based on the number of transitions in 
the codeword. In this fashion we are forcing both a null 
at DC and a boost in high frequency energy for the code 
space. 

We can formulate a closed form expression for the Power 
Density Function (PSD) for these code spaces as follows. 
After line coding (the N-bit to M-bit conversion) with a 
fixed Tx and Rx data rate, the output M-bit code can be 
expressed as: 


CAC (3) 
The pulse shape will be: 
1 <b 
is be 4 
f(t) 0 elsewhere @) 


with power spectrum: 


a NT, sin(af VF) 
PON = (pe 


ie (5) 


Thus a NbMb-modulated signal can be represented as: 
m=CoO 


st)= > Crtt—nNT) (6) 


nm=— CoO 
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Fig. 4. Power Density Functions of NbMb-Modulated Signals 


For a NbMb line coded signal using only zero-mean 
codes. If we define vector A as the average of the con- 
volutions of each codeword with its flipped version: 


=A 
1 
A= QN Se paket) Se (Cnt CA) 
(pail 


and 
Cale fe IE 
A= So Aveo 
i=—(M-1) 
The PSD of the modulated signal will be: 
IFCA)P 
= A 
PUN) = RAW) ) 


where |F(f)|? is the power spectrum of pulse shaping 
function f(t). 

For a code space which also uses non-zero codes we de- 
fine another vector B which is the average of the convolu- 
tions of each non-zero codeword with its flipped version: 

wees 

B= ON _ kK Ye (opie). Cpii) * (Gri TORRY 

p=K+1 


where K is the number of zero-mean codewords, and 


tea ee aS 
Be = Ss Bei’? 
i=—(M-1) 
The PSD of the modulated signal will be: 
F(f)|? 
pf) = AO ap 
NT; ; (8) 
wep IF(f)| B(f) 2cos(wNT;) — 2a 
NT, 1 — 2acos(wNT,) + a? 


N ‘ . 
where P = Zot is the ratio of non-zero codewords to all 


the codewords, and a = 1 — 2P, |a| < 1. 
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Fig. 5. BER Performance for 4b6b Code 


Being able to compute PSD of the NbMb-modulated sig- 
nals, allows us to readily observe the spectral characteris- 
tics around DC, as shown in Fig. 4, to see if they would 
meet a design criterion. We observe as we increase M and 
N that although there is still a null at DC, the width of the 
null is not as deep or wide as with Manchester encoding 
signal. However, we are realizing a bandwidth reduction, 
thus here we can now trade off spectral efficiency for the 
quality of the DC notch. We note that when reducing the 
occupied bandwidth using NbMb modulation, the system 
will be more sensitive to wider DC notch filter compared 
to Manchester coding. To reduce this effect we must use a 
better detector [11]. 


C. Detector for NbMb Codes with Notching 


By increasing the code word length to M, the detector 
complexity will increase accordingly. Using a receiver that 
is perfectly matched (as for the Manchester case) is im- 
practical for larger values of M, because of the number of 
correlators. Thus, the practical tradeoff is to approximately 
match the channel and carefully choose NbMb code space. 


As shown in Fig. 4 the 3b4b line coded signal, because 
non-zero M codes must be used in the modulation, has 
most low frequency energy of the signals considered. The 
first null bandwidth of this signal is 1.333 times of Polar. 
For the case of 4b6b there are GDLGDL = 20 zero-mean 
codes and only 16 are required. Thus, it has less low fre- 
quency energy than for the 3b4b code, however the first 
null bandwidth is 1.5 times of Polar. 

While the bandwidth performance is better for 4b6b 
than for Manchester the distortion it experiences from DC 
notching is worse as shown in figure 5. For both Manch- 
ester and 4b6b we use a multiple-correlator detectors with 
better ( but not perfect) matching to the notch filtered sig- 
nals. We allow twice as many correlators for 4b6b as for 
Manchester coding. We observe that the BER performance 
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for 4b6b with a notch filter 3dB BW 15of the signal BW is 
slightly worse than for Manchester encoding a with a notch 
filter 3dB BW 25bandwidth. Thus, to improve bandwidth 
efficiency, we must sacrifice both detector complexity and 
performance. 


IV. CONCLUSION 


In this paper, we have shown how we can make system 
level changes to better tolerate wide bandwidth notch filters 
for easier on-chip implementation and better DC offset can- 
cellation. We have also shown the feasibility of trading off 
bandwidth, detector complexity, and performance. Along 
the way, We investigated the performance of Manchester 
and NbMb codes for use in direct-conversion receivers that 
contain a notch filter, and we able demonstrate significant 
BER improvement when using Manchester encoded sig- 
nals and 2/4-correlation receivers. 
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Performance of Quadrature Amplitude Modulation 
with Nonlinear ‘Transmit Amplifiers 
in Rayleigh Fading 


George Chrisikos, Member, IEEE and Moe Z. Win', Senior Member, IEEE 


Abstract— A method is presented to compensate for the 
performance degradation of a 16-QAM modulation scheme 
due to nonlinear distortion which does not resort to compli- 
cated processing and equalization. The symbol error prob- 
ability performance of the proposed receiver is derived an- 
alytically and compared with the uncompensated demodu- 
lation technique. We consider a compensated diversity re- 
ceiver for independent Rayleigh fading channels, where the 
average signal-to-noise ratios of the diversity branches are 
not necessarily equal. It is shown that the compensated 
technique is a viable approach for such non-constant enve- 
lope higher order modulation schemes. 


I. INTRODUCTION 


The need to provide higher data throughput in digi- 
tal satellite and terrestrial wireless communication systems 
has prompted the use of non-constant envelope higher or- 
der modulation schemes such as M-ary quadrature am- 
plitude modulation (M-QAM). When this type of signal 
is passed through a nonlinear power amplifier, the signal 
suffers distortion and compression. This implies that the 
receiver must resort to complicated processing and equal- 
ization to compensate for the resulting distortion. Despite 
these problems, there is a need to use higher order modu- 
lations with relatively simple receivers and to characterize 
their performance in wireless fading channels. 

We consider maximal ratio combining (MRC) pre- 
detection diversity followed by a receiver which uses the 
minimum distance detection criterion. MRC is optimum 
in the sense that it maximizes the instantaneous output 
SNR and therefore also maximizes the average SNR of the 
combiner output [1-4]. 

Following MRC is a maximum a posteriori (MAP) deci- 
sion rule which translates to minimum distance detection. 
Therefore, the optimum decision rule dictates that the re- 
ceiver uses decision boundaries around each signal point 
that are constructed as the locus of equidistant points be- 
tween any two pairs of signals. 

In this paper, a compensated diversity receiver with 
modified decision regions is proposed to mitigate the effects 
of nonlinear distortion and fading. The exact expressions 
for the symbol error probability (SEP) are derived with- 
out resorting to union bound arguments and therefore, the 
results are accurate for all values of signal-to-noise ratios 
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(SNR’s). Analysis shows that the compensated technique 
gives improved performance over the standard 16-QAM de- 
tection method. 


Il. SYSTEM AND CHANNEL MODEL 


Power amplifiers such as traveling wave tubes (TWT’s) 
and solid state power amplifiers (SSPA’s) are typically op- 
erated close to saturation in order to maximize the power 
conversion efficiency. This in turn introduces undesirable 
amplitude and phase distortion to the modulated signal. 
This distortion is typically modeled in terms of an am- 
plitude and a phase perturbation termed AM/AM and 
AM/PM conversion [5-7]. Many wireless systems, such 
as cellular basestations, use SSPA’s which can be modeled 
simply in terms of their amplitude nonlinearity [8]. Typ- 
ically, and in this paper, the nonlinearity is modeled as a 
soft limiter (e.g. [9]) in which the output amplitude ®, (r) 
as a function of the input amplitude r is given by 


fe Ve |< at 
|r| Pa Tsat (1) 


a(r) = is 


Tsat sgn(r) if 


where the function sgn(-) returns the sign of the argument. 

Consider N-branch diversity reception in a Rayleigh fad- 
ing environment. The equivalent lowpass (ELP) version of 
the / branch output is given by! 


ry(t) = aye7* Ba (|sy(t)|)e? MELO} 4 y(t), L=1,...,N, 
(2) 
where n,(t) is an additive white Gaussian noise (AWGN) 
process, assumed to be independent of the received sig- 
nal with two-sided power spectral density Noz, s;(t) is the 
information-bearing signal with average symbol energy Eg, 
a, is the fading amplitude and ¢; is the phase of the /® di- 
versity branch. With MRC, the received signals from mul- 
tiple diversity branches are co-phased, weighted, and com- 
bined to maximize the output SNR. The instantaneous out- 
put SNR is given as ywrc = SEN 1, where y = a? Es/Not 
denotes the instantaneous SNR of the / diversity branch. 

For a Rayleigh fading channel, the p.d.f. of the a,’s is 
given by 


22 2 
ee Cae [94 


> 0 
Q, aS 


Joy (r) a ) (3) 


1The operator arg{-} denotes the angle of the argument. 
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where 2; = E {a7}, and the p.d.f. of the instantaneous 
branch SNR is given by 


1 ety OF 100 
= era eet 4 
In (2) 13 otherwise , (4) 


where the mean SNR of the J branch is Tl) = E{y} = 
E {a?} ae =i) ae We assume that the y,’s are indepen- 
dent with not necessarily equal average SNR. 


III. SYMBOL ERROR PROBABILITY ANALYSIS 


To compute the SEP, three cases are considered as fol- 
lows: 

Case A: Compensated Receiver - The transmitter is oper- 
ated in saturation and the receiver uses modified decision 
regions to compensate for the nonlinear distortion. 

Case B: Uncompensated Receiver - The transmitter is op- 
erated in saturation and the receiver uses the decision re- 
gions optimized for the nonsaturated symbol constellation. 

Case C: Linear Case - The transmitter is operated in the 
linear region and no nonlinear distortion is produced. 

In this paper, Case A is analyzed in the Rayleigh fading 
environment. The other cases were analyzed in [10] for the 
AWGN channel. 

In keeping with the notation in Figs. 1-4, the average 
symbol energy E, is the expected value of the signal vector. 
In the case of equiprobable symbols, E, = 77 eae, \s,|?, 
where s; is the i#8 signal vector. Referring to Fig. 1, the 
average symbol energy as a function of the signal amplitude 
is given by E, = 10a? where a corresponds to the voltage 
amplitude of one of the quadrature signal components. 

From Fig. 2, one sees that s; is at a radius rj, sg and 
sq are at a radius rg, and sg is at a radius rg. The radii 
can easily be expressed as r} = V2a, ro = V10a, and 
rz = 3V2a. Let rsat denote the saturation voltage level. 
We consider 3 separate ranges for rgat: 


Ro a (reat 5 B.S pea 
Ry ae esa By < Tsat = r3} (5) 


Reo = {Tat : 2V/2a <ieate< ro} 


When rsat € Fo, the transmitter is operated in the lin- 
ear region and no nonlinear distortion is produced. When 
Tsat € Ri then only the four outermost symbol points at 
radius rg are compressed. At a saturation level rsa, € Ra, 
the eight symbol points at radius rg are also compressed 
and the error probability is severely affected. In Ro, rsat is 
lower bounded by 2\/2a < reat. This corresponds to the lo- 
cation where the outer symbol points such as so, s3, and s4 
approach towards the inner most decision regions belonging 
to the symbols at radius r,. To facilitate the notation, the 
saturation amplitude level is defined as rsat = ¢,a where 
k € {1,2} denotes the two saturating cases considered, with 
k = 1 corresponding to rsat € Ry and k = 2 corresponding 
to rsat € Rg. As in [10], we defined €; = (¢? + 22)/4 and 
fo = 3(¢3 + 2/3)/4. Therefore the average signal energy 
can be expressed as E, = €,a? and the peak energy as 
Emax = (ft Oth yat=.Cp Had Gloria {1n2k. 


IV. DERIVATION OF THE CONDITIONAL SEP 


The performance degradation due to nonlinearities can 
be compensated at the receiver by taking into account the 
saturation level and appropriately modifying the decision 
boundaries to maintain minimum distance decoding. As 
seen in Figs. 2 and 3, the decision regions are no longer 
rectangular in shape and therefore we resort to a technique 
developed in [10] to compute the SEP. The method gives 
an exact solution in the form of a single exponential that 
can be integrated in one dimension. The integration limits 
are finite which yields improved numerical accuracy. 

In general, the decision region is a polygon surrounding 
each of the signal points. This polygon can be closed as 
in the case of the inner signal point sj or open with semi- 
infinite lines as it is for sg, $3, or sz. An error occurs if the 
noise vector falls outside of this polygon. Fig. 4 depicts the 
geometry for a signal s; and the notation used to describe 
the angles and lengths of the sides. The number of disjoint 
regions outside of the polygon, denoted as N;, is equal to 
the number of edges of the polygon surrounding signal s,;. 

The conditional probability that the noise vector falls in 
region 7 given ymrc and signal s; is transmitted is 

G) 2G) 
a = G, MRC | 48 
€x sin* (6 + Vv; ) 


(6) 


1 9{9) 
P {e; | sj, ymrc} = eel exp |- 


where f{?) = (A /a)?, and A” is the length from the 

j® signal point to the i8 decision boundary as depicted 
in Fig. 4. The conditional probability of error given yyrRc 
and signal s;, denoted by P {e | sj, MRC}; is simply the 
sum over the N; disjoint error regions which comprise the 
entire error space. The conditional SEP conditioned only 
upon yyrc is obtained by averaging P {e | 7 vrc } over 
the a priori probabilities of the message set {s;}, and is 
given by 


M 
P{e | _urc } = ae P{s;}P {e | sj, MRC} 


j=1 


P{s;}P{e; |s;,ymrc} (7) 
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where P {s,} is the probability that s; is transmitted. Sub- 
stituting (6) into (7) gives 


M WN; 


1 
P{e| unc} = ~~ +>. Pisy} 8) 
7— lot 
¥ gi) f2? sin? py” 
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0 €, sin“ (0 + ;"’) 


By the symmetry in the signal constellation, only the prob- 
abilities in the regions corresponding to signals s;, sg, and 
s3 need to be evaluated. For these signal points, the num- 
ber of disjoint error regions is given by Nj = 5,3,3 for 
j = 1,2,3, respectively. For rsazp € Ri the quantities 
fF, 6%, and 6 in (8) are calculated as a function of the 
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saturation parameter ¢, over the range 10 < ¢, < 3/2 in 
[10]. 

As the saturation level is increased such that rsa, = Coa 
with Co in the interval 2/2 < @ < /10, the signal points at 
a radius of rg are compressed and move toward the center of 
the signal constellation. In the first quadrant, the decision 
boundary between signals s; and sg as well as the boundary 
between s; and sq must be altered. As an example, the 
modified decision regions are depicted in Fig. 3 for the case 
of G; = 2/2. The SEP is similarly evaluated by (8) with 
k = 2 and the parameters in (8) are also given in [10]. 


V. DERIVATION OF THE SEP OVER THE CHANNEL 
ENSEMBLE 


The SEP is obtained by averaging the conditional SEP 
over the channel ensemble as, 


P. = Enune {P {e | mrc}} (9) 


where P {e | yr } is the SEP conditioned on the random 
variable yyrc and is given by (8). Using the technique of 
[3,4], by substituting (8) into (9) gives 
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where Vyun¢(jv) is the characteristic function (c.f.) of the 
combiner output SNR yrc given by 


N 
Vrrinc(Jv) +E {etme} =] [Uy (jv) (11) 


Je=il 
and W,,(jv) is the c.f. of the branch SNR given by 
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Substituting (11) and (12) into (10), the SEP in Rayleigh 
fading becomes 


Pe — Ss P {sj} 


1 


(13) 


tiem g,sin?(0 + w) 49 
0 7, | 4 sin?(6 + p) + ¢© sin? pT, 


VI. RESULTS AND CONCLUSION 


The expressions for the SEP are evaluated and plotted 
as a function of the average symbol SNR in Fig. 5 and 6. 
The curves are parameterized by the saturation level as 
denoted in the legend. The level of saturation is related to 
the operating point of the amplifier, or the input backoff. 
We define the level of saturation in dB as 10log(rsat/T3). 
The inner most curve represents the case of no saturation 


and in the absence of fading or equivalently, the classical 
result for 16-QAM with AWGN. 

As is evident from Fig. 5, 16-QAM suffers severe perfor- 
mance degradation with even a modest amount of satura- 
tion when the receiver does not compensate for the non- 
linear distortion. With compensated decision regions, the 
results show that the technique performs significantly bet- 
ter than without compensation. The following observations 
can be made at a symbol error probability of 10-°: With 
1 dB of saturation, the compensated technique performs 
less than 1 dB away from the linear 16-QAM benchmark 
whereas the uncompensated method performs about 2.5 dB 
worse. At 2 dB saturation, the compensated technique 
gives about a 6 dB improvement over the uncompensated 
technique. The results for 3 dB of saturation shows that 
the uncompensated technique shows a severe degradation 
and does not attain even a SEP of 10~?. 

In Fig. 6, the results for 4 and 8-branch MRC in 
Rayleigh fading are shown for the case of equal average 
SNR per branch. The average branch SNR is normalized 
by the number of diversity branches in the figure. Clearly 
8-branch MRC outperforms 4-branch MRC. It is also evi- 
dent that the compensated technique provides a benefit in 
that the results for 0 dB saturation to 3 dB saturation are 
only about 1 dB apart. Contrast this to the case in Fig. 5 
where the uncompensated technique degrades severely with 
saturation level even in the unfaded case. 
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Fig. 4. The geometry for the decision region corresponding to the 


Fig. 1. Nondistorted 16-QAM signal constellation and the optimum signal point s;. 
decision boundaries. 
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Fig. 2. First quadrant of the compressed signal constellation with 
r2 <Tsat < 173. The compensated decision boundaries are shown 
with a solid line and the uncompensated decision boundaries are 
shown with a dashed line. 


Fig. 5. The SEP of 16-QAM with and without compensated decision 
regions as a function of the average SNR. The level of saturation 
in dB is defined as 10 log(rsat/r3). 


Symbol Error Probability 


“| -@ 0 db sat. unfaded 
"| — 04dB sat. : 


i: P= 1B sat. comp. 
:itti] —— 2dB sat. comp. 
iiiil] —- 3 dB sat. comp 


18 20 22 24 
Normalized Branch Es/No dB 


Fig. 3. First quadrant of the compressed signal constellation with 


Tsat < 12. The compensated decision boundaries are shown with Fig. 6. The SEP of 16-QAM with compensated decision regions as a 

a solid line and the uncompensated decision boundaries are shown function of the average branch SNR (normalized by the number 

by the horizontal and vertical dashed lines. of diversity branches) in Rayleigh fading with N=4 and N=8 
diversity branches. 
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Abstract 


This paper reports progress in current work having the objective of determining channel impairment 


mitigation requirements for IMT2000-type systems 
microcellular configurations. 


using urban vehicular mobile radio channels in 


Maximum data rates that can be supported without channel protection are 


estimated, and improvements that would result from employing a RAKE receiver on the measured channels are 


reported. 


Introduction 


The ITU-R has recently published a standard for 
application in 3™ generation mobile radio systems, 
referred to as IMT2000. This standard allows for 
TDMA and Direct Sequence Spread Spectrum CDMA 
with several types of QPSK modulation. To combat 
frequency-selective fading, the TDMA systems would 
be expected to employ equalisation, whereas COMA 
systems would rely on RAKE receivers. Both may also 
need to employ additional channel protection methods 
such as antenna diversity. Initial progress in the 
assessment of requirements for additional impairment 
mitigation on channels with urban microcellular 
configurations is reported here. The ultimate objective 
is to enable conclusions regarding the appropriateness 
of IMT2000-type systems in a number of bands above 
1 GHz. To this end, wideband measurements were 
made in a minivan moving in traffic at typical urban 
vehicle speeds. Data from these experiments have been 
analysed and results are reported. 


Data analysis 


During measurements for this project, a 
5 Mchps, 511 bit pseudo noise (PN) sequence, BPSK 
modulated on a 1.85 GHz carrier was continuously 
transmitted from a monopole at curbside, 6 m above 
street level. Reception was via a monopole at the 
minivan, where received PN sequences were directly 
sampled and recorded. Data series were processed after 
the measurements to derive time series of impulse 
response estimates (IREs) with 6.66 ms_ spacing 
between consecutive IREs. This was done in such a 
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manner as to preserve channel amplitude and phase 
fluctuations from one IRE to another. 


For M-PSK modulation [1,2], much can be 
determined about the quality of fading radio links from 
their equivalent CW envelope fading distributions and 
their frequency correlation functions (FCFs). For such 
statistical descriptors to be representative of the channel 
process they must be derived from intervals in 
measured data where ergodicity holds. This is the case 
if amplitude variations in time can be modelled as wide 
sense stationary (WSS) and Gaussian [3]. 


The WSS criterion was verified by Fourier 
transforming each IRE, then applying the RUN test [3] 
to the real part of the resulting time series at the spectral 
line 19 kHz above midband. This line was taken to be 
representative since physical considerations indicate it 
is unlikely that the WSS property would change over 
the small fractional bandwidth occupied by the probing 
signal. A quadrature component of the signal was 
chosen for this test because envelope values are derived 
through a nonlinear operation, which can result in a 
time-varying mean. 


The Gaussian criterion for ergodicity must be 
verified by methods other than time series analysis. One 
way is to make a physical argument based on 
knowledge that the sum of multiple (>7 [7]) sinusoids 
has a distribution that approaches Gaussian. The 
number of multipath groups detected in IREs was used 
herein to indicate when this was reasonable. 


Ergodicity, which allows the use of time series 
to replace ensembles, is crucial in the analysis of 


measured data. This is because it is only under ergodic 
conditions that characteristics truly 
representative of the process under study, rather than 
just those of the sampled data, can be determined. If 
ergodicity could not be verified in the work reported 
here, the associated data were discarded, and the 
search began anew for data intervals with the desired 
properties. 


Envelope fading at the +19 kHz spectral line 
was estimated and compared with Rician and Rayleigh 
models using the method of moments. Modelling was 
accepted or rejected based on the Kolmogorov-Smirnov 
test, and data were discarded in cases where these 
models could not be applied. The decibel equivalent 
(K) of the random-to-specular power ratio for the 
Rician models was then used to decide if a Rayleigh 
(K<0 for engineering purposes) or a Rician model was 
best. Rayleigh fading was taken as an indication that 
quadrature channel components had a zero mean. This 
information was used in the interpretation of 
subsequent analysis results, discussed below. 


FCFs are required to calculate the probability 
of error on digital radio links [1]. These functions 
reflect complex cross correlations among spectral lines 
in a series of time-varying (fading) channel transfer 
function estimates (TFEs), each of which can be taken 
as the Fourier transform of its IRE. If there is a 
possibility of either a frequency-dependent transfer 
function mean, or correlated scattering, assumptions in 
the derivation relating a channel’s FCF to its average 
power delay profile (APDP) are violated. In such 
cases, the normally-used Fourier transform relationship 
between the two cannot be applied. Even when the 
assumptions are valid, the Fourier transform result must 
be adjusted to compensate for any nonuniformities in 
the shape of the measurement system transfer function 
[4]. The effect of this compensation is insignificant on 
most Rayleigh channels where correlation drops off 
rapidly as a function of frequency. However, it can be 
important when there is Rician fading, since the 
nonzero mean maintains high correlation over wider 
bandwidths. An alternative to the Fourier transform, 
which avoids the uncorrelated scattering requirement, is 


to cross correlate the voltage in each spectral line (V, ) 


in the TFEs with reference voltage (Vir) at a spectral 


line near midband. A true correlation, rather than a 
covariance should be used, given by 


Vu V,. V) 


RV,.p\ = 
‘ Vu ref? Veit V,, V) 4 
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where, 


1< P 
Ts Ve ? V;) a — Vs Vij a 
No 
V, is the complex spectral voltage at frequency f,, the 


index “i”orders the frequencies across _ the 
measurement system bandwidth, “ 7” orders the IREs 


and WN is the number of IREs in the series under study. 
The normalisation in (1) provides compensation for the 
shape of the probing system transfer function. This 
method was used in all processing reported here by 
computing (1) for all “i”. Fig. 1 shows FCFs for a 7 s 
long interval of data recorded on a line-of-sight (LOS) 
street section, where envelope fading followed a Rician 
distribution for K=+9 dB. The solid curve represents 
the estimate (FCE), derived from (1). The dashed curve 
is the estimate (denoted FCP) derived as a Fourier 
transform of the APDP, without compensation for the 
spectral shape of the probing signal. The dashed curve 
with crosses is the FCP after adjustment. It can be seen 
that there is good correspondence between the adjusted 
FCP and the FCE. However, close examination reveals 
asymmetries in the FCE that could be a result of either 
a frequency-dependent mean, or correlated scattering. 
These would not have been detected using the Fourier 
transform, which forces the FCP to be symmetrical. 
Although the difference is not great in the example 
shown, it can sometimes be significant. 


\\ Solid: FCE 
Dashed: FCP i 


\ Crosses: Adjusted FCP. 
\ H 


Correlation Coefficient 


Frequency wrt Midband (MHz) 


Fig. 1: Estimates of frequency correlation on a 


channel with Rician fading 


It can also be seen in Fig. 1 that correlation 
remains high across the entire measurement system 
bandwidth. This precludes the use of figures of merit, 
such as 50% correlation bandwidth and corresponding 
RMS delay spreads in assessing error rate performance 
on Rician channels. 


When there is uncorrelated scattering and the 
transfer function mean is zero, or independent of 


frequency, it is not necessary to explicitly specify the 
frequencies in (1) by subscripts “ref” and “i”. 
Instead, the FCF is dependent only on the frequency 
difference Af =(f; — f,.¢)- However, when these 


conditions do not hold, it is necessary to estimate 
correlations among specific frequencies, rather than just 
for frequency differences. Results must be portrayed 
by a two dimensional function. It has been shown that 
there is a useable relationship between the bandwidth- 
normalised volume (Vol), defined by the magnitude of 
this function, and error rates at irreducible error floors 
on frequency selective fading channels [2]. 


Herein, Vol was determined for all Rayleigh 
channels and then applied in the equations of Appendix 
I in [2] to determine data rates, SNRs and error 
probabilities at which error rate floors would occur. 
When such error floors occur at BERs greater than the 
system specification, channel protection is needed. 
Since this was determined to be a requirement to meet 
IMT2000 specifications for all Rayleigh data sections, 
an investigation was made of improvements that would 
result from using a RAKE receiver. Equaliser and 
antenna diversity requirements have not yet been 
studied at the time of writing. 


Relative powers in addition to envelope fading 
distributions, and cross correlations of resolvable 
multipath groups in a 10 MHz bandwidth were 
estimated. Such information can be used along with 
equations from [5] to estimate the probability 
distribution for SNR, given maximal ratio (MR) 
combining and Rayleigh fading for all resolvable 
multipath components. However, analysis results show 
it is rare that all resolvable components exhibit 
Rayleigh fading. Implications of this for use of the 
equations in [5] have yet to be assessed. Thus, 
empirical probability distributions for SNR after 
combining were estimated using equations for MR 
combining from [6]. Improvements in median SNR as 
well as decreases in the dynamic range of fading as a 
result of the combining are reported. 


Results 


At the time of writing, a total of 198 s of 
recordings have been analysed. It was found that 
ergodicity could be argued for disjoint subintervals that 
together comprise 138 s of the 198 s. These were from 
measurements made during 1 km long measurement 
runs in downtown Ottawa. The lengths of WSS 
subintervals ranged from 2 s to 11 s. Only 39 s of the 
analysed data came from LOS street sections, even 
though there were about an equal number of raw data 
recordings under the LOS and_ non-line-of-sight 
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(NLOS) conditions. It is also interesting that when 
WSS conditions were found in LOS, the corresponding 
subintervals were shorter than in NLOS cases, and had 
a maximum of only 5 s. Physical explanations have not 
yet been determined. 


CW envelope fading in LOS was Rician with 
random-to-specular power ratios (K) between +2.6 dB 
and +8.7 dB. As for the result in Fig. 1, FCEs in these 
cases remained very high (>0.8) across most of the 
10 MHz measurement bandwidth. Where there was no 
LOS, envelope fading corresponded to Rayleigh models 
or Rician models with K values less than 2 dB. Double- 
sided 50% correlation bandwidths ranged from 
0.8 MHz to almost 3 MHz. Values for Vol, which 
ranged from .93 to .99 were used to estimate error rate 
floors and corresponding break point SNRs in Rayleigh 
fading. This showed that DQPSK data rates up to 
25 kbps could be supported with error rates much less 
than the 10° IMT2000 specification without channel 
protection. However for the next investigated data rate 
(48 kbps), and all higher rates, some form of protection 
would be needed. Based on the average 50% correlation 
bandwidth of 1.7 MHz on the Rayleigh channels, a 
rough estimate is that DQPSK data rates on Rayleigh 
channels should be less than 2% of a channel’s 50% 
correlation bandwidth to achieve error rates of 10° or 
less without protection. 


Powers, and correlations among resolvable 
multipath groups during fading were analysed using the 
earliest received multipath group (group 1) as a 
reference. The relative powers of group 2 ranged 
between 0 dB and -28 dB with a median of -2.5 dB, and 
those of group 3 ranged between 0 dB and -29 dB, with 
a median of -13.5 dB. Cross correlations of fading in 
group 1 with that in groups 2 and 3 ranged between 
0.96 and 0.02 and between 0.91 and 0.005, respectively. 
Only the first 3 groups were analysed. 


Fig. 2 shows distribution functions for SNR. 
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Fig. 2. CDFs for signal-to-noise ratio. Solid: Group 1 
only, Dashed: After MR combining of 
groups 1-to-3. 


The solid curve corresponds to a case in which only one 
RAKE finger output, synchronised to the strongest 
multipath group is used in the receiver. The dashed 
curve is the SNR distribution for a case in which RAKE 
outputs synchronised to the three strongest groups are 
combined in a maximal ratio sense. It can be seen that 
there would be two improvements as a result of the 
combining: the dynamic range of fading between the 
10" and 90" percentiles would be reduced by 4.3 dB 
and the median SNR would be increased by 4.4 dB. 


Fig 3 shows CDFs for similar improvements in 
median SNR and decrease in dynamic range that would 
occur over all Rayleigh fading time intervals that were 
studied. 
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Fig. 3: CDFs for reduction in dynamic range (solid) and 


increase in median SNR (dashed) with 
combining. 


Such improvements are considered significant, but in 
reality, they could be offset by losses due to errors in 
delay tracking and channel phase estimation. 


Conclusions 


This paper shows initial results from the 
analysis of experimentally-estimated microcellular 
channel impulse response time series. 


It is shown that in NLOS circumstances, 
where there is Rayleigh fading, irreducible error rate 
floors at error probabilities greater than 10° would be 
encountered with DQPSK transmission at and above 
48 kbps. This rate corresponds to about 2% of the 
average 50% correlation bandwidth. 


Where there was LOS _ between the 
measurement system transmitter and receiver, fading 
was Rician (2 dB <K< 12 dB). Frequency correlation 
remained high (>0.8) across the entire 10 MHz 
measurement bandwidth so that 50% correlation 
bandwidths cannot be defined. Such cases would 
represent flat fading channels on which no channel 
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protection would be needed to meet IMT2000 
specifications. 


Improvements in channel conditions on the 
NLOS channels that would result from the use of a 
RAKE receiver in CDMA systems were also studied. It 
was concluded that increases in median SNR of 
between 0 dB and 6 dB could be achieved by maximal 
ratio combining of the first 3 multipath groups. 
Additionally, the dynamic range of fading would 
decrease by amounts ranging between 0 dB and 9 dB. 


All results presented here are to be refined 
through the analysis of more data. Future work will also 
involve an investigation into whether the improvements 
afforded by use of a RAKE receiver are sufficient to 
meet IMT2000 specifications. 
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Abstract—In this paper, in-house developed 3D 
FEM/PO and FEM/UTD hybrid methods are presented. 
These techniques are shown to be accurate and efficient 
when they are applied to analyze antennas mounted on a 
large complex structure. The equivalent sources are ob- 
tained by solving an FEM problem over the antenna and 
its vicinity in conjunction with an absorbing boundary 
condition (ABC) and/or an impedance boundary con- 
dition (IBC). Based on the equivalent sources, the sec- 
ondary radiation effects arising from mounting struc- 
tures, e.g. helicopter bodies, are calculated using physi- 
cal optics (PO) or uniform theory of diffraction (UTD). 
To show the capability of the hybrid techniques, an an- 
tenna on various mounting structures, such as a plate, a 
cylinder and a helicopter airframe, are investigated. The 
radiation patterns predicted by the hybrid methods are 
compared very well with FDTD or measurements show- 
ing the validity of the codes. 


I. INTRODUCTION 


There have been several hybrid techniques for an- 
alyzing radiation systems which could not be effi- 
ciently handled by single method alone [1]. The 
analysis of radiation characteristics of an antenna 
on or near a large three-dimensional metallic body 
is the case where most low frequency methods, 
such as method of moments (MOM), finite ele- 
ment method (FEM) and finite difference time do- 
main (FDTD), are computationally prohibitive be- 
cause of the enormous requirement of the computer 
storage. Usually, the low frequency methods are re- 
stricted to a radiation system which is not large in 
terms of wavelength. On the other hand, GO (Geo- 
metrical Optics) and PO are applicable to a metallic 
body which is electrically large. However, the pri- 
mary shortcoming of those high frequency methods 
is the treatment of irregular surfaces; the diffraction 
coefficients are known only for simple canonical ge- 
ometries, i.e., wedges, sphere, and cylinder. 

Most hybrid techniques devel- 
oped so far are mainly based on the method of mo- 
ments (MOM) and high-frequency asymptotic tech- 
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niques (HFATs) [2]. As a result, these hybrid meth- 
ods are not suitable for problems in which material 
inhomogeneities and anisotropies exist. The finite 
element method (FEM) was proven to be one of the 
most suitable methods to treat material and geo- 
metrical complexities. The first hybridization of the 
FEM with HFATs was accomplished by Jin et al. [3] 
who combined the FEM technique with shooting 
and bouncing ray (SBR) method called XPATCH 
to analyze scattering problems. In this paper, in- 
house developed 3D FEM/PO and FEM/UTD hy- 
brid methods are presented to analyze antennas 
mounted on a large complex structure. To show 
the capability of these techniques (FEM/PO and 
FEM/UTD), an antenna on a plate, a cylinder, and 
a helicopter airframe are investigated. 


II]. VALIDATION OF 3D FEM/PO AnD 
FEM/UTD 


Figure 1 shows a /4 monopole located at the 
center of a conducting plate. The size of the plate 
is 4X in both directions a and 6. The computational 
domain of the FEM and PO surface was discretized 
by I-DEAS mesher. 

The same problem was solved using the hybrid 
FEM/UTD and a pure UTD for comparison pur- 
poses. As for the pure UTD, the current distribu- 
tion on the monopole was chosen to be sinusoidal 
although it is not a correct representation since the 
presence of the plate is not taken into account. Nev- 
ertheless, the elevation patterns obtain from these 
three methods exhibit a very good agreement as can 
be seen in Figure 2. It is expected that as the fre- 
quency of operation increases the agreement among 
those results will become even better. 

The surface of many practical airframes can be 
represented by a cylindrical structure. Although 
the condition for the PO approximation is not fully 
satisfied, the FEM/PO method can still be utilized 
when the radius of curvature is electrically large. 
However, the FEM/PO may suffer inaccuracies due 
to creeping waves. In order to obtain more accu- 
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Fig. 1. Geometry and mesh for a monopole on a square plate 
(a =b=4) and c= 4/4). 


rate predictions, the UTD should be used. In UTD, 
the creeping wave is expressed by Fock’s functions 
and attenuation constants [4]. In Figure 3, a short 
dipole on a circular cylinder is depicted highlight- 
ing the FEM computational domain and the PO 
surface. The bottom surface of the FEM domain 
follows the same radius of curvature as the cylin- 
der, thus most major interactions between the an- 
tenna and the cylinder are appropriately taken into 
account. Therefore, the computed equivalent cur- 
rents are considered accurate. The features of the 
curved structure can be included in the total radi- 
ation fields by using PO or UTD. The roll-plane 
has been predicted and compared with its analytic 
solution shown in Figure 4. Multiple encircling rays 
are not included because the creeping waves are ex- 
ponentially decaying along the surface. As can be 
seen in Figure 4, the comparison among these three 
sets of data is very good even in the deep shadow 
region. 

To show the capability of the hybrid method, a 
more practical problem was analyzed. The geome- 
try of the problem is illustrated in Figure 5. A »/4 
monopole is located on the tail boom of the NASA 
scale helicopter. As can be seen, the FEM region is 
a tiny volume having a size of 0.5 x 0.5A x 0.6 and 
contains the monopole antenna. The PO region is 
the surface of the NASA airframe having length of 
about 554. Despite its size, the FDTD analysis was 
applied, which results in a large computational do- 
main (184 x 440 x 98 cells). For the FEM/PO analy- 
sis, average discretization sizes of \/10 and \/3 were 
utilized for the FEM and the PO domains, respec- 
tively. Figure 6 shows co-polarized radiation pat- 
terns of the \/4 monopole in the roll plane. The pre- 


--- UTD 
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Fig. 2. Computed elevation plane patterns of a \/4 monopole 
on a square ground plane. 


dictions obtained from the FEM/PO and the FDTD 
are compared with measurements. As can be seen, 
the agreement between the FEM/PO and the mea- 
surements is better than that of 4-th order FDTD, 
especially in the lit zone. 


III. CONCLUSIONS 


Two hybrid techniques (FEM/PO 
and FEM/UTD) were presented and used to take 
into account the influences of a mounting structure 
on the radiation patterns of an antenna. These hy- 
brid techniques are especially useful when one wants 
to compute the radiation patterns of an antenna in 
the presence of a large mounting structure. With 
the help of FEM’s versatility, the FEM/PO and 
FEM/UTD permit the handling of numerous types 
of antennas having complexities in terms of antenna 
shapes and embedded materials. 
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Fig. 5. A monopole antenna mounted on the NASA scale 


helicopter. 
Fig. 3. An antenna mounted on a circular cylinder. 
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. ; 4 Fig. 6. Normalized radiation patterns of a monopole antenna 
Fig. 4. Comparison of roll-plane patterns for a dipole on a on the NASA scale helicopter. Roll-plane patterns for Eg 


cylinder (a = 0.5 and 6b = 4X). The predictions obtained polarization are predicted using FDTD and FEM/PO and 
from numerical methods (FEM/PO and UTD) are compared compared with measurements. 


with the analytic solution. 
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Abstract 


Three planar rectennas (rectifying antennas) on different PCB materials have been designed. Patch antennas were 
designed with a MOM (Method of Moments)-based simulator while in RF to DC conversion circuits microstrip and 
discrete rectifier diode models were utilized in circuit simulations. The goal was to achieve maximum antenna and 
conversion efficiency at the desired reception power level. 80% antenna efficiency and 70% conversion efficiency 
was achieved in simulations. The terms for achieving a sufficient reception power level were considered and com- 
pared to the performance of the designed antennas. The accuracy requirements for the realization of these rectenna 
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structures were also defined with the aid of both simulation and measurement results. 


1. Introduction 


As operating voltages of semiconductor devices are fast 
dropping towards 1V and the most of this development 
is driven by the need of low-power components for 
portable wireless applications, the interest in utilization 
of RF or microwave power for the operation of these 
devices has increased. Some RFID (Radio Frequency 
Identification) and telemetry applications [1],[2] have 
already utilized this “power source’. Because mere 
free-space attenuation of a microwave-frequency field 
is quite high, antenna and RF to DC conversion per- 
formance must be optimized in order to gain useful 
power levels. Some earlier studies indicate that conver- 
sion efficiencies up to 80% can be achieved at GHz- 
frequencies [3],[4]. 


Three designs of planar rectenna structures are pre- 
sented in this paper. The comparison is made between 
the three different materials on which the antennas and 
conversion circuits have been designed. In the next 
section, issues concerning both antenna and rectifier 
circuit design for wireless power transfer are addressed 
and designs are described. Simulation and measurement 
results are then given and discussed. Finally, some con- 
clusions are made and future actions are given. 


2. Power transfer and RF to DC 
conversion 


Power transfer in free space is commonly characterized 
with Friis power transmission equation [5], 


P.=P 


GG, 
(4nR y 
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which relates the transmitted and received power (P, 
and P,, respectively) to antenna gains (G, and G,), 
wavelength (A) and transfer distance (R). 


Assuming unity-gain antennas, the theoretical attenua- 
tion (P,/P,) at a distance of 2 meters at 2.45GHz is ap- 
proximately 46dB. Considering 20dBm transmitted 
power (generally the maximum permitted radiated 
power in 2.45GHz ISM band for RFID applications), in 
order to achieve a practical reception power level of 
OdBm, at least 26dB overall antenna gain (G,G,) is re- 
quired. 


2.1. Antenna 


Many antennas interact with objects that are placed 
close to them and must therefore be mounted at a suffi- 
cient distance from walls or at the top of masts. Also, 
many antennas tend to be perturbed when placed in the 
close vicinity of another antenna. In rather sharp con- 
trast, microstrip antennas are somewhat shielded by the 
presence of a ground plane, so whatever is located in 
the back of them does not significantly affect their op- 
eration. This means, in particular, that microstrip anten- 
nas can be mounted directly on the walls of buildings or 
on the top surface of an object and are thus less con- 
spicuous than other antennas. 


Microstrip antennas are planar and thus they can be 
manufactured on a printed circuit board. This makes 
them as an attractive type of antenna due to their low 
cost, conformability, and ease of manufacture. The pla- 
nar structure is very suitable for rectenna applications 
because planar antennas are thin. Patch antennas are a 
widely studied group of microstrip antennas [6]. Patch 
antennas provide an easy and cheap way of manufac- 
turing a good antenna. Manufacturing process is the 
same as for printed circuit boards and actually patches 
are usually printed on a circuit board. The patch ge- 
ometry may vary from rectangular to circular or what- 


ever shape depending on the application requirements. 
Patch antennas have the largest gain compared to di- 
poles and pifas. 


The simplest way to feed a patch antenna is to connect 
a microstrip line directly to the edge of the patch, with 
both elements located on the same substrate [7]. For the 
proposed rectenna element the feedline is connected to 
the patch within an inset cut in the patch. It was found 
experimentally that cutting such an inset does not sig- 
nificantly affect the resonant frequency but that it modi- 
fies the input impedance. By properly selecting the 
depth of the inset, the matching to the transmission line 
can be done without any additional matching elements. 


Patch antennas were designed for three different printed 
circuit board materials listed in Table 1. The shown 
relative dielectric constant and loss tangent values for 
FR4 are values commonly found in literature since ac- 
curate specifications for the used board material were 
not available. RT 6010 and RT 5870 are low-loss high- 
frequency Duroids® by Rogers. Antenna layouts are 
represented in Figure 1 where also the rectifier circuits 
are shown. 


Table 1 Substrate properties and antenna dimensions. 
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Figure 1 Rectenna layouts for FR4 (upper), RT 6010 (lower 
left) and RT 5870 (lower right). The rectangular see rep- 
resent the size of the ground plane, which extends 700mils 
over three sides and 350mils over the feed side of the patch. 
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2.2. Rectifier 


The RF to DC conversion circuit is formed of HP 
HSMS-2852 zero-bias Shottky detector diode pair, a 
capacitor (acts as both DC power storage and RF by- 
pass capacitor) and a load resistor, as can be seen in 
Figure 1. Zero-bias diodes are needed because no ex- 
ternal bias is available. These diodes have relatively 
low barrier height (high saturation current) which, 
compared to externally biased detector diodes, results in 
a higher output voltage at low power levels. A major 
drawback is higher series resistance causing higher re- 
sistive losses. 


The diodes in HSMS-2852 are connected as a voltage 
doubler circuit enabling a higher output DC voltage. 
The diode pair is matched to the antenna impedance 
(5092) by a series transmission line and an open stub 
(Figure 1). The matching was optimized for 0dBm in- 
put power at 2.45GHz. An equivalent model provided 
by the diode manufacturer was used to determine the 
input impedance of the diode at its operation condi- 
tions. The value of the resistor, which represents the 
load for the conversion circuit, was determined so that 
highest RF to DC conversion efficiency was achieved. 
As a result, a 4kQ load was used. 


Calculating the input impedance of the diode from the 
equivalent model gives only a coarse estimation, be- 
cause the effects of substrate and external components 
are not included [8]. These effects can, however, be 
taken into account with a proper circuit simulator, such 
as the one used here. 


3. Results and discussion 


3.1. Antenna performance 


The three designed antennas were simulated with HP 
ADS (Advanced Design System) Momentum software. 
The simulated antenna layouts (feedline extended to the 
board edge, rectifier circuitry omitted) were then 
utilized in manufacturing the antennas by an etching 
process. The S-parameters of the manufactured 
antennas were finally measured with a vector network 
analyzer (VNA) to verify the designs. Both simulation 
and measurement results (S11) are represented in 
Figure 2. 


The differences between simulated and measured return 
loss of the RT 6010 antenna were mainly due to toler- 
ances in both material properties and manufacturing 
process (etching), where 5-10mil dimensional inaccu- 
racy can be expected. The effect of these tolerances was 
emphasized because of the high dielectric constant of 
this substrate material, causing also a quite narrow 
bandwidth. As the dashed line in Figure 2 indicate, the 
results of simulating the antenna with the size of 765 x 


765mils and the substrate dielectric constant of 10.45 
(tolerance +£0.25 given by the manufacturer) agreed 
well with the measured results. 


Simulated and measured results, especially for the an- 
tenna resonant frequency, agreed fairly well for RT 
5870. The design on this board material achieved also 
the widest bandwidth. When firiding a reason for the 
mismatch between simulation and measurement results 
for FR4, it was discovered that the dielectric thickness 
of the used board material was more close to S5mils 
rather than 62mils, the value that was used in simula- 
tions. Results of the simulation with substrate thickness 
of 5Smils and relative dielectric constant of 4.3 (dashed 
line in Figure 2) agreed very well to the measured ones. 
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Figure 2 Return loss simulation (triangle) and measurement 
(solid) results for FR4 (upper), RT 6010 (middle) and RT 5870 
(lower) patch antennas. The dashed line for FR4 and RT 
6010 represents simulation with modified antenna properties. 
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Gain and efficiency of the antennas were also simu- 
lated. The results are represented in Table 2. The per- 
formance of RT 5870 is best also in this regard. 


Table 2 Simulated gain and efficiency of the antennas. 


ee] [rool 
D 
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3.2. Conversion circuit simulations 


The performance of the conversion circuit was simu- 
lated with HP ADS Circuit Simulator. The results are 
represented in Figure 3. 
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Figure 3 Simulated return loss (upper), output voltage (mid- 
dle) and conversion efficiency (lower) of the three RF to DC 
conversion circuits as the function of input power (solid line 
for FR4, diamond-line for RT 6010 and triangle-line for RT 
5870) at 2.45GHz. 


As the simulation results indicate, a good input match 
was obtained in the vicinity of 0dBm input power for 


all designs. Also the results for output DC voltage and 
conversion efficiency were quite similar, RT 5870 
achieving the highest conversion efficiency of 70% at 
the +5dBm input power. Although the differences in 
optimal performance between substrate materials are 
small, the effect of the etching tolerances on the quality 
of the input match is most severe for RT 6010, as was 
noticed in the antenna case. 


3.3. Rectenna measurements 


A preliminary testing on the rectennas shown in Figure 
1 was done by measuring the resulting output DC volt- 
age with a transmitter-receiver configuration. A horn 
antenna, having a 15dB simulated gain, was used to 
transmit the test power of 20dBm. First the transmitter 
frequency was varied in the vicinity of 2.45GHz in or- 
der to find the best operating frequency of the rectenna. 
This was done because rectifier circuits alone had not 
been measured yet and antenna dimensions were from 
the original simulations (Table 1). The location of the 
rectenna was then varied to find the peak in the output 
voltage and the transfer distance for desired voltage 
level was finally measured. Results are shown in Table 
3: 


Table 3 Rectenna measurement results. 


RT 6010 | RT 5870 


Rectenna 
Measurement 


Frequency for ne 2 556 2.358 Dea 
02 0.3 0.4 


Transfer distance for 
1Vpc output [m] 


Considering the theoretical gain of the available trans- 
mitter antenna and simulated gain of the receiver patch 
antennas (including the effect of simulated efficiency), 
the estimated received power level at 1m transfer dis- 
tance is -SdBm - 0dBm. Measured received power lev- 
els were, however, at the level of -7dBm - —15dBm. 
The difference is mainly due to additional transfer 
losses and lack of measured gain specification of both 
transmitting and receiving antennas. The low output 
voltage values in Table 3 indicate additional losses 
between antenna and rectifier circuits due to impedance 
mismatch. This can be seen also by comparing the an- 
tenna measurement results in Figure 2 with the frequen- 
cies given in Table 3. 


4. Conclusions 


Both simulation and measurement results of the 
2.45GHz rectennas designed into three different sub- 
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strate materials indicate that the low-loss high-fre- 
quency Duroid RT 5870 possessing a thick, low €, di- 
electric is most suitable for this purpose. Largest an- 
tenna bandwidth was simulated/measured and highest 
conversion efficiency and output voltage was simulated 
for the rectifier circuit designed on this substrate. The 
two major drawbacks are larger antenna area (and vol- 
ume) and higher price compared to FR4. The smallest 
antenna is realizable with RT 6010, but narrow band- 
width, high manufacturing accuracy requirements and 
very high price reduces its general usability. 


The RF to DC conversion circuit performance will be 
measured next for optimization purposes. Also the ra- 
diation properties of both transmitter and receiving an- 
tenna will be measured in order to determine the overall 
efficiency of the rectenna. In order to increase the out- 
put DC voltage at the present transmitter RF power 
level the overall antenna gain must be increased. 
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Abstract- A 2-D antenna array using a planar quasi-Yagi antenna element is presented. The 
X-band array prototype has a broad bandwidth of 40% (VSWR <2). Measured radiation 
pattern shows a well defined end-fire main beam with 3-dB beamwidth of 12° at 9 GHz and 
gain ranging between 20 to 13.6 dB across the entire operating band. 


I. Introduction 

Applications for phased array antennas 
often require operation over a wide 
frequency range. Several printed antennas 
have been developed to address this issue 
by employing various techniques. For 
example, patch antennas fabricated using 
multilayer structures [1] show a great 
increase in bandwidth as compared to 
conventional patch antennas. However, 
often times this comes at the cost of added 
fabrication complexity, and in some cases 
deterioration in radiation properties, such as 
front-to-back ratio near the band edges. 
Vivaldi and other tapered slot antennas 
(TSA) are widely used in broadband phased 
arrays [2]. Difficulties surrounding the use 
of such antennas include the additional 
requirement of microstrip-to-slot or CPW- 
to-slot transitions as part of the feeding 
network, leading to increased design 
complexity. Additionally, MMIC 
integration may be limited by the 
requirement that electrically thin substrates 
are necessary to ensure good radiation 
patterns. 

A compact, broadband, highly-efficient 
quasi-Yagi antenna, printed on high 
permittivity substrate (e.g. Duroid, 
Alumina) has been recently developed at 
UCLA [3,4]. A schematic of the quasi-Yagi 
antenna element is shown in Fig. 1. Similar 
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to the traditional Yagi-Uda antenna, the 
quasi- Yagi antenna consists of three main 
components, a driver dipole along with 
parasitic director and reflector elements. 
The unique feature of this uniplanar antenna 
is that the truncated microstrip ground plane 
serves as the reflecting element, thus 
eliminating the need for an additional 
reflector dipole. This results in a very 
compact design (<Ao/2) that is readily 
compatible with any microstrip-based 
MMIC circuitry. The single element quasi- 
Yagi antenna has broad bandwidth, over 
50% in both simulation and measurement. 


Microstrip Feed 


Fig. 1. Single element quasi-Yagi 
antenna. 


It radiates a well defined end-fire beam with 
front-to-back ratio better than 15 dB and 
cross polarization level less than -12dB 
across the entire X-band (8-12 GHz). 

In addition, the mutual coupling levels were 
measured to be less than —20dB for adjacent 
elements separated by 15 mm (Ao/2 at 10 
GHz) in both the vertical and horizontal 
planes, making the quasi- Yagi antenna an 
ideal candidate as an array element antenna 
[S] 

In previous work, the viability of the 
quasi-Yagi antenna as an array element was 
demonstrated in both active and passive 
eight element uniplanar arrays [6,7]. In this 
paper, we present a 64-element 2-D antenna 
array as an extension to this work. 


Fig. 2. 64-element 2-D antenna array. 


II. 2-D Array Design 

The X-band 2-D array was constructed 
using eight identical eight-element “cards” 
(Fig. 2). The layout for each single “card” 
requires only simple uniplanar fabrication 
and can be readily integrated with 
amplifiers and phase shifters without the use 
of elaborate routing schemes or using 
multilayer structures as previously 
demonstrated [6,7] to implement a fully 
functional active phased array. 

Each eight-element card was fabricated 
on 0.635 mm thick Duroid with €,= 10.2. 
The array spacing is chosen to be Ao/2 at the 
center frequency, 10 GHz. Detailed 
dimensions of the X-band quasi- Yagi 
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antenna shown in Fig. 1 are as follows: W,; = 
W3 = W4 = Ws == Wari = Wai = 0.6, W> oF P23 
Wo =Ss = So = 0.3, L; = 3.3, Lp = Ls = 1.5, 
L3 = 4.8, L4 > Ly Sref = 3.9, Sai = 30 Sie = 
1.5, Lay = 8.7 and Lgir = 3.3, where all units 
areinmm. Wilkinson power dividers, 
optimized for broadband operation were 
used to implement the equal-amplitude 
equal-phase feed network. This excitation 
gives highest directivity, but fairly high 
sidelobe levels and was chosen to reduce the 
complexity of the feed network. However, 
more intricate feed networks that provide 
much lower sidelobe radiation such as 
Chebyshev excitation method have also been 
successfully demonstrated using the quasi- 
Yagi antenna [8]. 

Each of the eight “cards” were vertically 
spaced by A)/2 and fed using an eight-way 
printed circuit power divider through SMA 
connectors (Fig. 3). 


r. = a = 
: = Pa can 
= a 3 = 


z 


Fig.3. Eight-way power divider. 


III. Measured Results 

Measurement of the input return loss 
shown in Fig. 4. indicates a 40% bandwidth 
(VSWR<2) from 7.8 — 11.7 GHz. The slight 
reduction in bandwidth in comparison with a 
single eight-element card (50%) and a single 
antenna element (50%) can be attributed to 
fabrication discrepancies in the feeding 
network. However, this can be improved by 
using a more robust feeding system. 
Antenna patterns taken at 9 GHz (Fig. 5.) 
depict a —12 dB sidelobe level for both E and 
H planes, which is typical for linearly 
excited phased arrays, as well a 3-dB 


beamwidth of 12° and cross polarization 
level better than —19 dB. Measured front- 
to-back ratio of 17 dB corresponds well to 
the radiation characteristics of a single 
antenna element, as expected.. Antenna gain 
measurements (Fig. 6.) reveal a gain 
variation between 20 dB and 14 dB over the 
wide frequency band. Note that at 9.5 GHz 
efficiency of the 2-D array is estimated to 
be 50% based on the gain measurement and 
an approximation of the pattern directivity. 
This includes all connector and antenna feed 
losses. Previous results indicate that the 
efficiency of a 1-D eight-element array is 
nearly 65% and the efficiency of a single 
element is 93%. 


III. Conclusion 

We have presented a proof of concept 2- 
D array, which makes use of the key 
features of the novel quasi- Yagi antenna, 
namely its uniplanar construction, 
broadband frequency response, compact 
size, high efficiency, and low mutual 
coupling. The 2-D array exhibits broadband 
characteristics as well as 20 dB gain at 9.5 
GHz. We believe that designs based on this 
2-D array will find a wide range of 
applications in radar, wireless 
communications and quasi-optical power 
combining. 
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Fig. 4. Measured return loss. 


Gain (dB) 


Frequency (GHz) 


Fig. 6. Measured antenna gain. 
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Abstract— We demonstrate a truly continuous regulator of oscillator phase alignment suitable for high bandwidth Cartesian 
feedback power amplifiers. A new approach to the problem is introduced, which yields a simple nonlinear dynamical controller. 
Our prototype achieves accurate regulation (3.8 degrees) at the highest baseband bandwidth reported. 


I. INTRODUCTION 


Presently there exists a great demand for wireless sys- 
tems that achieve high data transmission rates while using 
as little power and bandwidth as possible. Maximum data 
transfer for a given channel width demands sophisticated 
modulation techniques, the best of which require a linear 
power amplifier (PA). The strong tradeoff between linear- 
ity and power efficiency in PA’s has motivated research into 
linearization techniques, of which Cartesian feedback is an 
important and promising example [1], [2]. Figure 1 shows 
a typical Cartesian feedback system. 


Fig. 1. 
dashed lines). 


Typical Cartesian feedback system (this work shown in 


The phase shifter in figure 1 is necessary to ensure syn- 
chronous demodulation of the baseband signal. Properly 
adjusted, the system functions as two decoupled feedback 
loops. Feedback stability margins degrade as this adjust- 
ment departs from the optimum, and instability can re- 
sult. The exact phase shift required can drift over time, 
temperature, and process variations, and usually changes 
with carrier frequency, which is particularly troublesome 
for frequency-hopping systems. To allow for linearization 
at the maximum symbol rate, this phase shift must be 
regulated as accurately as possible. In addition, rejection 
of drift with temperature demands continuous regulation. 
Ohishi et al. [2] demonstrate a close approximation to this: 
they exploit the repeated appearance of a predetermined 
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calibration symbol. Our prototype is the first truly con- 
tinuous regulator of local oscillator phase alignment, and 
it completely avoids any type of digital signal processing. 
Figure 2 details the nonlinear dynamical controller built 
around the identity IQ’ — QI' = rr'sin(6 — 6’), where I 
and @ are Cartesian components of baseband signals, r 
and @ are the corresponding polar coordinates, and primed 
coordinates denote symbols derived from the demodulated 
power amplifier output. Using the notation A@ = 6 — 6’, 


Fig. 2. System-level diagram of phase alignment system. 


our circuit can be understood as mechanizing the equation 


do 


Tr —k[r(t)]’?G sin(Ad), 


(1) 
where « is a constant of proportionality and gain G is as- 
sociated with the integrator. 


II. CONSEQUENCES OF PHASE MISALIGNMENT 


The demodulated symbol S’ is rotated relative to S by 
an amount equal to the local oscillator phase misalignment 
@. To see this, we write the down-converted Cartesian com- 
ponents: 


tL 
Q' 


(I sin wt + Q coswt) sin(wt + ¢); 
(I sin wt + Q coswt) cos(wt + ); 
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where w is the carrier frequency. Using trigonometric iden- 
tities and assuming frequency components at 2w have been 
filtered out, we arrive at S’: 


th (Ios + Qsin $); 


wd 5(—Isin § + Q cos). 

Ideally, a Cartesian feedback loop functions as two iden- 
tical, independent feedback systems. The reality of mis- 
alignment forces us to examine the dynamic behavior of 
two coupled loops. One method of analysis is to consider 
error signals e7(s) and eg(s) as shown in Figure 3. We 


sinwt 


cos(wt + ¢) 


Fig. 3. Loop dynamics. 


know that for a single feedback loop, the error signal can 
be written in the frequency domain as 


X (8) 


e(s) = 1+ L(s) 


Here, L(s) represents all dynamics in the loop and X(s) 
is the input. For frequencies of interest, the hope is that 
|L(s)| is very large. 

In our case, let the phase misalignment be ¢. Further- 
more, we set Qg = 0 without loss of generality !. The error 
expressions, as a function of the single input Jg(s), are now 
written: 


Ig(s) — L(s)er(s) cos ¢ — L(s)eg(s) sin ¢; 
L(s)er(s) sin @ — eg(s)L(s) cos ¢. 


where L(s) includes the dynamics of the loop compensation 
scheme (H(s)) and the (linearized) dynamics introduced by 
the modulator, power amplifier, and demodulator. From 
here, it is straightforward to show that 


e,(s) = X(s) 
1+ L(s)cos¢ + 


er(s) 


eQ(s) 


L(s) sin ¢]? ~ 

1+L(s) cos ¢ 
This reduction of the system to a single-input problem now 
yields considerable insight. We identify an effective loop 
transmission, Leg(s,¢), as follows: 


1We do not lose generality as long as we stay with linearized anal- 
ysis. 


[L(s) sin ¢]? 


1+ L(s)cos¢ (2) 


Ler (s,¢) = L(s) cosp + 


For perfect alignment, ¢ = 0 and Leg is simply L(s). The 
worst alingment is ¢ = %, for which Leg = [L(s)]*: the 
loop dynamics are a cascade of the dynamics in the uncou- 
pled case. Unless designed with this possibility in mind, 
most choices of H(s) will yield unstable behavior in this 
second case. Equation 2 shows that traditional measures 
of stability will degrade continuously as ¢ sweeps from 0 
to $. This was demonstrated experimentally by Briffa and 
Faulkner [3]. 


III. ALIGNMENT SYSTEM: STABILITY CONCERNS 


Our control solution for the phase alignment problem is 
the simplest of nonlinear dynamical feedback systems. It 
can be seen from equation 1 to have two equilibrium points: 
the first, for which the symbols are aligned, is stable; the 
second, for which the symbols are misaligned by 7 radians, 
is unstable. For the ideal system represented by equation 1, 
this is the extent of a rigorous stability analysis. 

The real-world situation can be complicated by dynam- 
ics associated with the phase shifter (and, possibly, the 
subtractor). If we consider a modulation scheme in which 
the magnitude of transmitted symbols is held constant ?, 
r(t) in equation 1 loses its time dependence. Linearizing 
for small phase misalignments, and including the dynamics 
of the phase shifter as P(s), we can represent the system 
as shown in figure 4. Drawing the system this way re- 


Phase 


Distortion 


6! 


Fig. 4. Linearized phase regulation system; ’M’ is desired misalign- 
ment. 


quires some manipulation. The output of the phase shifter 
is not really @, but rather an additive part of 6 that gets 
combined with the polar angle of the symbol being trans- 
mitted. However, in the absence of phase distortion and 
drift, the symbol-by-symbol changes of the polar angle 6 
are tracked by identical changes in 6’. These symbol-rate 
changes are thus invisible to an alignment system, and it is 
appropriate to label the output of P(s) as 0. We can then 
include the effects of phase distortion and phase alignment 
drift as the additive disturbances shown in figure 4. 

One can ensure stability by choosing G such that, for 
the largest symbol magnitude, loop crossover occurs before 
non-dominant poles become an issue. Fortunately, the drift 

?Highly improbable when using Cartesian feedback, of course. Tem- 


porarily making this assumption, however, yields insight that is 
broadly relevant. 
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disturbance will normally occur on the time scales associ- 
ated with temperature drift and aging [5]. Suppression of 
the phase distortion is the domain of the Cartesian feed- 
back itself. It follows that for many systems, little of the 
design effort need be focused on fast phase alignment. 


IV. IMPLEMENTATION 


Our prototype can be divided into two basic functional 
blocks: the phase shifter and the controller itself. In this 
section we describe each in turn, and follow with a discus- 
sion of the impact of circuit nonidealities on the system’s 
performance. 


A. Phase Shifter 


The phase shifter was implemented using a quadrature 
modulator and an analog control loop, as shown in figure 5. 
This control loop forces the sum of the squares of the mod- 


Shifted 
LO 


LO input 


Fig. 5. Phase shifter. 


ulator inputs to equal a constant (’Mag’), thereby ensuring 
a constant amplitude for the shifted LO. This actually in- 
troduces a small change in the math: we write the shifted 
LO as 


ILo sinwt + Qio cos wt. 
To within a multiplicative constant, this is equal to 
cos d sin wt + sin ¢ cos wt. 


For this prototype, then, the analog input is proportional 
to the sine of the phase shift. A functional block labeled 
’arcsin(-)’ effectively exists between the integrator output 
and phase shifter input in figure 2. 

The complete phase shifter, together with the rest of the 
controller, is shown in figure 6. Because of the squaring 
functional blocks, there are in general two values of ILo 
that would satisfy the control loop. The sign of the incre- 
mental gain around the loop is positive for one solution and 
negative for the other. The comparator in figure 6 ensures 
stability by switching the sign of the loop gain based on 
the current value of ILo. 

The switches on all of the integrators were purely for test- 
ing purposes and were manually operated. These familiar 
“3-mode integrators” allowed the outputs of the integra- 
tors to be held at their last value, to be manually adjusted 
with potentiometers, or to operate normally as integrators. 


B. Controller 


The controller represents a straightforward mapping 
from figure 2 to op-amp building blocks. As will be dis- 
cussed in subsection IV-C, it was necessary to trim the 
output offsets of the AD835 multipliers (from Analog De- 
vices). This trimming was crudely accomplished via a po- 
tentiometer connected to the summing input of one of the 
multipliers. 


RF2464 Modulator 


LO input 


Fig. 6. Nonlinear dynamical controller and phase shifter implemen- 
tation. 


C. Impact of circuit nonidealities 


The ability to accurately regulate the phase alignment 
depends on the ability to accurately calculate IQ’ — QI’. 
Offsets associated with the output buffers of the multipli- 
ers and the input of the integrator are particularly trou- 
blesome. Consider an input-referred offset of 6 for the con- 
troller integrator, and its effect on the final alignment. We 
write 


dé 

oe G[—«[r(t)]? sin(A@) + 6] = 0. 

For our prototype & was approximately 1.3V~!. For asym- 
bol magnitude of 50mV, we can solve for the offset that 
results in a 5-degree final misalignment: 


27 (5) 
360 


6 = (1.3V~')(50mV)? sin ( ) = 283yV. 

This example illustrates one of the major challenges that 
the analog multipliers introduce: offsets become increas- 
ingly intrusive as symbol magnitudes decrease. A 5-degree 
misalignment for a symbol magnitude of a volt leads to a 
6 of 113mV; for a symbol magnitude of ImV, 6 = .113yV. 

Mitigating this effect is the fact the controller slows for 
smaller signals: until offsets dominate, |? scales linearly 
with [r(t)]?. These numbers nevertheless suggest that, in 
some implementations, it may be necessary to prescale the 
inputs of the multipliers according to the known symbol 
magnitudes. 

In our prototype, the bandwidth of the op-amp subtrac- 
tor proved to be a limitation as well. This needn’t be true in 
a monolithic implementation, however: accurate subtrac- 
tion in the current domain is trivially implemented, and 
many multiplier topologies provide output in the form of 
currents. 
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V. RESULTS 


The prototype shown in figure 6 was built and tested in 
a 250 MHz RF system. Figure 7 shows the test setup. An 


Drift input 


Fig. 7. Test setup. 


additional phase shifter was inserted in the control path 
and was manually controlled. By varying this phase shift, 
we simulated drift normally due to temperature and ag- 
ing. Figure 8 shows the outcome of this experiment. The J 
channel was driven with a 50mV sinusoid, and the @ chan- 
nel was grounded. It can be seen that our prototype auto- 
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Fig. 8. Measured phase alignment vs. system drift 


matically and continuously compensates for misalignments 
as large as +88 degrees. Alignment to within 3.8 degrees 
is maintained over this entire range of disturbances. 

Figure 9 shows system performance as the frequency of 
the input sinusoid is varied. It is seen that performance 
deteriorates rapidly above 2 MHz. This was due to the 
op-amp used to build the subtractor (National Semicon- 
ductor’s LMC6484), which has a gain-bandwidth product 
of 1.5MHz. 
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Fig. 9. Phase alignment vs. Baseband Frequency 


The following table ? compares the prototype with other 
examples from the literature. 


Accuracy Baseband Carrier 
Bandwidth (GHz) 

3.8 degrees |2MHz | .25 | 

10 degrees | 21 kbaud | .90 


25 kHz 
15 degrees | 500 kbaud | .90 | 


TABLE I 
COMPARISON WITH EXAMPLES FROM THE LITERATURE. 


Work 


VI. CONCLUSIONS 


The inability to continuously regulate phase alignment 
has been a major barrier to the widespread use of Cartesian 
feedback as a linearization technique [5]. We believe this 
work has the potential to lower that barrier considerably, 
making it easier to build a Cartesian feedback system that 
can operate maintenance-free in a hostile environment. 
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Abstract — CATV networks are considered to be promising transmission channels which permit wide band- 
width and high quality data communications. However in the case of data communications, especially in 
apartment houses, the ingress noise in the up-link deeply degrades the transmission performance. So, by us- 
ing wireless infrared link instead of last up-link of a network, the effects of ingress noise that was a problem 
can be decreased. However background light becomes a problem. To overcome this, this paper will propose a 
new access control using low power non-license radio for wireless infrared CATV system. Through computer 


simulations, busy tone access control was proven to be effective in this system. 


I. Introduction 


CATV (CAble TeleVision) channels, which have 
wide bandwidth and provide high quality, are draw- 
ing considerable attention as promising high speed 
channels. Many cable operators are offering video 
distribution system and providing two-way data 
transmission services in which subscribers can ac- 
cess the Internet constantly. However the “ingress 
noises” due to their tree and branch structure de- 
grade the quality of upstream communication chan- 
nels. Especially, this is a serious problem in apart- 
ment houses. In the worst case, these ingress noises 
make it impossible to use upstream communication 
channels in apartment houses. In wireless CATV 
systems, wireless transmission is applied for the last 
up-link of a network. In a home of a subscriber, 
as mentioned above, “ingress noises” get into coax- 
ial cables from connectors not being earthed. By 
making the system wireless, transmission free from 
house-originated noises (i.e., ingress noises) can be 
achieved. Wireless connections at the last link of 
a network decrease junction points, thus, it is con- 
sidered that the wireless technology can relieve the 
effects of ingress noises. 

In this paper, we will consider wireless CATV 
system using infrared communications[1]. Infrared 
links are suitable for wireless CATV systems be- 
cause positions of transmitters and receivers are or- 
dinary fixed. However outdoor infrared communi- 
cations will not be consistent because of the effect 
of background light. Especially because each termi- 
nal is facing up to the sky, it is difficult to use the 
downlink side which promotes access control. So 
this paper will propose a new access control using 
Busy Tone which replaces the former infrared one. 
Photo-Diode of the receiver side of the terminal can 
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be removed by this, and the influence of background 
light will not be effective. Furthermore, we take in 
collision detection by preparing several kinds of Busy 
Tone. 


optical base station (OBS) 


Internet etc. 


optical fiber / coaxial cable cable headend 


apartment house 


Fig. 1 Wireless CATV system model 


II. System model 


The following research will propose an access control 
which uses a Low Power Radio (LPR). LPR can be 
operated without a license. The reason why we use 
this is because of its remarkable characteristic, which 
is that it can be used without a license as in infrared 
communication. The explanation of the proposal 
will be as follows: each terminal will be equipped 
with a LPR receiver antenna and a terminal will de- 
tect the on-off of a Busy Tone (BT) through LPR. 
If a terminal does not receive any BT, it recognizes 
that the channel is vacant, and the terminal trans- 
mits a light wave immediately. If it receives a BT, 
recognized the occupation of its channel, and post- 
pones transmitting (Fig.2). By this control of access, 
collision of packets is decreased. 

Furthermore two suggestions will be made: one is 
setting up a BT transmitting antenna on an Optical 


OBS 


OBS 


“~. collision “” 
fO%., 


Busy Tone 


= oa Tea. : 
Kg terminal <7 terminal \: 
with BT antenna 


- Termials are informed the 
channel condition by a BT. 
So collisions can avoid. 


- Some terminals transmite light 
wave at the same time. 
It causes packet collisions. 


Fig. 2 Proposed model 


Base Station(OBS), and the other is on each termi- 
nal. They will be explained in the next section. 


— Type I: from Optical Base Station 


An OBS transmits a BT, and informs a terminal 
that the channel is occupied as soon as an OBS re- 
ceives light wave from the terminal. An OBS trans- 
mits only the BT during the reception of light waves, 
so its structure will not become complex. And in this 
system, a BT only has to inform the occupancy of a 
channel, so there is no need to receive a BT as data 
just judge it by its existence. 


— Type II: from terminal 


This time, each terminal transmits a BT, and in- 
forms other terminals that the channel is occupied as 
soon as it transmits light wave. In this system each 
terminal sends a BT only during the transmission of 
light wave. So, constructing this system will not be 
complex, either. Moreover in this type, the terminal 
can accomplish infrared communication and trans- 
mit a BT at the same time, so the handling delay of 
BT in type II can be made less than that in type I 
(only about half a delay time of type I). 

In type II , by preparing various frequencies of 
LPR for BTs, a terminal can detect the occupancy 
of other terminals while the terminal itself is un- 
der transmission. It means that while a terminal 
is transmitting a light wave, it can detect collision 
by receiving another BT. Collision can avoid by this 
(Fig.3). As soon as it detects a collision, transmis- 
sion is postponed and leaves the channel open so the 
waste of unused channel is decreased. And, the net- 
work performance can be made more efficient. More- 
over in this access control, as we increase the number 
of BT frequencies, the probability of collision detec- 
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tion become high, because the probability of other 
terminals using the same BT with the given terminal 
is low. 

Again, we compare both types. BT transmission 
anntenas of Type I is fewer than those of type II. But 
in type II, collision detection is easily put into prac- 
tice. The proposed access control are evaluated in 
the following section through computer simulation. 
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Fig. 3 Time chart for comparing each type 


III. Simulation results and discussion 


We evaluate the system performance by computer 
simulation using the parameters shown in Table 1. 
In this paper, transmission packet length was fixed. 
And an unit time is expressed by transmitting period 
of this packet. Fig.4 shows the throughput perfor- 
mance using a BT proposed in this paper. As show 
in the figure, the proposed access control in type I 
achieves high throughput performance as the traffic 
increases. Also in the figure, the probability of BTs 
reaching is varied as a parameter. This shows that 
the throughput performance was scarcely effected by 
extending the range of BTs reaching about 10% of 
all terminals. Moreover If reaching about 50%, the 
throughput performance couldn’t reach a half of max 
throughput that is reaching 100%. So in the pro- 
posed control, it is important that many terminals 
can receive BTs. The terminal where BT does not 
reach is different in type II by the position of the 


terminal where BT is sent to. However, in type I 
the terminal where BT does not reach is decided by 
the distance between the terminal and OBS, so the 
terminal which does not arrive has been fixed. The 
following figure 5 is the comparison between the ter- 
minal where BT reaches and the terminal which does 
not reach constantly. The horizontal axis shows traf- 
fic and the vertical axis shows the throughput of each 
terminal which is the normalized average through- 
put of all terminals. The figure shows that in the 
terminal where BT does not reach, the more traf- 
fic, the more it decreases from average throughput. 
As a result, when the traffic is one, the terminal can 
transmit only a half of the data compared with other 
terminals. Therefore, in type I there is a possibil- 
ity of disadvantage to the terminal which is far from 
OBS. So type I can’t provide all rooms with fair 
service. 


Table 1 simulation parameter 


40 
3 


8 rooms 5 stories 


cre note 
=or @--a1098 


Throughput 
rf) 
oO 


traffic 


Fig. 4 Throughput of the proposed control:type I 


And next, we consider the type II control, on 
which gives several frequencies for collision detec- 
tion. Fig.6 is the throughput performance of type II. 
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Fig. 5 Comparison of each terminals throughput efficiency 


In this case all the terminals can receive BTs. In the 
figure, by increasing the number of frequencies, the 
system can make collision detection probability high, 
achieving not only high throughput performance but 
also keeping high throughput performance in high 
traffic. And if a wide frequency band is prepared, the 
throughput performance becomes better although in 
real life the band size will be limited. By preparing 
five to ten different frequencies, considerable results 
can be expected to be attained (maximum through- 
put of 70%). In addition, the figure 7 shows the 
change of the ratio of arriving BT, and the perfor- 
mance is examined when ten kinds of frequency is 
prepared. According to this figure, comparing with 
the situation where there is one kind of BT, the dif- 
ference between when the maximum throughput is 
100% and when it’s not 100% is large. In other 
words, it is even necessary in type II to transmit 
BT, so it reach all terminals. 


The characteristics of both types is again summed 
up in Table 2. Because there is a small number of 
antennas, type I is profitable, but it may be said 
that type II is profitable at all points except that. 
In particular collision detection function of type II is 
indispensable when higher maximum throughput is 
needed. To sum up, we can read remarkable result 
of the system performance with computer simulation 
by the use of a BT. And higher performance can be 
achieved by the introduction of collision detection. 
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Fig. 6 Effect of collision detection on the throughput of 
type II 


Table 2 compare type I and type II 


Type I Type II 


BT transmit anntenas | few many 
BT handling delay | big small 


terminal not receiving BT || fix — unfair random 


collision detection 


IV. Conclusion 


In a CATV data transmission system, the ingress 
noise degrades the performance. So by using wireless 
infrared link instead, in the last link of a network, 
the effects of ingress noise can be decreased. How- 
ever, because of background light, it is difficult to use 
the infrared in the downlink side which promotes ac- 
cess control. In this paper, we propose a busy tone 
access control using low power non-license radio that 
replaces the former infrared one. The system using 
this access control is a simple system, which uses 
light and LPR that are both non-license devices. In 
addition, this system can develop to have a collision 
detection function. From the computer simulation, 
it can be seen that by using busy tone access control, 
and collision detection throughput performance can 
be made better. Consequently, we found that the 
proposed access control is effective. 
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Abstract 


The feasibility of using multimode fibre as an inexpensive cell feed in broadband indoor picocellular systems is investi- 
gated. The performance of coded orthogonal frequency division multiplexing for a variety of multimode fibre profiles, 
including stepped index and a-profile graded index fibres is assessed. In addition to its ability to perform well in a 
frequency selective multipath environment, OFDM is shown to offer good protection against the frequency selectivity 
of a dispersive multimode fibre. Data-rates in excess of 100Mb/s (without equalisation) over a multimode fibre channel 
are possible, whereas they may be limited to some 20-30Mb/s using conventional ASK modulation. 


1 Introduction 

Coded Orthogonal Frequency Division Multiplexing 
(COFDM) has become the popular choice for broadband 
transmission in a frequency selective indoor multipath 
environment and is now the focus of emerging stan- 
dards [1]. In COFDM, the fast serial data stream is re- 
duced to many parallel low speed channels which are fre- 
quency multiplexed on overlapping subcarriers using an 
inverse fast fourier transform (IFFT) [2]. The bandwidth 
of each of these lower data-rate carriers is less than the 
coherence bandwidth of the room, and is therefore less 
sensitive to channel dispersion, since fading on a given 
subcarrier can be considered flat [3]. Data loss on car- 
riers situated about nulls in the channel’s frequency re- 
sponse can be recovered using forward error correction 
(FEC), because the data on the other carriers remains in- 
tact. Since the subcarriers are densely packed in the fre- 
quency domain, a further advantage of OFDM is that it 
achieves its resilience to multipath fading without sacri- 
ficing bandwidth [4]. 

Although in many respects the performance of multi- 
mode fibre is far inferior to that of single mode, it is 
cheaper and also allows less stringent connection toler- 
ances. For low data-rate communications it therefore 
proves to be the more appropriate choice. However, for 
broadband communications (>30Mb/s) multimode dis- 
persion can become a serious problem. This dispersion 
is a result of the different group velocities of the large 
number modes which the fibre allows to propagate (Fig- 
ure la). Although not totally alleviated, the effect is con- 
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siderably reduced by the use of graded index fibre which 
can to a great extent equalise these group velocities by 
varying the refractive index of the fibre as a function of 
the radial distance from the core centre (Figure 1b). 

The resilience of OFDM to multipath fading in the RF 
channel suggests that it may also be tolerant of the effects 
of dispersion in multimode fibre, thus permitting the use 
of easily installed, inexpensive fibre radio picocells. This 
paper proposes the use of OFDM to combat the effects of 
multimode fibre dispersion and reports on the feasibility 
of its use for a variety of refractive index profiles. 


(b) Graded index fibre 


Figure 1: Intermode dispersion in multimode fibre (shad- 
ing represents refractive index profile of the core) 


2 Fibre Model 

The multimode fibre was simulated using impulse re- 
sponse models [5]. Figure 2 shows the impulse responses 
for a selection of |km a-profile fibres, and also that of the 
optimum profile which exists at a = 2 — 2A (shown for 
10km). 
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Figure 2: (a) Impulse responses for a=1, 3, 4 and oo 
(1km, A = 0.01). (b) For the optimum case a=2-2A 
(10km) 


3 Performance Evaluation 

The performance of COFDM over multimode fibre has 
been evaluated by means of a sophisticated link-budget 
simulation for a 150Mb/s, 60GHz remotely upconverted 
fibre feed picocell. A system level diagram of the fi- 
bre radio simulation is given in Figure 3, and the OFDM 
modulation format employed is summarised in Table 1. 
The 60GHz indoor channel was simulated using a realis- 
tic finite impulse response model [6]. 

In many cases the frequency response of the dispersive 
fibre exhibited significant phase variations within a nar- 
row bandwidth. By differentially encoding data between 
adjacent carriers, at the expense of 3dB degradation in 
performance, the problem is overcome without the need 
for equalisation. This method alleviates the need for pi- 
lot tones and reduces the receiver complexity [7]. It is 
therefore often favoured over using equalisation for high 
data-rate OFDM. 

Although frequency selectivity is overcome by trans- 
mitting the data on many narrowband carriers, consec- 
utive OFDM modulation blocks can still overlap. This 
is prevented by inserting a time-domain guard region be- 
tween blocks, the duration of which equals the maximum 
delay spread of the channel. It is important to note that 
the dispersion of the fibre increases the effective channel 


80 


FFT Size 256 
Carriers 200 
Modulation 
Guard Time 
Net Data-rate 


DQPSK 
120 ns 
150 Mb/s 
FEC (convolutional Encoder x 2 overhead 
with Soft Decision Viterbi Decoding) 
Gross Data-rate 

Subcarrier Bandwidth 

Total RF Bandwidth 


300 Mb/s 
830 kHz 
166 MHz 


Table 1: Modulation Format 


delay spread of a fibre radio link. Simulations show that 
significant penalties are incurred if the guard region is not 
increased accordingly. The added overhead is, however, 
relatively small in terms of increased signal bandwidth 
(140kHz/ns for 15OMb/s 256 carrier QPSK-COFDM) 

Table 2 shows a typical optical link-budget used to eval- 
uate the SNR after optical detection, and Table 3 shows 
an example of the link budget used to evaluate the RF 
performance. The required transmitter power to achieve 
a given BER for the full fibre radio link has been simu- 
lated for a selection of fibres (Figure 5, 4 & 6). 


1.0 dBm 
250.0 MHz 
20.0 dB 
—19.0 dBm 

Conversion Efficiency 0.8 
3.0 dB 
166.0 MHz 
10.0k9 
—140.0 dB/Hz 
—155.7 dB 
—154.4dB 


Transmit Power 
Fibre Subcarrier Frequency 
Total Fibre Losses 


Incident Power 


Photo detector Pre-amp Noise Figure 


Post Detection Bandwidth 
Load Resistance 

Laser RIN 

Thermal Noise 

Total Shot Noise 


Resulting SNR 45.2 dB 


Table 2: Example Optical Link Budget 


For 1km of fibre, simulations indicate less than 3dB 
performance degradation when a = 6, and less than ap- 
proximately 1.6dB degradation for profiles with a < 3 
(Figure 5). Although showing no indication of an ac- 
tual BER floor, the required transmit power when using 
stepped index fibre is somewhat impractical by compari- 
son (Figure 4). To achieve a practical BER, for the sys- 
tem evaluated here one is limited to lengths of less than 
1km, and data rates of about 100Mb/s. To achieve the re- 
sults shown in Figure 4 it was also necessary to use a 512 
point IFFT with 400 carriers, as opposed to the 256 point 


Figure 3: Simulated Fibre Radio System 


8.00 dB 
—165.97 dBm 

166.00 MHz 
12.00 dB 
—71.77 dBm 

25.00 dB 
112.32 dB 


Receiver Noise Figure 
Noise power density Per Hz 

Signal Bandwidth 

Minimum Rx SNR (BER ~ 10-9) 
Minimum Rx signal Power 
Combined Antenna Gain 

Path Loss in a 30m 60GHz cell 
(propagation exponent n=3) 


156 dBm 


Table 3: Example RF Link Budget for 60GHz, indoor 
30m radius cell 


IFFT system used in all other simulations. The compara- 
tively poor performance of this fibre profile is thought to 
be mainly due to the number of spectral notches which it 
presents beginning to approach the limits of the system’s 
forward error correction capabilities. Although interleav- 
ing in conjunction with soft decision Viterbi decoding 
has been used, channel state information could possibly 
be used to further improve performance. This aside, the 
data-rate achieved for this fibre is still higher than one 
could expect from many other modulation schemes, and 
the transmit power may not be impractical at lower fre- 
quencies. 

For a=2-2A, the delay spread of the fibre channel is 
obviously far less, therefore its performance has been 
evaluated for 10km of fibre. A point of interest is that 
only slight deviations from this optimum index result in 
significant increases in the delay spread [5S], however the 
simulations here indicate that OFDM is very tolerant of 
such variations. Even a 2 percent deviation which in- 
creases the delay spread by a factor of greater than 8 
(A = 0.01,No = 1.5), induces less than a 1dB link- 
budget penalty (Figure 6). 
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— W/O Fibre Link 
os S pped Index 


log(BER) 


5 10 20 25 


15 
Tx power (dBm) 


Figure 4: Link budget evaluation for 700m of stepped 
index fibre, with 1O0OMb/s COFDM 


log(BER) 


6 7 8 9 10 11 12 13 14 
Tx power (dBm) 


Figure 5: Link budget evaluation for a=1, 3 and 6 using 
ikm of fibre 


— W/O Fibre Link 
—— Optimum Profile 


—6- 2% From Optimum 


6 7 8 9 10 ll 12 13 14 
Tx power (dBm) 


Figure 6: Link budget evaluation for a=2 — 2A (opt- 
mum), also showing effect of 2 percent deviation from 
optimum 


4 Conclusions 

A comprehensive link-budget simulation has been used 
to assess the performance of a broadband 60GHz fibre- 
radio system. The resilience of OFDM to frequency se- 
lective effects has been shown to permit the use of inex- 
pensive multimode fibre in such systems. Performance 
has been evaluated for a variety of fibre profiles. For 
many situations OFDM has been shown to be capable of 
offering a hardware independent solution to dispersion 
in multimode fibre for lengths less than 2km. For long 
distances (>10km) graded index fibre with the optimum 
profile of a = 2 — 2A has been shown to perform well, 
with OFDM being extremely tolerant of variations in the 
profile which may be caused by fabrication defects. It is 
believed that these results augur well for the use of mul- 
timode fibre feeds for wireless COFDM networks, and 
merit experimental investigation. 
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Abstract 


Many factors influence the re-use of channel space in point-to-multi-point deployments. Maximum utilization of the 
allocated bandwidth requires optimal choices in radio and antenna design, as well as the most advantageous use of 


spatial isolation and polarization in deployment. 


Introduction 

Bandwidth for point-to-multi-point (PMP) service is 
licensed at high cost to operators. The revenues of the 
deployment, tied to bandwidth per subscriber, are 
greatly determined by the re-use of channel space. 
Many factors influence the degree of possible 
frequency re-use ranging from radio design parameters 
to deployment strategies. The paper assumes carriers to 
be quadrature amplitude modulated (QAM) with time 
division multiplex (TDM) frame structure and 
transmitted in frequency division duplex (FDD). 
However, principles will apply equally to time 
division duplex (TDD) systems. 


Radio design parameters 
The re-use of frequency channels is dominantly 


determined by how well the base station and subscriber 
receivers are able to handle co-channel interference. 
This is in particular true, when re-use is considered in a 
grid deployment from cell to cell. 


Victim Signal with good Margin to 
Threshold Level 


C/l ~ C/N* 


Interfering Signal\\ ) C/N atBER =10° 


Receiver Noise 


Fig.1: Co-channel C/I at high signal level 


Obviously co-channel interference cannot be filtered 
out, it is added to the desired received signal like noise 
(Fig 1). The minimum carrier to interference ratio (C/I) 
to achieve a desired bit error rate (BER) at a signal 
level above threshold level is therefore closely related 
to the carrier to noise ratio (C/N) which the receiver 
modem requires for a desired BER performance. In 
addition, C/I is strongly dependent on the constellation 
density of the modulation and can be improved by as 
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much as 6dB with forward error correction. All other 
digital radio system effects included, typical co- 
channel C/I specifications are 11dB for QPSK, 19dB 
for 16QAM and 24dB for 64QAM. These numbers 
indicate the strong impact of modulation on C/I and 
hence on the degree of frequency re-use. 


Interfering Signal 


Victim Signal with good Cil 


Margin to Threshold Level 


Receiver Noise 


Fig.2: Adjacent channel C/I at high signal level 


A second limitation to frequency re-use is the 
receiver’s tolerance to adjacent channel interference. 
Adjacent channel interference is more damaging within 
a cell from sector to sector and less from cell to cell in 
a grid deployment. Adjacent channel selectivity, the 
maximum C/I ratio tolerated by the receiver for a given 
BER performance near threshold, is predominantly 
established by the filter selectivity in the IF and modem 
circuits. It can differ widely in radio designs, from the 
minimum ETSI requirement of OdB to very robust 
designs featuring a C/I as low as —20dB, allowing the 
adjacent channel interferor to be as much as 20dB 
higher than the desired signal. Ultimately, adjacent 
channel sensitivity is limited by the re-growth spectrum 
of the adjacent channel signal. It falls right into the 
victim signal channel and therefore cannot be rejected 
by filters (Fig.2). 


Re-use in sectors within a cell 

Re-use of spectrum in a cell or grid requires 
maintaining isolation between non-orthogonal signals. 
Spatial isolation - that is separation either by the 
azimuth angle of the transmitting and receiving 
antennae, or distance, or both - is the primary tool to 


facilitate re-use. For instance, a cell can be split into 
four 90 ° sectors. Fig.3 shows a 90° sector antenna with 
a moderately sharp azimuth profile (-6dB at +/-60°) 
and 25dB gain drop front-to-back (CS-1 compliant). 
This allows even a 64QAM signal to be transmitted at 
the same channel into the opposite 90 ° sector. 


Total allocated channel space 


Sector 4 


Sector 2 


Sector 3 


Fig.3: Frequency reuse within a cell 


Receivers along the borderlines of sectors are exposed 
to adjacent channel interference caused by the signal of 
the adjacent sector. Depending on how tight the 
transmit levels are controlled, the adjacent channel C/I 
exposure can range from +6dB to —6dB. Additionally, 
a sector could employ more than one channel causing a 
3dB increase in adjacent channel C/I along the 
borderlines. Prudent combination and spacing of 
channels can partly mitigate this adjacent channel 
exposure. 

A common measure of frequency re-use is the product 
of percentage of bandwidth deployed per sector and 
the number of sectors. If, in the example of Fig.3, one 
half of the spectrum is used in sectors 1 and 3 and the 
other in sectors 2 and 4, the deployment would have a 
frequency reuse of 50% x 4 = 200%. 

The obvious solution to increasing the frequency re-use 
and with it the capacity of a cell plan based on 90° wide 
sectors is the use of hub antennae with smaller azimuth 
coverage. Any smaller sector angle divisible into 90° 
can be a candidate, like 45 °, 30 °, 15 °. The smaller the 
angel, the higher is the gain in capacity. For instance, a 
45 ° hub antenna would double the capacity of a sector, 
while 30 ° would triple it, resulting in a frequency re- 
use of 600%. Additional benefits are an increase in 
system gain and corresponding link margin. With 
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higher sector density, it becomes increasingly difficult 
to achieve the necessary angular isolation, especially 
for higher modulation formats. 


Re-use in cells within a grid deployment 
The 90 ° sectorized cell leads to a square grid 


deployment. Staying with the example of splitting the 
available spectrum into two frequency blocks F1 and 
F2, the grid deployment will show up areas of 
significant co-channel interference along the grid lines. 
These areas are exposed to interfering basestations 
(downstream) or interfering subscribers (upstream). In 
the worst case, interferers are located at a distance of 
just 3 radii, corresponding to a self-inflicted C/I of 
9.5dB. Fig.4 gives some examples of co-channel 
interference. The trick of flipping the F1/F2 pattern 
every other row of cells avoids co-channel interference 
of 3 radii magnitude along the diagonal connecting 
lines between cell centers. The highest interference 
level occurs here at distances of 5 radii, or 14dB. 


Total allocated channel space 


Fig.4: Re-use of 200% in grid with co-channel C/I of 
9.5 dB 


The number of subscriber receivers, which would 
suffer a co-channel interference dipping below their 
required minimum, depends on the modulation format, 
the gain of the subscriber antenna, the profile of the 
sector antenna both in azimuth and elevation and the 
amount of down tilting of the hub antenna. Mitigating 
the theoretical 9.5dB or 14dB worst C/I levels are 
diffraction losses which are likely to occur in the first 
Fresnel zone over the long distance of 3 and 5 cell 
radii, as well as rain fade and gaseous absorption. 

As a worst case example, assuming constant 
distribution density of subscribers over the grid, a 28dB 
gain subscriber antenna and a moderately profiled hub 


sector antenna (CS-1 compliant), line of sight with no 
diffraction losses, and no rain, one can expect roughly 
2% of the subscribers to suffer worse than 11dB co- 
channel interference. The coverage can be increased to 
close to 100%, if the subscriber radios in these 
selective areas are equipped with higher gain antennae. 
Lower microwave frequency deployments, such as 
3.5GHz, do not have the luxury of subscriber antenna 
gains higher than 20dB and therefore will suffer a 
higher loss in coverage. 


If coverage needs to be improved, the available band 
can be split into four frequency groups, one for each 
sector of a cell (Fig.5). There are a number of ways on 
how to combine frequency groups. The underlying goal 
is to create frequency pairs, which minimize the 
exposure to adjacent channel interference, and to rotate 
and flip them in a grid deployment such that the pattern 
repeats with no less than 5 radii distance. The resulting 
14dB C/I does not limit QPSK links. A reduction of 
frequency re-use to 100% is the price for this solution. 


Total allocated channel space 


Fig.5: Re-use of 100% with co-channel C/I of 14 dB 


Use of polarization 
The isolation between a vertical and horizontal 


polarized transmission adds another degree of freedom 
to cell and grid planning. It can be utilized to 

- increase isolation between sectors in a densely 
sectorized cell design. 

- create effectively a second set of channels for a grid 
deployment. 

- add selectively capacity to an existing grid 


Splitting into four frequency groups to minimize co- 
channel exposure, as shown in Fig.5, is not always an 
available choice. E.g., the allocated frequency band 
might accommodate only a split into two channels. 
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Polarization can be used in this case to improve co- 
channel C/I and at the same time increase frequency re- 
use to 200%. F1 and F2 with either horizontal or 
vertical polarization create four isolated channels, 
equivalent to four frequency channels (Fig.6). The 
choice of deploying in adjacent sectors with opposite 
polarization eliminates any exposure to adjacent 
channel interference along borderlines. 


Total allocated channel space 


2-H | F1-V 


1 
Fi-V | F2-H 


Fi-H } F2-V 


Fig.6: Use of polarization to reduce co-channel C/I and 
to double frequency re-use to 200% 


The amount of isolation between horizontal and 
vertical transmission depends on the design of the hub 
and subscriber antenna and, for the case of millimeter 
wave transmission, on rainfall density. A conservative 
expectation is a minimum of 15dB isolation in rainfall. 


Rain causes more fading for horizontally polarized 
signals. For example, at 28GHz a signal suffering 10dB 
rain fade in vertical polarization will be attenuated 2dB 
more in horizontal polarization. Deployments like in 
Fig.6 will result in unequal link margins for sectors, 
depending on polarization. 


If the allocated channel space allows a split into four 
frequency groups and doubling in capacity (200% 
frequency re-use) is required, polarization can be used 
to create both a vertical and horizontal polarized 
channel in each sector (Fig.7). Deployment could start 
out with only vertically polarized links, as shown in 
Fig.5. As capacity requirements rise, incrementally 
cells or only sectors can be populated with horizontal 
polarized links. Frequency choices of the overlaid 
horizontal polarized channels are made such as to 
essentially eliminate exposure to adjacent channel 
interference along sector borders. 


With both vertical and horizontal polarization available 
in each sector, subscribers near the cell boundary 
should get vertical polarization since it suffers lower 
rain fade. 


Total allocated channel space 


F3-V 


F1-V | F3-V 
F2-H | F4-H 


F4-V | F2-V 


F1-V | F3-V 


Fig.7: Vertical polarized deployment with partial 
horizontal polarized deployment 


Another choice could be to operate all or some 
horizontal polarized links with higher modulation, like 
16QAM to increase capacity in overcrowded sectors. If 
depolarization due to rainfall was a problem, higher 
modulation service should be assigned to subscribers 
closer to the hub. 


Total allocated channel space 
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Fig.8: Hexagonal grid at 200% frequency re-use with 
co-channel C/I of 12dB 
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Square vs. hexagonal grid pattern 
So far, only square grid patterns were considered. The 


hexagonal grid offers some advantages at the cost of 
50% more basestation equipment. Additionally, the 
allocated channel space must allow a split into at least 
3 channels. The following table compares the two grids 
on the basis of equal frequency re-use with no 
polarization: 


@ 200% Re-use 
14 dB 
15dB 17dB 


Square Hexagonal 
Grid Grid 
Repeat pattern 3 radii 4 radii 
Co-channel C/I 9.5dB 12 dB 
Repeat pattern 5 radii 7 radii 
Co-channel C/I 17dB 
@ 100% Re-use 

i 
Table 1: Comparison of deployments with square 
versus hexagonal grid 


Minimum number 
of channels 


Conclusion 

Ultimately, cell density and sectorization of the grid 
limit frequency or channel re-use in a deployment. The 
choice of cell size was not discussed in this paper, as it 
is a complex strategic decision between the deployment 
for maximum reach with a minimum number of hub 
sites and deployment for maximum anticipated 
capacity. Outside this issue, maximum frequency re- 
use requires cells with small sector angles, the 
optimum utilization of polarization, antennae with 
sharp profiles and radios designed for maximum co- 
channel and adjacent channel tolerance. While the 
deployment strategies will likely become shared best 
practices, a PMP operator can gain competitive 
advantage by using radios with superior co-channel and 
adjacent channel sensitivity and selectable modulation. 
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Abstract 


A wireless data system is constructed with the use 
of SAW-based transmitter and receiver, which have 
recently been conceived dedicatedly for short range 
RF link applications. In order to realize the porta- 
bility as well as to reduce the power consumption, an 
ASIC architecture is devised to be incorporated with 
the transmitter/receiver so as to implement the in- 
termittent drive and communication protocol mech- 
anism. By means of sophisticated drive and protocol 
mechanism, the wireless data system is applied to the 
monitoring facilities in medical cares. ASIC Module 
has been implemented by employing 0.6um three- 
metal-layer CMOS process. The power dissipation 
has been lowered to 0.98mW at 3V. 


1. Introduction 


With advances of short range, unlicensed RF (ra- 
dio frequency) links, a wireless data system can be 
constructed on the basis of SAW-based transmitter 
and receiver, which have recently been conceived 
for short range RF link applications[1]. Specifi- 
cally, by means of such a pair of commercially avail- 
able transmitter and receiver in conjunction with an 
ASIC module additionally devised dedicatedly for 
the intermittent drive and communication protocol, 
a wireless data system can be constructed of base- 
stations and an IC-card type of portable terminals, 
which is intended mainly for monitoring facilities in 
medical cares[2]. 

The present paper puts the major focus on the 
ASIC module which has been implemented for the 
intermittent drive and communication protocol to be 
incorporated with the transmitter and receiver. The 
main subject here is how to enhance the portability 
as well as the power reduction of terminals for med- 
ical monitoring, such as the 24-hour monitoring of 
patients with portable electrocardiographs, etc. 


2. Monitoring Facilities for Medical 
Cares 


According as the rate of the population of senes- 
cent people to the total is now more and more in- 
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creasing, the facilities for the wandering prevention 
of patients with senile dementia are of urgent ne- 
cessity. Moreover, there have been strong require- 
ments for the monitoring in a variety of medical 
cares, such as 24-hour monitoring of portable elec- 
trocardiographs. Hence, this paper devises a wireless 
data system to be used for such monitoring facilities 
of medical cares. The proposed system has the fol- 
lowing distinctive features; 


1) short-range wireless data transmission, 

2) memorizing the waveform of electrocardio- 
graphs, 

3) small size for portability, and, 

4) low power consumption. 


Our wireless data system is exploited for the mon- 
itoring of the patients in the following manner. 

(i) A certain number of basestations are placed at 
prescribed locations inside and outside of a hospital 
for inmates. Each of the basestations is connected to 
a wireless data concentrator through RS-232C inter- 
face, and all the concentrators are interconnected to 
a server by Ethernet. 

(ii) A data terminal is sewed into clothes of each 
inmate, each with a prescribed ID. 


Antenna 
WY 


SAW 
Transmitte 


Electro- 
cadiograph 


option : 
| | Interface 


ial oo adfad asl pe lan 


Block diagram of ADC. 


Fig. 1 


(iii) The server is used for the central monitoring, 
that is, it centralizes all the necessary information 
about the inmates, such as the movement locus of 
each inmate, including his/her present location. In 
addition, rank the places according to their relative 
urgency (for example, rank 1 := primary gates, rank 


Signal 


Detection 
SAW- Input Serial- ae 
Receiver Controller Parallel Sign : 
oe Decision 
Parity Receiver 
Checker Controller 
Reciver Controller 
Transmitter Controller 
oe 
Generato 
SAW- Output 
Transmitter | | Controller - Selector 
Converte 
Transmitter Controller 
Fig. 2 
2 := doorways, rank 3 := dining room or refresh 


room, rank 4 := bedrooms, etc.), and the server can 
provide a table of names of inmates arranged accord- 
ing to their ranks. 


3. Active Data Carrier 


We propose a wireless data terminal ADC (Active 
Data Carrier), as outlined in Fig. 1. In this dia- 
gram, Selector is to switch the terminal into either 
the transmitting phase or the receiving phase. To 
achieve the portability, ASIC Module is devised to 
be incorporated with SAW-based Transmitter and 
Receiver, which is in charge of not only communica- 
tion protocol but also intermittent drive. Thus the 
total system performance depends primarily on this 
ASIC Module. 

Due to a precisely refined set of protocols for the in- 
termittent drive, the power consumption of the data 
terminal can be lowered to 300 y.W in the idling mode 
and 9 mW in the data receiving mode. 


4. LSI Architecture 


Fig. 2 shows a block diagram of the Module, 
which is composed of functional units; (i) System 
Controller, (ii) Receiver Controller, (iii) Transmit- 
ter Controller, and (iv) Electrocardiograph Interface, 
which are outlined as follows. 


4.1 System Controller 


This unit drives SAW Receiver, SAW Transmit- 
ter, Receiver Controller, and Transmitter Controller 
intermittently for 50 ms per second in the ’idling 
mode’. When Receiver Controller detects a pulse 
sequence, henceforth called ENQ Sequence (enquiry 
pulse sequence), which indicates the start of the data 
receiving mode’, it has to inform System Controller 
(i) to drive all the prescribed units, i.e. to switch 


System Controller 


ie pew i 
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(FSM) 


Electro- 
cadiograph 


Output is 
AMX I/F Controller 


Electrocardiograh Interface 


Block diagram of ASIC Module. 


them from the idling mode into the data receiving 
mode, and (ii) to continue to drive them until Re- 
ceiver Controller detects the end of the data receiv- 
ing mode, and then (iii) to resume the idling mode 
(see Fig. 3). 


Basestation 1 


An issue of ID. 


Fig. 3 


4.2 Receiver Controller 


First, it should be pointed out that SAW Receiver 
is usually unstable for 90 ms from the start of drive. 
Thus, as soon as this Receiver Controller detects 
ENQ Sequence, it begins to drive all the prescribed 
units so as to switch them into the data receiving 
mode, skips all the received pulses for the first 90 ms, 
then resumes reading received pulses, and as soon as 
it detects the end of data receiving mode, it switches 
all the units into the idling mode. 


To make the total mechanism operate precisely, a 
state machine is modeled on a number of specific 
states, such as ACK (acknowledge), NAK (negative 
acknowledge), ETX (end of text), tme-out, demand 
for data transmission, and on the basis of this state 


Table 1 Main features. 


echnology 6 pm 
Chip size 4.59 mm x 4.59 mm 
Core size 1.94 mm x 2.32 mm 
Transistors 14,740 


Power dissipation | 0.98 mW (3V, 307.2KHz) 


machine a protocol scheme is constructed as shown 
in Fig. 4. 


In this protocol a number of typical procedures 
are specified. For example, while the basestation is 
communicating with a terminal, it should not issue 
ENQ Sequence (see lines 2-11 in Fig. 4). In addi- 
tion, although the probability is very low, it may 
happen that two or more terminals can receive ENQ 
Sequence simultaneously. In this case, let each such 
terminal transmit its own ID to the basestation, then 
such ID signals cause a transmission conflict, and 
hence an parity error, in the basestation, and there- 
fore let the basestation issue EOT Signal so as to 
start the timer of each such terminal by using ran- 
dom numbers (see lines 18-25 in Fig. 4). The out- 
line of transmission conflict process is illustrated in 
Fig. 5. It should be added that this Controller reads 
received pulses by the unit of 8-bit data plus 1-bit 
parity, each to undergo the parity-check. 

4.3 Transmitter Controller 

This unit refines the necessary data, such as ID 
data, control data of ACK, NAK, EOT, etc., and op- 
tionally electrocardiograph data, into the serial form 
, and then transfers such serial data to SAW Trans- 
mitter. 

4.4 Electrocardiograph Interface 

This unit is to read the data of the electrocardio- 
graph optionally connected to the terminal, and then 
to transfer them to Transmitter Controller. 


5. Implementation Results 


ASIC Module has been implemented with the use 
of 120 pins by employing ROHM 0.6um three-metal- 
layer CMOS process. The main features are shown in 
Table 1, where it should be noticed that the power 
dissipation has been lowered to 0.98mW at 3V by 
means of the sophisticated drive and protocol mech- 
anism. Fig. 6 shows the final layout patterns. 


6. Concluding Remarks 


This paper has devised a wireless data system com- 
posed of basestations and an IC-card type of ter- 
minals. The terminal is distinctive in that a so- 
phisticated ASIC module is incorporated with the 
adopted SAW-based Transmitter/Receiver so as to 
control the data communication as well as to lower 
the power consumption. The total power dissipa- 
tion of this system has been lowered to such an ex- 
tent that it can be practically used for monitoring 
portable electrocardiographs. 


procedure Base_station; 
begin 
1 Issue ENQ; /*ENQ mode*/ 
2 Wait until a reply is received or time-out (i.e. 
90ms of the unstable state of SAW Receiver); 
/*ID check mode*/ 
if no data then back to ENQ mode; 
case receiving_data of 
ID: issue ACK; 
if data transmission is not requirement, 
back to ENQ mode; 
ee issue EOT and back to ID check mode; 
en 
Wait until a reply is received or time-out; 
/*data receiving mode*/ 
8 if no data then back to ENQ mode; 
case receiving data of 
9 ETX: back to ENQ mode; 
10 data: issue ACK and back to data receiving 


a | mD ob 


mode; 
11 error: issue NAC and back to data receiving 
mode; 
end 
end 


procedure ‘Terminal(); 
begin /*idling pee 
12 sleep 950ms; 
13 Wake-up(); 
end 
procedure Wake-up(); 
begin /*data receiving mode*/ 
14 Wait until a pulse sequence is detected or time-out; 
15 if no pulse then back to idling mode; 
16 Skip the pulse sequence until ENQ detection 
or time-out; 
17 if ENQ is not detected then 
back to idling mode; 
18 while ID is not issued successfully then 
19 issue ID; 
20 Wait until a reply is received or time-out; 
21 if no data then back to idling mode; 
22 case receiving-data of 
23 EOT: Wait TxN ms 
(N: 1~16, generated by random number table 
T: interval time between each ENQ); 
24 ACK: ID transmittion succeed; 
25  othres: 
end 
end 
26 if data is not transmited then 
back to idling mode; 
27 while data is not transmit successfully then 
28 transmit data; 
29 Wait until a reply is received or time-out; 
30 if no data then back to idling mode; 
31 case receiving_data of 
32 ACK: data transmittion succeed; 
33 NAC: transmit data again; 
34 others: back to idling mode; 
end 
end 
35 issue ETX; 


end 


Fig. 4 Protocol between Basestation and Terminal. 
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Fig. 5 transmission conflict. 
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Fig.6 Final layout Patterns. 
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Abstract: New OFDM-based WLAN standards target wireless communications in the SGHz band for consumer 
multimedia applications. Given the high data rates with required low bit error rates, and given the nature of the 
OFDM signal, a conservative analysis of the front-end requirements lead to severe, overdimensioned specifications. 
Such a design would never meet this market, by necessity low-cost and low-power. To extract more optimal front- 
end specifications, we assess the BER performances of the complete WLAN-OFDM link. As a result, we first show 
that the transmitted symbols’ word-length can be restricted to 8-bit and the normalized crest factor digitally limited 
at baseband to 4. Then we show that the power amplifier can operate with only 5.4dB back-off between the average 
input power and the input-referred Pj gg. Finally, we quantify in terms of implementation loss the influence of I/Q 


imbalance and of the frequency synthesizer phase noise. 


1- Introduction 


New WLAN standards based on OFDM transmission 
[1,2] will allow local networks to go wireless while 
offering multimedia communications. Digital OFDM 
Transceiver ICs for wireless communication in the 
5.2GHz band have been presented [3], and it is now a 
challenge to build integrated front-ends with minimum 
degradation of the overall performance demonstrated at 
baseband by such modems. However, few studies have 
been published that quantify the front-end effects on the 
link performances in terms of implementation loss (IL) 
and give specifications to analog front-end designers. 

In this paper, we first show results for the effect of 
digital clipping in the transmit modem and the influence 
of the transmit symbol wordlength. Then, we present 
more effects related to the IL introduced by the analog 
front-end: effects on the Bit Error Rate (BER) of a 
nonlinear power amplifier, phase noise and finally I/Q 
imbalance. 


Model for the WLAN-OFDM link and 
baseband simulation set-up 


2- 


For this study, we modeled the complete WLAN- 
OFDM link in MATLAB, comprising models for a 
digital baseband OFDM modem, a generic front-end 
and a set of multipath channels corresponding to an 


indoor environment (of which the frequency response 
was determined by ray-tracing simulation [4]). 

The principle of OFDM is the parallel transmission of 
QAM-modulated subcarriers using frequency division 
multiplexing. The time domain symbols are generated 
from the modulated subcarriers through an IFFT, then 
I/Q modulated, up-converted to the desired frequency 
band with the adequate power to be transmitted through 
the channel. At the receive side, they undergo the 
inverse operations. Fig. 1 shows a simplified schematic 
of the transmitter simulation model in our simulation 
set-up. The key points are first addressed below and 
will be discussed in more details in the following 
sections. 

OFDM systems with 52 non-zero 64QAM-modulated 
carriers as in [1,2] produce time-domain signals with a 
crest factor of 19, which would lead to very inefficient 
implementations in terms of wordlength in the digital 
modem and data converters, and of dynamic range in 
the analog front-end. Therefore, signals coming out of 
the IFFT should be clipped to reduce large crest factors 
inherent to DMT modulation techniques. This operation 
is performed digitally in the modem, right after the 
time-domain signal generation. In section 3, an optimal 
clipping level is derived. 

The spectrum of the OFDM signal in [1,2] occupies 
16.8MHz in a 20MHz channel, and the digital modem 
produces I,Q signals sampled at 20MHz. To avoid high 


Figure 1: simplified schematic of the simulation model for the WLAN-OFDM transmitter 
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of 


sample rates when simulating this bandpass signal at 
RF frequency of 5.2GHz, simulations are conducted at 
baseband (BB) using its complex low-pass equivalent 
representation. Yet, in the simulation oversampling by 
4 is added in the interface between the modem and the 
front-end so that nonlinear distortion can be evidenced 
(in this study, up to an order 3). This over-sampling can 
also be present a hardware implementation, in the case 
where the I/Q modulation is performed digitally. We 
will also show in section 4 that introducing further 
clipping on the modulus of the upsampled signal helps 
improving the system power efficiency. 

Finally the analog front-end model consists of three 
blocks: an I/Q modulator adding I/Q imbalance, a mixer 
with a local oscillator signal defined by its phase noise 
power density function, and power amplifier (PA) 
exhibiting a cubic nonlinearity (an ideal power control 
module keeps the PA average RF input power constant 
to make fair comparisons between transfer functions). 
These effects are considered at the transmit side only. 
Nonetheless, simulations show that they produce 
similar BER degradation if placed at the receive side, 
even when considering multipath channels. 

All the simulation results we presented are for 52 non- 
zero 64QAM-modulated subcarriers, with a coding rate 
of 3/4 (the most demanding case in [1,2]). As non- 
ideality effects are more visible in a Gaussian channel 
than in a multipath channel, only Gaussian channels are 
considered in this paper. 


3- Wordlength of the transmitted 


symbols and optimal clipping level 


The wordlength b of the symbol at the output of the 
transmit digital modem has a major impact both on 
implementation cost and performance limitation. As b 
decreases, the power consumption and the complexity 
of the D/A and A/D Converters (DAC/ADC) decreases 
at the expense of the quantization noise - hence the 
BER performances. 

However, b can be limited with acceptable performance 
degradation, due to the limited signal-to-noise ratio 
(SNR) on the channel. Furthermore, the digital clipping 
operation after the IFFT (see section 2) limits the crest- 
factor of the signal, enhancing for a given b the 
average-signal / quantization-noise power ratio. Still, it 
also introduces an additional noise source: clipping 
noise. It is therefore a joint-optimization process on b 
and the normalized clipping level w (ratio of the 
clipping level to the rms amplitude o of the time- 
domain signal). 

For a given wordlength b, an optimal clipping level can 
be derived [5], as it is a trade-off between two noise 
sources: lowering the clipping level enhances the 
clipping noise while at the same time reducing the 
quantization noise. 
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Effect of clipping 
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Figure 2: The optimal clipping level depends 
on the wordlength of the transmitted symbols. 


In Figure 2, the SNR of an OFDM signal after clipping 
and quantizing is plotted versus for wordlengths b 
ranging from 6 to 9 bits: digital clipping at 4.0 is close 
to the optimal clipping level for all wordlengths. Hence 


b can now be optimized separately. 
QAM64, no coding, Gaussian channel 
+ ; 
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Figure 3: BER curves, showing the implementa- 
tion loss due to clipping and quantization noise. 


Figure 3 shows results from BER simulations (in this 
particular case, uncoded) considering only the digital 
modem and a Gaussian channel: the IL due to the finite 
wordlength b is less than 0.2dB at BER=10° for b28. 
Taking into account implementation cost, we conclude 
that 8-bit wordlength with digital clipping at 40 is an 
optimum. We performed extensive simulations using 
multipath channels to check the crest factor regrowth 
due to nonlinear effects: it never exceeded 150%. This 
results in the following specifications: 8-bit DACs of 
which the 2 MSB are for signal amplitudes above o and 
10-bit ADCs (2 more bits to accommodate for crest 
factor regrowth due to nonlinear effects and imperfect 
AGC at the receiver). 


4- Influence of the Power Amplifier 


(PA) nonlinearity 


A linear PA is needed due to non-constant envelope 
signals. The PA is assumed class A with back off. 

The linearity of a PA is a key parameter as it is closely 
related to power consumption and to distortion, hence 
BER. We quantify it by its input-referred 3™ order 
intercept point IIP3 or 1dB-compression point IPj,g, for 
a given average RF input power Pip. 
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Figure 4: For an input signal clipped at 40 and with 
+6dBm average power, the power amplifier is driven 
up to the limit of saturation for IIP3 < +24dBm. 


PA amplitude transfer function model: The nonlinear 
amplitude transfer function of a PA with a linear gain 
G, assuming that the PA is kept out of saturation, was 
modeled by a cubic nonlinearity: 

y=G.(x-ax’) FOE X < Xan 
where X,,, is the limit of the saturation region. 
The nonlinearity coefficient a can be expressed as a 
function of IIP3, IPigp, OF Xsat! 

4 1 


O35 IIPS? Be UE Uo orem tate cae 
PA model for in-band distortion: the PA model based 
on the amplitude transfer function described above can 
not be used as such with a low pass representation of 
the signal, as at BB one can only compute in-band 
distortion. From (1), the PA model for BB simulation, 
considering in-band distortion only, is computed: 


vin @)=x0){1-a2 KF | 


To enforce the condition that the PA remains out of 
saturation even if IIP3<+24dBm (see Figure 4), a lower 
clipping level p.0 would be required. However, we 
have shown that as far as clipping at BB is concerned, 
u=4 is an optimal. A possible solution is to introduce 
additional digital clipping after the "up-sample by 4": as 
the additional clipping noise is not confined in-band 
anymore, it introduces lower SNR degradation, and the 


(1) 


(2) 


(3) 
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signal can still be clipped to X,4. Moreover, this 
operation is performed on the modulus of the signal and 
not on I and Q separately: this is done at the expense of 
the computational complexity, but it improves the BER 
performances. 


Effect of PA nonlinearity 
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Figure 5: The IL at BER=2.10° is 1.9dB for 


(IIP3-P;,,) = 14dB, 0.5dB for (IIP3-P;,,) = 1SdB. 
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BER simulations results for PA nonlinearity (Fig. 4): 
Fig. 5 shows that for low IL, the PA can be operated 
with only 5.4dB_ back-off between P;, and IP;gg (15dB 
between P;,, and IIP3). This can be translated in terms of 
system power efficiency n, assuming a PA intrinsic 
power efficiency of 50% (Class A). For the same 
condition, we have n = 6.33%. 

The BER degradation is mainly introduced by the 
additional clipping, and not by the gain compression in 
itself: ideal predistortion was applied as a linearization 
technique, and did not show much improvement on the 
BER curves. Thus, linearizing the PA will not 
significantly improve the system power efficiency. 


5- Influence of Phase Noise 


The degradation of a multi-carrier OFDM signal 
because of oscillator phase noise results from two kinds 
of effects. The first one is a close-in phase error 
common to all sub-carriers, which rotates the whole 
constellation. This error can be estimated and 
compensated [6]. The second one, which has a higher 
frequency Gaussian-like noise behavior, can not be 
corrected. It results in inter-subcarrier interference. 

The SNR (hence the BER performances) that can be 
achieved in an OFDM system with a noisy VCO can be 
approximated by integrating its phase noise power 
density function (PDF) over the channel bandwidth ; 
this approximation does not take into account the fact 
that the common contribution can be corrected. 


In our set-up, the BB OFDM signal is mixed with a 
BB, time-domain representation of the frequency 


synthesizer (FS) signal (Fig. 1). The phase noise PDF 
of a FS is approximated by a Lorenzian function with 
uniform phase distribution. It is parameterized by its 
total integrated phase noise K and -3dB bandwidth B 
[7], to which we superimpose a noise floor Lo (set 35dB 
above the thermal noise): 


by Oke 
Lf)’ =——-—> 
a f° +B 
It is then converted to the time domain by an IFFT. 
Effect of phase noise 


+Lo (4) 
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Figure 5: With a Lorenzian piadel the IL at BER=2.10° 
is of 0.SdB for K=-32dBc, and of 1.3dB for K=-30dBc. 
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BER simulations results with phase noise (Fig. 5): 
The shape of the phase noise PDF has little impact: 
performances are mainly determined by the total 
integrated phase noise K. A K value of -32dBc results 
in low BER degradation. With the Lorenzian model, 
and with B=10kHz, this can be translated into a VCO 
phase noise specification of -97dBc @100kHz. 


6- Influence of I/Q imbalance 


V/Q imbalance results from two effects: gain mismatch 
between the I and Q paths and non-perfect quadrature 
generation (€ and Ad respectively). /Q imbalance is 
often specified in terms of Negative Frequency 
Rejection (NFR, in dBc): a mismatch between the I and 
Q paths has the same effect as a parasitic up-/down- 
conversion by a tone at the negative frequency of the 
LO frequency. (€, Ad) are related to NFR by: 
NER = 10.logjo( €”+ tan?(Aq) ) (5) 
V/Q imbalance on x(t) = 1 + j.Q is simulated at BB with: 
y(t)=(1-e).e 1) +j.(1+e).e**.Q(t) (6) 


BER simulations results with I/Q imbalance: 

These results were extracted from BER curves as in 
Fig. 4 & 5, for the same data rate and in a Gaussian 
channel. There are given in terms of Negative 
Frequency Rejection (NFR) at BER = 2.10°: for NFR 
of 32, 29 and 26 dBc, the IL is 0.3dB, 0.8dB and 1.9dB 
respectively. 
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7- Conclusion 


We have shown that a WLAN OFDM-based link 
exhibits acceptable BER performance degradation with 
a 8-bit word-length for the transmitted symbols and a 
crest factor of the transmitted signal digitally limited to 
4o at baseband. 

We have also investigated some effects of the analog 
front-end: we demonstrated the use of a class A power 
amplifier with only 5.4dB back-off between the average 
input power and the input-referred Pigg (additional 
signal processing is then required to keep PA out of 
saturation) ; we quantified in terms of implementation 
loss the influence of the frequency synthesizer total 
integrated phase noise and of I/Q imbalance. 

These results were derived from a simulation setup we 
implemented in MATLAB, that assesses the BER 
performances of a complete WLAN-OFDM link. Such 
a simulation setup is a powerful tool to get insight in 
BER degradation along the complete link due to front- 
end non-idealities, and to trade-off IL among the 
different front-end non-idealities on the one hand, and 
IL in the digital part versus IL in the front-end on the 
other hand. 
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ABSTRACT 
This paper addresses system performance analysis, based on software simulations; spectral efficiency, throughput 
and transfer delay for packet data transmission in UTRA-FDD are evaluated. The considered traffic model refers to 
WWW (World Wide Web) browsing applications. Both shared and dedicated channels for UDD 64, UDD 144 and 


UDD 384 services have been considered in the study. 
I. INTRODUCTION 


UTRA (Universal Terrestrial Radio Access) is a 
new digital mobile radio standard currently being 
defined by 3GPP (3 Generation Partnership Project). 
In UTRA there are two components using different 
multiple access techniques: UTRA-FDD component, 
using WCDMA (Wideband Code Division Multiple 
Access) as access technique and FDD (Frequency 
Division Duplex) as duplexing mode; UTRA-TDD 
component, using hybrid TD-CDMA (Time Division- 
Code Division Multiple Access) as access technique 
and TDD (Time Division Duplex) as duplexing mode. 

This study addresses system performance evaluation 
of packet data transfer on radio interface of UTRA- 
FDD. 

Performance evaluation has been performed by 
means of a simulation software tool, developed in 
CSELT and based on guidelines provided in document 
{1] and in line with [2]. The considered traffic model 
refers to WWW (World Wide Web) _ browsing 
applications, according to [1]. Downlink only has been 
considered and the following two transport channels 
configurations have been investigated: DCH (Dedicated 
CHannel) mode, using a dedicated channel per user, 
and DSCH (Downlink Shared CHannel) mode, using a 
common channel shared among users. 

The following UDD (Unconstrained Delay Data) 
services have been considered in the simulations: 
64 kbps and 144 kbps in macrocellular environment 


(i.e. suburban) and 384 kbps in microcellular 
environment (i.e. urban). Moreover, both 
Unacknowledged and Acknowledged (i.e. with 


retransmission of received erroneous blocks) modes 
have been analysed. 


ll. UE STATES 


A basic simplified scheme of the possible UE states 
has been used in simulations (see Fig. 1): idle mode and 
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connected mode. In the case considered in this study, 
when in connected mode, the RRC can be in two states: 
e CELL_FACH: inactivity state’, entered at the 
RRC connection set up; 
e CELL_DCH: activity state, entered whenever a 
packet has to be transmitted. 


RRC Connection 
Requested 
Idle eu 
Failuns Connecting 
RRC Connection 
Established 


RRC Connectio 
Released 


iia fed mode ——| CELL_FACH 
oe _Newpackett = ~— 


CELL_DCH 


User data ] 
active 


Fig. 1. Simplified UE and RRC states scheme 


A transition from CELL_DCH to CELL_FACH 
occurs based on explicit signalling from the network. In 
this study it is assumed that the transition command is 
sent when an inactivity timer expires (i.e., no packet has 
to be transmitted within a certain period of time). 

The mechanism for the acquisition of radio 
resources is described in the following: after the initial 
request and the successful set up of the RRC 
connection, the UE enters the CELL_FACH state. The 
CELL_FACH activates the CELL_DCH: the network 


id pa¢ket 


Control 
sek only 


: It has to be noted that according to UMTS Specifications [2] in 
CELL_FACH state it is possible to send a few amount of small 
packets on the RACH/FACH. In addition it is also possible to use 
CPCH channel in uplink. These cases are not considered in this study. 


can choose among two options, as described in the next 
paragraph. 


Ill. PACKET TRANSMISSION MODES 


In the simulations only the downlink has been 
considered and the following two configurations of 
transport channels have been analysed: DCH/DCH 
(Dedicated CHannel) mode, using a dedicated channel 
per user, and DCH/DCH+DSCH (Downlink Shared 
CHannel) mode, using a common channel shared 
among users. 


A. DCH/DCH mode 


In this case a DCH is assigned to the user in both 
links. In the downlink the packets are transmitted on the 
dedicated channel that is released when the inactivity 
timer expires. The main capacity limitation in this case 
is the number of available DCH channels (equal to the 
number of users simultaneously served). This number 
depends on the offered bit rate, i.e., on the spreading 
factor. As shown in Fig. 2, if one branch of the code tree 
is reserved for the control channels (in this example 4 
control channels are considered), the maximum number 
of available DCH is equal to SF-1. In addition, the 
inactivity timer must be carefully set: in fact, when this 
timer is active, no data are sent on the DCH (only 
signalling); nevertheless the DCH can not be allocated 
to a different user (as per the circuit switched case). 
Therefore this timer should be short compared, e.g., to 
the average time required to read a web page. However, 
if the timer is too short, the packet transmission would 
not be efficient since the UE would go back to the 
CELL_FACH state even between two consecutive 
packets belonging to the same packet burst, thus being 
forced to re-enter CELL_DCH state too often. 


B. DCH/DCH+DSCH mode 


In such a case a DCH is assigned to the users in the 
uplink and DCH+DSCH (downlink shared channel) in 
the downlink. Packets in the downlink are transmitted 
on the DSCH that is shared among several users; the 
signalling information of the packets for a given user is 
sent on the DCH that is permanently allocated to each 
single user. As shown in Fig. 3, in this case it is 
necessary to optimise the balance between the number 
of physical channels dedicated to DSCH and the 
number of users sharing the DSCH (i.e., the number of 
DCH channels for signalling). For example, considering 
a service requiring SF=32, it would be possible to 
allocate 31 physical channels for DSCH. However, in 
this case there would be only 8 channels available with 
SF=256 (suitable for signalling) and in this example 4 
are already reserved for common control channels: i.e., 


96 


only 4 users would be able to share the 31 physical 
channels allocated to the DSCH and this would clearly 
be inefficient. 


Common control 
channels 


i 


Available channels 
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Fig. 2. Maximum number of available channels with the same 
SF in DCH/DCH mode 
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Fig. 3. Balance between physical channels allocated to DSCH 
and to signalling DCH in DCH/DCH+DSCH mode 


IV. TEST ENVIRONMENTS 


The test environments considered in this study are 
of two type: macrocellular (vehicular environment) and 
microcellular (outdoor to indoor and_ pedestrian 
environment). 

The macrocellular environment is an ideal scenario 
with exagonal cells, characterised by 11 sites using tri- 
sectorial antennas with 17dB gain. Statistics have been 
collected from 3 test cells located in the central area of 
the scenario. A log-normal shadowing with 0 dB mean, 
10 dB standard deviation and 20 m de-correlation 
length has been considered. In case of services with bit 
rate lower than 144 kbps the cell radius is 2 km, 
whereas for services with bit rate greater than 144 kbps 
the cell radius is 0.5 km. The mobile terminals are 
uniformly distributed over the simulated area and each 
mobile has a speed of 120 km/h. 


The microcellular environment is represented by a 
Manhattan-like structure with 28 base stations using 
omnidirectional antennas with 10 dB gain. Statistics 
have been collected from 3 test cells located in the 
central area of the scenario. A log-normal shadowing 
with 0 dB mean, 10 dB standard deviation and 5 m de- 
correlation length has been considered. The mobile 
terminals are uniformly distributed along every street 
and each mobile has a speed normally distributed with 
mean of 3 km/h and standard deviation of 0.3 km/h. 


v. ANALYSED SERVICES 


The packet transmission services considered and 
analysed in this study are of Unconstrained Delay Data 
(UDD) type with different bit rates: 64 kbps, 144 kbps 
and 384 kbps. 

These services have been investigated in two 
different test environments described above. In 
macrocellular environment UDD 64 and UDD 144 
services have been analysed; in _ microcellular 
environment UDD 384 service has been investigated. In 
the macrocellular environment DCH/DCH mode only 
has been analysed, whereas in microcellular 
environment both DCH/DCH and DCH/DCH+DSCH 
modes have been evaluated. 

Moreover, in each scenario both Unacknowledged 
and Acknowledged (i.e. with retransmission of received 
erroneous blocks) modes have been analysed. 


VI. TRAFFIC MODEL 


The WWW traffic model consists in a browsing 
session (see Fig. 4) containing a sequence of packet 
calls, i.e. a session contains one or several bursty 
sequences of packets; between two packet calls there is 
a time called reading time. 


Browsing session 


4. 
Reading time 


Packet 


Ed 
Packet call 
Fig. 4. WWW traffic model used in simulations 


In simulation the following mean values for statistic 
distributions of traffic model parameters have been 
used: 
e number of packet calls per session (using a 
geometrical distribution) N,,. = 5 

e number of packets per packet call (using a 
geometrical distribution) NV, = 25 

e size in bytes of each packet (using a normal 
Pareto distribution) S,; = 480 bytes 

e inter-arrival time between packets depending on 


oF 


data rate 
e reading time (using a geometrical distribution) 
D,- = 108 


VII. SIMULATION RESULTS 


Simulation results have been reported in terms of 
spectral efficiency and active session throughput’, 
according to [1]. The spectral efficiency is defined as 
the system load’ when there are exactly 98% of 
satisfied users. We define a satisfied user as a user that 
has the 3 following constraints fulfilled: 

e the user does not get blocked when arriving to 

the system* 

e the active session throughput of the session is 

greater than or equal to 10% of the data rate 

e the user does not get dropped’. 


Table 1 reports simulation results for the services 
and the scenarios described above in case of DCH/DCH 
mode. 


Table 1. Simulation results for DCH/DCH mode in both 
macrocellular and microcellular environments for UDD 64, 
UDD 144 and UDD 384 services 


Service UDD UDD UDD 
64 144 384 


Spectral 30.4 31.8 18.4 
efficiency 


In DCH/DCH mode, in case of high bit rate service 
(i.e. UDD 384 in microcellular environment) it is 
possible to notice that the performance is upper 
bounded by limited available resources, i.e. channel 
codes; this situation may lead to high waiting times 
before resources assignment or, even, blocking. In case 
of two or more available code trees (i.e. using two or 
more scrambling codes per cell), it would be possible to 


Mean active 
session 
throughput 
[kbps] 


; The active session throughput is defined as the ratio of 
correctly received user bits during the entire session and the session 
length excluding the time where there is nothing to transmit (i.e. 
empty buffer). 

The system load, expressed in kbps/cell/MHz, is derived as 


follows: 
Dm 1 


uy Breil e 


where D is the total number of correctly received user bits within the 
cells from where the statistics are collected, T is the simulation time, 
Neils is the number of test cells and B is the system bandwidth. 

Blocking or dropping occurs in case of not available resources 
(i.e. channel codes) after a waiting time of 5s. 


serve a greater number of users increasing the number 
of available resources. However, in such a case the 
interference model should be reviewed because the 
orthogonal conditions would be different. 

In case of low bit rate service in macrocellular 
environment (i.e. UDD 64) the performance is upper 
bounded by system interference and seems to be 
independent from the number of available codes. UDD 
144 service in macrocellular environment appears to be 
affected by both the factors. Fig. 5 shows results for 
UDD 384 service in Acknowledged mode. 

In Table 2 simulation results are reported for the 
UDD 384 service in microcellular environment in case 
of DCH/DCH+DSCH mode. 


Table 2. Simulation results for DCH/DCH+DSCH mode in 
microcellular environment for UDD 384 service. 


UDD 384 


Test environment 


Spectral efficiency 
[kbps/cell/MHz] 


Mean active session 
throughput 
[kbps] 


In DCH/DCH+DSCH mode, the limited number of 
channel codes is not a problem, while the main 
constrain is a consequence of the use of a shared 
channel: there may be high transfer delays, perceived 
by the users as low throughput. Obviously, the spectral 
efficiency grows using more physical channels per 
transport channel. 


UDD 384-DCH-AM 


[kbit/s] 


[ms] 


25 30 
Input load [kbit/s/cella/M Hz] 


~>~W aiting time Throughput 


Fig. 5. Waiting time and throughput versus increasing input 
load for UDD 384 service 


Performance results obtained considering the two 
analysed modes can be compared. With a constant 
value of spectral efficiency, the DSCH transport 
channel uses a lower number of physical resources, but 
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this leads to higher transfer delays. Fig. 6 shows 
comparison results between DCH and DSCH cases for 
UDD 384 service in microcellular environment, where 
for DSCH one or two physical channels are allocated. 
In particular, in case of DSCH with one allocated 
physical channel (i.e. using 30% of the available 
resources) it is possible to reach almost the same 
spectral efficiency as for DCH (where 100% of the 
available resources are used), as shown in the left part 
of Fig. 6. Moreover, using two physical channels for 
DSCH (i.e. 60% of the available resources) it is 
possible to double the spectral efficiency obtained with 
DCH (see the right part of Fig. 6). 


UDD 384 - AM 


[kbit/s/cella/MHz] 


1 PDSCH 2 PDSCH 
Number of physical channels used for DSCH 


DSCH @ DCH 


Fig. 6. Performance comparison between DCH and DSCH 
with different allocated physical channels. 


VIII. CONCLUSIONS 


In this paper UDD 64, UDD 144 and UDD 384 
services for downlink packet transfer in UTRA-FDD 
have been analysed. In particular, WWW traffic type in 
macrocellular and microcellular environments has been 
considered. Moreover, two transmission modes (with 
dedicated channel and with shared channel) have been 
investigated. 

Simulation results highlighted the effects of three 
critical aspects of the system: the limited number of 
channel codes, the interference and, in case of shared 
channel, the queuing time. In each scenario the 
importance of each critical aspect has a different 
weight. 

The case with a greater number of available channel 
codes (i.e. more scrambling codes per cell) is left for 
future study. 
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Abstract 


In order to benefit from the advantages of soft handoff, it 
is important that the handoff parameters be well set. This 
paper analyzes the sensitivity of the soft handoff 
percentage to variations in the propagation environment. 
The sensitivity analysis is then used to design a robust 
handoff algorithm that reduces possible holes in coverage 
and excessive handoff overhead in real systems. The 
effects of handoff threshold settings on the mean number 
of active set updates is also analyzed. Sectorized cells are 
considered, and the varied propagation parameters 
include the path loss exponent, the variance and cross- 
correlation of shadow fading signals arriving from 
multiple sectors of a base station and different base 
Stations. 


1. Introduction 


Soft handoff in CDMA systems provides diversity gain 
for both the forward and reverse links by allowing the 
mobile station (MS) to communicate with multiple base 
stations (BS) simultaneously [1], [2]. Soft handoff gain in 
the reverse link is derived from the frame selection 
diversity at the switch, while the gain in the forward link 
is derived from the increased probability of having fingers 
of the RAKE receiver locked. Soft handoff also increases 
the reverse link capacity, since the MS in soft handoff 
increases its transmit power only if all serving BS’s 
request an increase in power reducing the reverse link 
interference [2]. Simultaneous communication with 
multiple BS’s, however, implies overhead in network 
resource utilization. Additional backhaul connections to 
the switch and channel elements in the BS’s involved in 
soft handoff are required [3]. To provide as much 
diversity gain as possible while consuming a reasonable 
amount of network resource, CDMA system operators 
typically set the handoff thresholds such that the target 
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soft handoff percentage, defined here as the proportion of 
the call duration that an MS spends in soft handoff on 
average, is in the range 35~45 % [4]. 

A cellular network that is planned based on a certain 
average value of the soft handoff percentage, however, 
may give rise to either holes in coverage or excessive 
handoff overhead in a real system. This is due to the 
combination of facts that a low soft handoff percentage 
reduces the diversity gain while a high percentage 
increases the network resource consumption, and that the 
soft handoff percentage strongly depends on the 
propagation environment and consequently fluctuates 
from one area to another due to the irregularity in the 
local propagation characteristics such as the terrain shape 
and building density, etc [5]-[7]. Therefore, it is desirable 
to have an algorithm that is robust to variations in the 
propagation environment. 

In this paper, we first analyze the sensitivity of the soft 
handoff percentage to variations in the propagation 
environment. The sensitivity analysis is then used to 
design a robust handoff algorithm that gives stable 
performance in various propagation environments. Such 
an algorithm is designed by analyzing the sensitivities of 
algorithms having different handoff thresholds and 
choosing the one that is least sensitive to the propagation 
environment variations. The effect of such handoff 
threshold settings on the mean number of active set 
updates is also analyzed. Three-sectored cells are 
considered, and the varied propagation parameters include 
the path loss exponent, the variance and cross-correlation 
of shadow fading signals arriving from multiple sectors of 
a base station and different base stations. 

The rest of this paper is organized as follows: In section 
2, we present the propagation model and numerical 
techniques used to analyze the handoff process. Sections 
3 and 4 respectively present the simulation model and 
numerical results with discussion. Conclusions are drawn 
in section 5. 
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Fig. 1: Total soft handoff percentage vs. T_TDROP 

at i = 3.5, 6 = 6 GB, igs = 0.4, Reector = 0.8 (Four 
algorithms operating at 40% are shown with the 
reference numbers) 


2. Propagation model 


The decibel power Pr;, received from sector s of BS i 
when the MS is d; meters away from BS 7 is modeled as, 


Pr, (@)) =K-10u log(d;)+ Coes (d;) + G,.(d,) 
i=1,..., 19, ands =1.,..,3 (1) 


where K is the power received at a reference distance, i is 
the path loss exponent, @;, is the shadow fading, G;, is the 
power gain of a typical cellular sector antenna with 3-dB 
horizontal beamwidth of around 100° [7]. 

Correlated Gaussian shadow fading components @;, in 
equation (1) with zero-mean and standard deviation 6 can 
be generated by, 


Gig = 4G, +OG +06, 
where a?+b?+c*=1 (2) 
i,, ij, and i;, are independent Gaussian random variables 
with zero-mean and standard deviation 6, respectively 
representing the shadow fading contributions from the 
location of the MS, the path between the MS and BS i, 
and the location of sector s of BS i. The third term in 
equation (2) accounts for the spatial displacement of the 
three sector antennas on the roof of a building. It can be 
shown that the shadow fading  cross-correlation 
coefficient of any two different sectors belonging to the 
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Fig. 2: Mean number of active set updates (per 
minute) vs. T_.TDROP at i = 3.5, 6 = 6 GB, figs = 0.4, 
Asector = 0.8 (Mean number of updates resulting from 
the four algorithms referenced in figure 1 are shown) 


same BS, denoted fisector, iS a+b =1 = op and that of 
any two sectors belonging to any two aitfereat BS’s i and 
j, denoted figs, is a’ . Thus, if figs of 0.4 and figector of 0. 8 
were desired, for example, @ should be set to 0.4, a“ + b? 
to 0.8, and a’ +b’ +c’ to 1, to get the values of a, b, and 
Gi 


3. Simulation model 


The system consists of 19 BS’s with 3 sectors in each 
BS arranged on a hexagonal grid. The BS’s are separated 
by 3 kilometers, and the MS is randomly generated within 
the center cell and moved in an arbitrary direction in 
straight line for 90 seconds. For each simulation result, 
hundreds of calls were generated and tracked through the 
system until the result converged. The mobile speed was 
50 km/hr, sampling interval 100 msec, and the shadow 
fading signals from one instant to the next were correlated 
with 0.98. 

At each sampling instance, a sector of a BS is added to 
the active set (i.e., enters the soft handoff mode) if its 
pilot strength exceeds T_ADD. A sector of a BS is 
removed from the active set (i.e., exits the soft handoff 
mode) if its pilot strength drops below T_DROP and 
remains there for at least T_TDROP sec. The pilot 
strength of sector s of BS i at d; is measured by, 
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[é os y Pr, (di) (3) 
ig WH pal awa) 
° Ji,s,d, > Pr, ,(d,,)— Pr, (d,) +N,W 


m=| k=l 


where, FE, is the pilot energy per chip, J, is the total 
interference power spectral density at the MS receiver 
input, a is the fraction of the BS transmit power allocated 
to the pilot channel, V,W is the thermal noise power, and 
Pr;,(d;) is as was modeled in section 2. For the 
simulations, it was assumed that all BS’s are transmitting 
equal power, a = 20%, and N,W is negligible. 


4. Numerical results and discussions 


The sensitivity of the soft handoff algorithms to 
variations in the propagation environment was analyzed 
first, and two sample results are presented in Table 1 and 
Table 2. The tables show in the first columns the statistics 
of various soft handoff types obtained with the nominal 
propagation parameters (i = 3.5, 6 = 6 dB, figs = 04, 
sector = 0.8), and in the other columns the statistics 
obtained with one parameter varied and other parameters 
fixed to the nominal values. The parameter values were 
varied within realistic ranges, by varying figs to 0.8, Ngector 
to 1, 6 to 10 dB, and i to 4.5, as shown on the tables. 

The results in Table 1 and Table 2 are presented as the 
two extreme cases, respectively corresponding to 
algorithm #1 with T_ADD/T_DROP/T_TDROP of - 
12dB/-14dB/2sec and algorithm #4 with -10dB/- 
12dB/13sec, which are indicated in figure 1. The results 
show that the percentages of the soft handoff types 
(handoffs between different BS’s) are mainly affected by 
the variation in figs, whereas the percentages of the softer 
handoff types (handoffs between different sectors of the 
same BS) are affected by the variation 1N fisector. It can be 
also seen that, as fs, fisector are decreased and/or 0 is 
increased, both the total soft handoff percentage and the 
mean number of updates increase due to the increased 
variance of the pilot signal Ec/Jo. Neither the soft handoff 
percentage nor the mean number of updates are 
significantly affected by the path loss exponent i. 

The propagation environment is often irregular within a 
market covering a sufficiently large area due to the 
difference in the local propagation characteristics. As a 
result, there can be a significant fluctuation in the total 
soft handoff percentage at various locations within the 
market, as was demonstrated in the tables, which, in turn, 
may give rise to either holes in coverage or excessive 
handoff overhead in actual systems designed with an 
average value of soft handoff percentage. Therefore, it is 
desirable to have a robust handoff algorithm that gives 
stable performance in various propagation environments. 
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Figure 1 shows algorithms designed with four different 
combinations of T_.ADD, T_DROP, and T_TDROP - 
indicated by reference numbers - that give the same total 
soft handoff percentage of about 40%. In order to design a 
robust algorithm, the sensitivity of the soft handoff 
percentage to the propagation environment variations was 
analyzed for each algorithm. Table 3 summarizes for each 
algorithm the changes in the soft handoff percentage 
caused by the variation of one propagation parameter with 
others fixed to the nominal values, and it shows that the 
handoff algorithms are quite sensitive to variations in figs, 
sector and 6, but not to i. It can be also seen that algorithm 
#1 having the lower T_.ADD/T_DROP combined the 
shorter T_TDROP is less sensitive to figs, fisector and 6 
variations compared with other algorithms. The 
sensitivity trends for figs, fisector and 6 are unidirectional, 
such that an algorithm that is robust to one propagation 
parameter is robust to the other parameters also. However, 
as shown in figure 2, such an algorithm with a short 
T_TDROP is associated with a relatively large number of 
updates than other algorithms (#3 and #4, but not #2), 
increasing the signaling load to the network. It can be 
read from the tables that the sensitivity reduction of the 
soft handoff percentage is proportional to the increase in 
the mean number of updates. This suggests a tradeoff 
between the sensitivity reduction and the mean number of 
updates, and that the optimum algorithm should be 
designed based on the cost functions of these two. 


5. Conclusion 


The sensitivity of the soft handoff performance to 
variations in the propagation environment was analyzed. 
It was found that the performance measures such as the 
total soft handoff percentage and the mean number of 
active set updates are quite sensitive to variations in the 
shadow fading correlations and standard deviation, but 
not to the path loss exponent. The sensitivity analysis was 
used to design a robust handoff algorithm that reduces 
possible holes in coverage and excessive handoff 
overhead in real systems. There was a tradeoff between 
the sensitivity reduction and the mean number of updates, 
and the optimum algorithm should be designed based on 
the cost functions of these two. 
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Table 1: Statistics of various soft handoff types in various propagation environments for 


0. 0. 0 0. 


3-way soft 
3-way soft/softer 


39.5% 31.1% 37.9% 39.2% 54.1% 


Total soft handoff 


Mean number of updates 
per minute 


Table 2: Statistics of various soft handoff types in various propagation environments for 
algorithm #4 (T_ADD/T_DROP/T_TDROP = -10dB/-12dB/13sec 


Handoff type T_ADD/T_DROP/T_TDROP = -10dB/-12dB/13sec 
6 = 10dB 

26.5% 15.0% 28.6% 26.3% 33.1% 

11.3% 


Mean number of updates 1.4 ee 
per minute 
Table 3: Sensitivities of the total soft handoff percentage to variation of the propagation 
parameters for algorithms #1-4 
Algorithm Reference # Sensitivity of total soft handoff percentage (SH%) 
(T_ADD / to variation of propagation parameters 


T_DROP /, SH%(nominal) — SH%(nominal) — SH%(nominal) — 
T_TDROP) SH%(figs, fisector SH%(i = 4.5) SH%(6 = 10 dB) 


#4 (-10dB/-12dB/13sec ee ee Pe ee 
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Abstract: In Carrier Interferometry (CI) DS-CDMA, novel 
chip shaping is used to introduce frequency diversity 
benefits to DS-CDMA systems. These frequency diversity 
benefits result in significant performance enhancements 
relative to traditional DS-CDMA. In the CI/DS-CDMA 
receiver, two stages of combining are present: frequency 
combining to recreate chips, and chip combining to 
eliminate interfering users on the system. In the frequency 
combining, the combiner recreates chips while (1) 
minimizing interference and (2) creating optimal frequency 
diversity gain. In this work, the authors propose a novel 
MMSE frequency combiner for the Cl/DS-CDMA receivers 
which achieves enhanced _ frequency combining. 
Performance results demonstrate that for P(€)=1 0°, a 5dB 
performance improvement is achieved through use of the 
novel frequency combiner in CI/DS-CDMA receivers. 


I Introduction 


CDMA systems based on direct-sequence spread spectrum 
(DS/SS) offer many benefits to wireless communications 
including enhanced privacy, inherent resistance to fading 
and increased spectral efficiency in a cellular system [1][2]. 
In current DS-CDMA systems, RAKE receivers improve 
performances by exploiting path diversity [3]. However, due 
to the multi-path effect, it is difficult for the DS-CDMA 
receivers to make full use of the received signal energy 
scattered in the time domain. On the other hand, COMA 
systems based on multi-carrier modulation (MC-CDMA) 
offer frequency diversity benefits instead of path diversity 
gain. It has been shown in [4] that MC-CDMA receivers 
make more efficient use of the received signal energy (by 
combining in the frequency domain) and hence demonstrate 
a better performance than DS-CDMA with RAKE receivers. 


In our earlier work [5], we presented a novel chip shaping 
method which introduced frequency diversity benefits into 
DS-CDMA. Our scheme, referred to as CI/DS-CDMA 
(Carrier Interferometry DS-CDMA), employs Carrier 
Interferometry (CI) chip shaping wherein the chip is made 
up of N orthogonal carriers which are separated and 
recombined at the receiver. Performance of CI/DS-CDMA 
significantly outperforms conventional DS-CDMA systems. 


In CI/DS-CDMA, the receiver performs two combinings: (1) 
the frequency combining which recreates the chip shape 
while minimizing interference and optimizing frequency- 
diversity gain, and (2) the usual DS-CDMA chip combining 
to remove interfering users. In this work, we propose a novel 
MMSE combining scheme to optimize the frequency 
combining in CI/DS-CDMA. Simulation results show that 
this new combining scheme offers 5 dB performance gain at 
P(e)=10" over traditional MMSE frequency combining in 
CI/DS-CDMA. 


Section II presents an introduction to CI/DS-CDMA, and 
Section III introduces the new frequency combining scheme 
into CI/DS-CDMA. Simulation results are shown in Section 
IV, and conclusions follow in Section V. 


II Introduction to CI/DS-CDMA 


In CI/DS-CDMA, a _ chip shape is_ created by 
superpositioning N carriers equally spaced in frequency by 
Af=1/T, (where N corresponds to the number chip in DS- 
CDMA, i.e., the processing gain, and 7, is the symbol 
duration). Mathematically, the CI pulse shape corresponds to 


N-1 
A(t) = ye Acos(n2nAft) (1) 
n=0 


where A is a constant that ensures a symbol energy (after 
spreading) of 1. This chip shape is plotted in Figure 1. To 
transmit a symbol, the i value of the spreading sequence 
(+1 or—J), B,”, is modulated by the CI chip shape filter /(t- 
iT), creating the user k’s transmitted signal: 


N-1 

s* (t) =b, YY BO W(t -iT, g(t) (2) 
i=0 
N-l N-1 

s* (t)=b, ¥) BY Y\ cos@amAf(t -iTc))g(t) (3) 
i=0 n=0 


where 5, is the data bit of user & and g(t) is a unit amplitude 
rectangular waveform of duration 7, Summing all the users’ 
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signals together, we get the total transmitted signal for K 
users: 


K-l N-1 N-1 
sM=V¥ b, Ds BY ‘S)cos(2mAft — ni2n /N)g(t) (4) 
k=0 i=0 n=0 


In a typical Rayleigh frequency selective slow fading 
channel, frequency selectivity exists over the entire 
bandwidth, but not over the individual carriers that make up 
the chip. Hence, each frequency component making up the 
CI/DS-CDMA chip experiences a unique flat fade. Thus, the 
received signal in the fading channel is characterized by: 


K-1 N-1 
r= > 6, > 6” 
k=0 i 
N-1 
Doce cos(2mmAft —ni2x/ N+, )g(t)+n(t) (5) 
n=0 


where @, is the gain and @, the phase offset in the n™ carrier 
of the CI pulse (due to the channel fade), and n(¢t) represents 
additive white Gaussian noise. To simplify the analysis, 
exact phase synchronization is assumed. 


In the CI/DS-CDMA receiver of Figure 2, the m” chip is 
separated into its N carrier components, and the n" carrier 
contributes a decision variable r,,, »: 

Fav weal 
ae SY) Bi? a, cos(am2n | N -ni2x/ N) 

k=0  i=0 

+ Onn (6) 


Following the creation of 7,,,, receivers perform a two stage 
combining: a frequency combining scheme is employed 
across carriers (index n) to remove interference and offer 
frequency diversity benefits; a chip combining (across index 
m) follows, where combining across chips eliminates the 
remaining multi-user interference. 


In [5], the frequency combining across carriers was 
performed corresponding to MMSE combining in traditional 
MC-CDMA (e.g., [4]). While this method is optimal in an 
MMSE sense for MC-CDMA, it is sub-optimal for CI/DS- 
CDMA frequency combining. Optimal MMSE combining is 
derived in the next section. 


Il] MMSE frequency combining 
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The decision variable r,,,, for user / (equation (6)) can be 
expressed according to: 


I i 
ae =b, Ba, a 


N-1 
byt, ¥, BY cos(am2n | N - ni2a/ N) + 


i=0 
ix#m 


KI 
DY Bwror, + 
k=0 


k#l 


K-1 N-1 
bio, NG) cos(nm2n / N — ni2n/ N) + 
k=0 i=0 
kel i#m 


Mm,n (7) 


The first term represents the desired contribution from user /, 
carrier n and chip m. The second term represents 
interference (in the n™ carrier) from the other N-/ chips of 
the same user. The third term represents other users’ 
interference due to their m” chip. The fourth term represents 
interference (in then” carrier) due to other users’ remaining 
N-1 chips. The fifth term is a zero mean Gaussian random 
variable with variance 0, =N,/2. It is important to note that 
these n,,, are correlated across chips (but not across 
carriers). The covariance matrix of the vector noise (Non, Nin, 
N12 »--- Ny-1n) Corresponding to a fixed n (carrier number) and 
different m (chip number) is C,, where (C,,); ;=cos((i-j)27/N). 


Multi-carrier combining strategies (such as those developed 
in [4] and employed in [5]) are not optimized for equation 
(7). These strategies minimize the second and fifth terms, 
but make no attempt at including the fourth term in 
minimization. When the user number is large, the fourth 
term is also large, making traditional multi-carrier 
combinings suboptimal. 


The MMSE frequency combining strategy to jointly 
minimize the second term, fourth term and noise term in 
equation (7) corresponds to: 


N-1 a 
n 
> (8) 
n=0 O; +O, 


where O ‘ refers to the power of the interference terms to be 


minimized and O é refers to the power of noise term to be 


minimized. Hence, 


a, 
a tn : 2 (9) 
fs" KP. 002 + No /2 


where the value of P,, refers to 


= wi = 


N-l me 
P, = > cos” (n(m—i) —) = 
i=0 N 


After the MMSE frequency combining of (9) and (10), a 
final decision variable for user / is generated by combining 
the R,,’s across chips in the usual DS-CDMA fashion 
(Figure 2(a)), eliminating multi-user interference (the third 
term of equation (7)): 


N-1 
DY = 3 R,, BO (11) 
m=0 


That is, each chip decision variable R,, is multiplied by m” 
spreading code and combined together. Due to the 
orthogonal cross-correlation of spreading codes of different 
users, this combining minimizes the multi-user interference 
as in conventional DS-CDMA despreading. 


IV Simulation Results 


The multipath fading channel model used to assess the 
performance of the CI/DS-CDMA system is the Hilly 
Terrain (HT) channel taken from the COST-207 GSM 
standard. This channel model is defined as a transversal 
filter with time varying coefficients whose average power is 
determined by the multipath power delay profiles given in 


[6]. 


We simulated both the conventional DS-CDMA system and 
CI/DS-CDMA system employing Hadamard-Walsh codes 
with a processing gain of 32, and assuming a synchronous 
downlink channel. 


Figure 3 presents bit error probability (BER) versus SNR 
performance from the simulation, assuming a full 32 user 
load on the systems. Figure 4 presents bit error probability 
(BER) versus the number of users for a fixed SNR of 10dB. 
The dotted line (marked with circles) represents the new 
MMSE combining results in CI/DS-CDMA; the dashed line 
(marked with stars) represents the traditional multi-carrier 
MMSE combining in CI/DS-CDMA; and the solid line 
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(marked with dots) represents conventional DS-CDMA 
results. These results demonstrate: (1) CI/DS-CDMA 
significantly outperforms the traditional DS-CDMA; (2) 
CI/DS-CDMA with the novel MMSE frequency combining 
achieves an additional 5dB performance gain at P(€)’s in the 
order of 10°; and (3) CI/DS-CDMA with novel MMSEC 
and 32 users has a P(€) comparable to that of CI/DS-CDMA 
with a traditional MMSEC and only | user. 


V Conclusion 


In this paper, we present a novel MMSE frequency 
combining strategy for CI/DS-CDMA. This new combining 
strategy jointly minimize inter-chip interference and inter- 
user interference plus noise. Simulation results confirm this 
new combining strategy significantly outperforms the 
traditional MMSE frequency combining scheme in CI/DS- 
CDMA. 
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Abstract — In this paper it is shown that by taking into account the mutual interference of different dipoles in an 
antenna array, the field around the array can be predicted more accurately. The conditions of validity for this model 
are less stringent than for the classic far-field method where the array antenna is treated as a point source. When 
this model is used for the design of an exclusion zone concerning safety with respect to electromagnetic radiation, a 
more accurate and smaller zone can be determined in comparison with the classical approach. 


ih INTRODUCTION 

In order to avoid that the public or workers are exposed 
to radiofrequency radiation higher than the reference 
field levels proposed by ICNIRP [1] and the European 
Council [2], the concept of an exclusion zone around a 
base station antenna is used [3]. This exclusion zone is 
a calculated volume where the field levels are above the 
proposed reference level. Because the field behaviour 
within the near-field is complex, it is sometimes agreed 
to include the near-field zone, even if the predicted field 
values in this zone are below the reference level. This 
means that the exclusion zone must be as large as the 
far-field distance, which is for base station antenna 
arrays typical 20- 50 m. This makes it difficult to 
implant new base stations in densely populated areas. 


IJ. THE REFINED FAR-FIELD MODEL 
Usually, the exclusion zone is designed on basis of 
predictions made with the far-field method. In this 
method the whole antenna is considered as a point 
source. The minimum dimension of the exclusion zone 
Rexct in a certain direction (6,9), is given by the 


equation: 
30: Nae -G(6,9) 
eee (1) 
E ef 


where P;, is the input power of the antenna, G(0,g) the 
gain in the direction (0,g), and E,,.¢ the reference level 
for the electric field. Equation (1) is only valid at 
distances larger than the far-field distance 2 Did 
where D is the largest dimension of the antenna and A is 
the wavelength in free space at the operating frequency. 
For a typical base station antenna (where D = 2 m and 
f= 1.8 GHz) this leads to a far-field distance of 48 m. 
When the exclusion zone should contain the near-field 
region, this means that the exclusion zone should be as 
large as the far-field distance. 

Because base station antennas usually are built as an 
array of dipoles with a reflector behind them, it may be 
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interesting to develop a model, which takes into 
account the mutual interference of these dipoles. It can 
be expected that this model will result in more accurate 
field predictions than the classical far-field model. 

In the refined far-field model, the antenna is split in 
different subantennas, so that the electric field in an 
observation point can be calculated as the superposition 
of the classical far-field of each subantenna: 

F. -e ae 


> = eee aie (2) 


where F; is the direction-dependent radiation vector of 
the i-th subantenna and R; is the distance from the 
center of the i-th subantenna to the observation point. 
The radiation pattern of the i-th subantenna F; must be 
calculated by exciting the i-th subantenna and leaving 
all other subantennas open. The excitation current at the 
terminals of the i-th subantenna must be equal to the 
current present at these terminals when all subantennas 
are excited. In this way the radiation pattern of the 
whole antenna can be constructed from the radiation 
patterns of the subantennas. The conditions of validity 
for this model are: 


oN BY 
R, > ——.,Vi (3a) 
A 
d. 
— <<1, Vi, 
R (3b) 


l 

where R; is the distance from the center of the i-th 
subantenna to the observation point, D; the largest 
dimension of the subantenna and d; the distance from 
the center of the antenna to the center of the i-th 
subantenna. 

Because the refined far-field method computes the 
fields as a superposition of far-field waves, which are 
not necessarily in-phase, the far-field property that 
electric and magnetic field are orthogonal and that the 
ratio of their magnitudes is 377 Q, is no longer valid. 


1932mm 
Fig. 1: Configuration of a typical base station antenna 
(view from front and from bottom). 


II]. APPLICATION 
This refined far-field method has been applied to a 
typical base station antenna. The antenna consists of 
6 pairs of dipoles with a reflector behind them (see 
Fig. 1). The vertical radiation pattern of the antenna is 
electrically downtilted by 5° and has a beamwidth of 
8.5°. The beamwidth in the horizontal plane is 90°. The 
antenna is operated at 900 MHz and is approximately 
1.9 meters high, which leads to a far-field distance of 
25°. 
To compare the refined far-field method with the 
classical far-field method, the field pattern of this 
antenna (located at the origin, with its main beam in the 
positive y-direction) in the vertical (x = 0) and in the 
horizontal plane (z = 0) was calculated with NEC [4], a 
simulation tool based on the method of moments. 
Because NEC calculates the fields from the current 
distribution on the wires, and because both far-field 
methods are approximations based on this current 
densities, the results returned by NEC are assumed to 
be exact. 
Next, the fields in the horizontal and vertical plane are 
calculated with the classical far-field method and the 
refined far-field method. The relative error of these 
calculated field values, compared to the field values of 
NEC, are shown in Fig. 2 and Fig. 3 for the classical 
far-field method and in Fig. 4 and Fig. 5 for the refined 
far-field method. We can conclude from this figures 
that the refined far-field method is more accurate than 
the classical method. The classical far-field model is 
valid up to 15 m from the antenna (with the largest 
errors located in the zones with destructive 
interference), while the refined far-field method is valid 
up to 2 m from the antenna, with exception to a zone 
(with destructive interference) below the antenna where 
larger errors occur. In the horizontal plane the refined 
far-field model is very accurate close to the antenna (up 
to 0.5 m in front, and 2 m behind the antenna), while 
the classical far-field model shows errors larger than 
10 % in a zone of 5 m in front of the antenna and more 
than 10 m behind the antenna. 
In Fig. 6 and Fig. 7 the difference of the ratio |E| / |H| 
and the characteristic impedance of free-space Zo is 
shown. In most of the space, the ratio is approximately 
377 Q. The largest differences are close to the antenna 
and in the zones where there is destructive interference, 
even at distances larger than the far-field distance. This 
can be understood by considering a simple example of 
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Fig. 2: Relative error of electric field calculated with 
classical far-field model in vertical plane. 
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Fig. 3: Relative error of electric field calculated with 
classical far-field model in horizontal plane. 
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Fig. 4: Relative error of electric field calculated with 
refined far-field model in vertical plane. 
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Fig. 5: Relative error of electric field calculated with 


refined far-field model in horizontal plane. 
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Fig. 6: Difference between |E| / |H| ratio 
and Zp in the vertical plane. 
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Fig. 7: Difference between |E| / |H| ratio 
and Zp in the horizontal plane. 
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Fig. 8: Explanation for the difference between the ratio 
|E| / |H| and Zp in the vertical plane. 


two dipoles that are vertically aligned (see Fig. 8). The 
orientation of the electric fields caused by the two 
dipoles will slightly differ, while the two magnetic 
fields will be aligned. When the two fields destructively 
interfere, the two magnetic fields will cancel each 
other. The electric fields will not entirely cancel each 
other due to their different orientation. This means that 
the ratio of the electric to the magnetic field |E| /|H| 
will be larger than 377 Q, as can be seen in Fig. 6. 
Analogously, when the two _ fields _ interfere 
constructively, the total magnetic field will be larger 
because the two magnetic fields are aligned. The 
difference of the ratio |E|/|H| with 377Q will be 
smaller than in the case of destructive interference, 
because the total electric and magnetic field are both 
large. 


IV. CONCLUSION 

In this paper it is shown that the refined far-field 
method leads to more accurate predictions of the field 
pattern around a base station antenna. The model leads 
to less stringent conditions of validity than the classical 
far-field model, because it models the mutual 
interference of the different sources. The refined far- 
field model makes it possible to determine the 
exclusion zone more accurately and thus to make this 
zone smaller. It is also shown that the ratio |E| / |H| of 
the field pattern is close to 377 Q, except in the near- 
field zone and in the zones where the fields interfere 
destructively. 
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This paper reports a measurement carried out at 8.45 GHz to determine the spatio-temporal propagation 


characteristics in suburban micro-cell environments. In order to confirm the applicability of ray-tracing 


approaches in modeling propagation channels, a hybrid 2D-3D ray-tracing algorithm is also verified in 


terms of path-loss and azimuth-delay profiles. To account for tree-attenuation effects, a simple but effective 


tree-attenuation model is developed and verified with measurement. The results indicated that the received 


signals are much concentrated in a small delay interval and spread in a small angular range. This effect is 


more obvious in line-of-sight (LOS) environments than in NLOS environments. Furthermore, the scattering 


effects nearby the receivers can not be neglected also, which are normally omitted in statistical channel 


modeling approaches. The verification between ray tracing and measurement demonstrated that ray-tracing 


approaches can accurately predict the spatio-temporal channel parameters in microcell environments. 


I. INTRODUCTION 


Smart antenna (SA) has been proposed as a 
promising technique for broadband wireless access 
networks [1]. These networks, for example LMDS 
in the States or MMAC in Japan, are supposed to 
operate at microwave bands. The fast progress of re- 
search on SA has inspired great interests on explor- 
ing the spatio-temporal propagation characteristics 
of wireless channels. Many measurements(2][3] have 
been carried out for this purpose. However, very 
few measurements [3] have been done in microcell 
environments and almost none at microwave band- 
s. There is an urgent need to measure the spatio- 
temporal channel parameters in microcell environ- 
ments. Because of the site-specific nature of ray- 
tracing models, they are promising approaches for 
the evaluation of system performance in real envi- 
ronments. However, the validation of ray-tracing 
models in predicting spatio-temporal parameters has 
not been fully completed. 

Therefore, this paper reports a series of spatio- 
temporal measurements at a microwave band in a 
suburban micro-cell. This measurement used a de- 
lay profile measurement system [4] and a rotating 
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parabolic antenna to obtain both angle-of-arrival 
(AOA) and time-of-arrival (TOA). The measure- 
ment results are then compared with ray-tracing 
results obtained from a hybrid 2D-3D ray-tracing 
algorithm [5]. The vegetation effects are also in- 
cluded in the ray-tracing model by using a simple 
tree-attenuation model. A Random Phase Approach 
(RPA) [6][7] is introduced and extended to obtain 
the statistical median angular profiles and azimuth- 
delay profiles. In other words, the approach pro- 
vides the statistical distribution of spatio-temporal 
(angle-delay) fading. The good agreement between 
ray tracing and measurement is observed. The appli- 
cability of ray-tracing approaches in spatio-temporal 
channel modeling is confirmed. 


II. A RANDOM-PHASE-ASSISTED RAY-TRACING 
MODEL 


A disadvantage of ray tracing is that phases of 
rays can not be correctly predicted due to inaccu- 
rate coordinates of buildings and antenna position- 
s. These phase errors can cause the totally wrong 
phase-summed result when the rays are summed in 
vector forms. Therefore, the unique characteristics 


of our ray-tracing model is to incorporate the RPA 
into the model. This RPA is applied for the two-fold 
applications. First is to account for the effects of 
short-term fading fluctuations occurred in path-loss 
and delay profiles during a small distance interval 
(e.g., several wavelengths interval). Second is to ac- 
count for the effects of uncertainty in building data 
and antenna positions. 

The basic idea of RPA is to predict determinis- 
tic amplitudes of rays and then analytically derive 
a cumulative distribution function (CDF) of signal 
strength at receiving points (for path-loss) [7] or at 
sampling points (for delay profiles) [8] by assuming 
arrival rays are carried with random phases. Now 
RPA is proposed to account for the narrow-beam 
fading [9] caused by changes in the partial selection 
of the angular response by the antenna pattern B(w) 
when sweeping it over the angular domain. 

In many countries, houses in suburban residential 
areas are typically surrounded by trees. A simple 
tree-attenuation model is newly developed in the au- 
thors’ ray-tracing tool. Rays are considered to pen- 
etrate through trees and the effects of reflections or 
scattering are not included. Trees are modeled as 
a dielectric slab {10]. An overall (air to tree and 
tree to air) transmission coefficient is calculated and 
is represented by a function of incident angle, fre- 
quency and width of the slab. A Modified Exponen- 
tial Decay (MED) model [11] at 8.45 GHz are com- 
pared with this model (€, = 1.2, o = 0.0003 S/m) 
in Fig. 1. Our tree-attenuation model demonstrates 
quite good agreement with the MED model. 


III. EXPERIMENTAL SETUP, ANALYSIS AND 
RAY-TRACING VALIDATION 


A measurement was carried out in a suburban mi- 
crocellular environment (600 x 600 square meters) of 
Yokosuka, Japan. The environment consists of res- 
idential buildings with an average height of 8 m. 6 
reflections and 2 diffractions are taken into account 
in ray tracing. Width of trees is set at 1 m. To cal- 
culate azimuth-delay profiles, a raised-cosine filter 
with 100 MHz bandwidth and a parabolic antenna 
with the measured radiation pattern are utilized in 
the simulation. 

In the path-loss measurement, the transmitting 
and receiving antennas are put at 4.3 and 3.3 m 
above the ground level, respectively. A 8.45 GHz 
continuous-wave (CW) signal is transmitted at 10 
W. Path-loss is measured twice at each route with 
a sampling step of 10 cm. The median was com- 
puted over a window length of 10 m (100 sampling 
points) and moved at 1 m interval. Figure 3 clearly 
illustrates that the ray-tracing model incorporated 
with the tree attenuation model accurately predict 
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the path-loss. Furthermore, a median path-loss re- 
sult calculated at 1 m interval by RPA along the 
same route is also shown in Fig. 3. Although some 
deviation is observed from 68 m to 78 m, a general 
good agreement is observed. 

In the spatio-temporal measurement, a 8.45 GHz 
spread-spectrum signal with 50 Mchips/s was trans- 
mitted. A 127 chips of pseudo-noise length is adopt- 
ed and the whole bandwidth of this system is 100 
MHz. A resolution of 20 ns and a maximum de- 
tectable delay period of 2.54 us are achieved in the 
measurement. The parabolic antenna at receiver 
side is vertically polarized with 32 dBi gain, 4° of 
beamwidth, front/back ratio (FBR) above 45 dB, 
and 0.6 m of diameter. The sidelobe level is below 
20 dB. The parabolic antenna is rotated to cover the 
whole azimuth range of 360° in a time interval of 70 
s, which means that it takes 0:2 ms (> 2.54 ps) to 
cover 1 azimuth degrees. The antenna was rotated 
twice with an spatial sampling interval of 4° at each 
location point. A vertical half wave-length dipole 
antenna is used at transmitter side. The heights of 
receiving and transmitting antennas are set at 4.4 
and 2.7 m above the ground. In the spatio-temporal 
measurement, the observation interval is very short 
and the propagation process is assumed to be static. 

A typical point in a line-of-sight route is select- 
ed for comparison. Figure 4 shows that the arrived 
waves are almost concentrated in a small delay in- 
terval. The direct waves arrive at around 4 degree. 
It is noted that some waves arrive at 180 degrees, 
which is almost the opposite direction of the direct 
waves. Figure 5 shows the ray tracing result predict- 
ed with the tree-attenuation model. This azimuth- 
delay profile is calculated by using the phases direct- 
ly obtained from ray tracing, without appling RPA. 
The underestimation at 340 degrees is observed. The 
median azimuth-delay profile obtained from RPA is 
shown in Fig. 6. The improved accuracy can be ob- 
served in the graph. Those back-scattered waves are 
not predicted from the ray tracing model. These 
waves are probably caused by the lamp-posts near- 
by the receiver. This result indicates that the back- 
scattered waves at the opposite direction of direc- 
t waves should be carefully modeled in terms of a 
spatio-temporal channel model in microcell environ- 
ments. 

Under uncorrelated scattering conditions, the an- 
gular profile is obtained from measurement data by 
using a power-summing approach. The measured 
azimuth-delay profile is incoherently summed up at 
each azimuth bin to get the angular profile. The nor- 
malized angular profile at this LOS point is shown 
in Fig. 7. The impulse-type ray-tracing result is al- 
so depicted in Fig. 7. A median angular profile by 


using RPA is illustrated in Fig.8. Although the ar- 
rival waves around 180 degrees are not predicted by 
ray tracing, the general agreement of both profiles 
is still observed. 

A typical point in NLOS route is also selected for 
comparison. Figure 9 demonstrates that the arrived 
waves spread in delay domain. due to the scattering 
effects of corners. The back-scattered waves can still 
be seen in the graph. The ray-tracing result shown in 
Fig. 10 indicates the similarity of these two profiles. 


IV. CONCLUSION 


This paper reports a spatio-temporal measure- 
ment carried out in a suburban microcell environ- 
ment. The spatio-temporal channel parameters are 
obtained by a wideband channel sounder and a di- 
rectional parabolic antenna. A hybrid 2D-3D ray- 
tracing model is used to validate the application of 
ray-tracing approaches for spatio-temporal channel 
modeling. The focus of this paper is to describe 
a tree attenuation model and a random phase ap- 
proach incorporated into the ray-tracing model. The 
improved accuracy is verified by comparing with the 
measurement data. The results indicate that 1) ray- 
tracing approaches can predict the spatio-temporal 
channel parameters in microcell environments; 2) 
the scattering model nearby the receiver is impor- 
tant in microcell environments; 3) the arrived waves 
are much more concentrated in a small delay interval 
in LOS than those in NLOS. 
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Abstract: This paper reports on the novel radio channel models based on measurements conducted in various 
environments such as urban, suburban and rural areas of Singapore for LMDS system design. A generalised 
tapped delay line model was developed to represent the time varying complex channel impulse response. Also, 
model for excess path loss due to various blockage conditions and relationship between delay spread and 
environment loss were reported. The propagation characteristics obtained include total received signal, mean 
delay, rms delay spread and various statistical characteristics such as cumulative distribution function, level 
crossing rate and average fade duration of the fading signal to study the system performance. 


I. Introduction 


Local multipoint distribution service (LMDS) has 
been widely recognized as an effective last mile 
solution to provide broadband wireless access (BWA) 
to fixed networks via millimeter wave radio 
transmission above 20 GHz frequency range. It uses 
cellular-like network architecture to deliver services 
ranging from one-way video distribution and 
telephony to fully interactive switched broadband 
multimedia applications such as interactive video, 
video-on-demand, video conferencing real-time 
multimedia file transfer with high speed internet 
access to residential and business customers. Large 
bandwidth, lower installation cost and ease of 
deployment coupled with recent advancements in 
MMICs make LMDS an attractive solution for 
broadband service delivery. 


The propagation channel is the main contributor for 
many problems that beset the performance of any 
digital radio system. Excess loss due to rain, building 
blockage and vegetation limit the LMDS system 
performance to small coverage area. In addition, the 
frequency selective fading behaviour becomes 
significant at these higher data rates. However due to 
the static nature of propagation scenario, the channel 
conditions can be expected to be more favourable. 
Thus it is necessary and important to have thorough 
understanding and accurate channel models for 
optimum system design. In the literature, Scott Siedal 
et al [1] reported propagation experiments at 28 GHz 
and path loss studies for different types of blockage. 
Papazian et al [2] reported about area coverage, signal 
depolarisation issues, delay spread values and Rician 
K-factors. 


But to our knowledge there was no LMDS channel 
impulse response model, such as the existing GSM 
standard models, was reported in the literature. In our 
earlier paper [3], we have reported propagation 
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measurement campaign and preliminary data analysis 
to characterise and model the LMDS radio channel. In 
[4], we recommended to the IEEE 802.16 working 
group on BWA standards a more accurate, flexible 
and generalised model to represent the time varying 
two-sided complex channel impulse response for 
urban, suburban and rural environments. This paper 
summarises refined channel model and studies on the 
dispersive nature of wide-band channel using various 
delay characteristics. Also reports on the excess path 
loss model as a function of blockage characteristics as 
well distance and relationship between delay spread 
and excess loss. Finally a simple system simulation 
was carried out to obtain the total received signal and 
the fast fading behaviour was studied using various 
first-order and second-order statistical characteristics. 


Ii. Measurements and Data Processing 


The measurement system is based on Swept Time 
Delay Cross-Correlation (STDCC) technique to 
measure the channel impulse response [3]. The 
transmitter was mounted on the rooftop of a building 
located on a hill, which can be seen by most of the 
receiver locations ranging from 500m-6km. 
Measurements were carried out on the rooftops of 
various 13-25 storied residential blocks. Usually 
several residential blocks, business centres, foliaged 
grounds and a hilly terrain surrounded the receiver. 


The signal reception was considered under various 
channel conditions such as clear LOS availability, 
partial blockage and complete blockage by two or 
more buildings. The receiving antenna is adjusted 
manually for the best reception direction and a series 
of channel impulse responses were recorded over a 
predefined interval using the SDR2000 acquisition 
software loaded in the laptop computer. Further 
processing is carried out to obtain the normalised 
average impulse response. The tapped delay line 
model was developed based on these results. 


III. Channel Impulse Response Modeling 


The impulse response of the radio channel is very 
important in the design, development and planning of 
radio systems as it completely describes the radio 
propagation channel [5]. A tapped delay line model 
can represent the time varying channel impulse 
response at any observation time f, as given by, 
N-l 
h(t,.T) =cy Ym(t, W(t, —T, Je 2" (1) 
n=0 

Where n is the tap index, N is the maximum number 
of taps, w, is the carrier angular frequency, 7, is the 
excess delay of each multipath component and @ is 
the random phase in the range [0,27). The factor c, 
models the time varying nature of the channel impulse 
response and m(T,,) represents the distribution of the 
tap gains of various multipath components. This 
model considers the time variations as well as 
distance variations of the channel impulse response 
within the same environment type. Also the longer 
delayed two-sided multipath clusters were included as 
they can cause larger delay spread values even though 
they are very weak. The general equation used to fit a 
particular multipath cluster is of the form: 


m(T,) = ex |. E ae } 
ee p B (2) 


100 


Where f controls the rate of decay of tap gains, & is 
the peak amplitude and 7, is the peak time of a 
particular multipath cluster. The values of these 
channel impulse response parameters are summarized 
in Table 1. The decay factor B and c, are random 
variables, whose values are given in Table 2 based on 
measurements for various channel types. 


Table 1. Summary of channel model parameters 
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Among the measurement locations in Singapore, it 
was observed that roughly 80 percent of them fall in 
the urban category, 15 percent fall in the suburban 
area and the remaining 5 percent belongs to the rural 
environment. Fig.1 shows the normalised averaged 
power delay profiles obtained from the measurements 
in typical urban environment, approximated with the 
developed mathematical equations. It can be noticed 
that the longer delayed multipath clusters are 25dB 
weaker compared to the direct LOS signal. The 
variation of the delay profiles at various receiver 
locations observed in Fig.1 was also considered in the 
development of the channel model. 


The wideband dispersive nature of the LMDS channel 
can be characterized using average excess delay (Tp), 
rms delay spread (S), correlation bandwidth (Cgy) as 
given in [5]. These are useful in the choice of suitable 
data rates and to evaluate the number of taps needed 
in the equalizer design. Fig.2 shows the combined 
scattered plot of delay and delay spread obtained from 
the measurements as a function of receiver separation 
distance. For most of the locations, mean delay is less 
than 60ns and delay spread is less than 40ns. However 
it can be noticed that for some of the neighboring 
locations, the presence of significant longer delayed 
multipath clusters, due to the surrounding high rise 
buildings, causes high delay spread values. Fig.3 
shows the complementary cumulative distribution 
(ccdf) curves of the excess delay for various channel 
types. It can be noticed that over 95 percent of time, 
mean delay lies below 47ns, 50ns and 55ns for rural, 
suburban and typical urban areas respectively. But in 
high dense urban area it exceeds 65ns over 95 percent 
of the time. Fig.4 shows the ccdf curves of rms delay 
spread for various channel environments. It can be 
noticed that over 95 percent of time delay spread lies 
below 10ns, 20ns and 40ns for rural, suburban and 
typical urban areas respectively. However, delay 
spread exceeds 120ns over 95 percent of time in high 
dense urban area. The simulation results are found to 
be well in agreement with the measurement results. 


IV. A Simple System Simulation 


The total received signal was obtained by convoluting 
the channel impulse response with an unmodulated 
transmitted impulse signal in the presence of additive 
white Gaussian noise, n(t) as given below, 


r(t) = s(t) @ A(t, T) + nt) (3) 
The total received power is given by, 
Pr =P, +G,+G, —32.44 -20log( foy-dm) — Le, (4) 


where, P, is the transmitted power in dBm, fGy, is the 
operating frequency in GHz, d,, is the distance of 
separation in meters, G, and G, are the gains of 
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Fig.1. Measured power delay profiles in typical urban area. 
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Fig 3. Scatter plot of delay characteristics with distance 


transmitter and receiver respectively in dB. Finally L,, 
is the excess path loss specified in dB due to rain, 
atmospheric gases, blockage conditions and multipath 
fading environment, which is given by, 


i = ls + G. + G, — 32.44 — 20log( fg, ) alg Lay (5) 


where, L,,, may represents the loss due to blockage 
by buildings and vegetation, rainy climate and 
multipath fading environment ranging from 4 to 40 
dB. Fig.5 shows the scatter plot of total received 
power as a function of distance. As shown in Fig.5, 
the channel can be classified into good, moderate and 
bad types depending on the environment loss factor. 
Also the variation of L,,, with distance of separation 
is worth to consider, which is given by the following 
equation optimized for a mean error of 0.0047, 


Leny (dB) = 2010g(2.25/ d jn) (6) 


Fig.6 shows the linear increase of delay spread with 
environment loss, which is given by, 


S(ns) = 15.75 + 1.5L,, (GB) (7) 


Fig.7 shows the ccdf curves of the received signal for 
various channel conditions. It can be observed that 
only 65 percent of the time the signal level lies above 
local mean. This suggests the provision of extra link 
margin of 10dB for the reliable operation of the 
receiver over 95 percent of the time. Fig.7 shows the 
variation of normalised level crossing rate Icr as a 
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function of threshold level, which is found to be 18 at 
the local mean. Assuming a relative speed of 15m/s 
between the receiver and moving vehicles, the signal 
crosses the local mean for each 40.5us of observation 
time, which is four times the sampling interval. 
Provision of 10dB extra margin increases this to 
243.3us, which clarifies the favorable slow fading 
behavior of LMDS channel. The characteristic 
average fade duration (afd) determines how long the 
signal lies below a given threshold level on average. 
Thus helps to determine the most likely number of 
signaling bits that may be lost during a fade [5]. At 
the local mean normalised afd was found to be 0.025, 
which corresponds to 18.5us for each second of 
observation period. However it reduces to 7.3us with 
the provision of 10dB fade-margin. 


V. Conclusion 


In this paper, we summarized the propagation 
measurement campaign conducted at 27.4GHz in 
Singapore and reported the new generalized tapped 
delay line LMDS channel impulse response models 
for urban, suburban and rural multipath propagation 
environments. Prediction models for the excess loss 
as a function of the environmental conditions as well 
as distance were developed. Also a linear relationship 
between delay spread and excess loss was reported. 


The LMDS system performance was studied using 
various statistical characteristics such as ccdf, Icr and 
afd and delay characteristics. The results show that 
the excess path loss due to rain as well as blockage 
conditions and rms delay spread are the most serious 
propagation impairments for an operational LMDS 
system. Rician K-factor values were found to be in 
the range of 10-15dB for various environments. The 
summary of these characteristics is listed in Table 3. 


Table 3. Summary of propagation characteristics 
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Abstract- This paper presents a propagation study at 
5.725 GHz — 5.825 GHz, within the U.S. Unlicensed 
National Information Infrastructure (U-NII) band. 
Propagation path loss is measured at 5.8 GHz in a 
residential area near Boulder, CO. Experimental sets 
of data are collected for a 100 MHz broadband channel, 
used to establish a high-speed (T1) data link. A 
plurality of propagation models are_ referenced, 
reviewed and commented upon. Data sets are 
separated into line of sight (LOS) and non line of sight 
(NLOS) subsets, and in each case a suitable model is 
found to match our measured data. We show in 
particular that, under certain conditions, and with a 
LOS/NLOS distinction, the use of widely known models 
may be extended to a broadband channel at 5.8 GHz. 
These results are noteworthy since these propagation 
models were designed for cellular and PCS use at lower 
frequency and narrow-band channels. 

Subsequently we _ study indoor propagation: 
penetration losses into residences are measured, 
average and standard deviation values are derived for 
in-building penetration. These values are analyzed in 
conjunction with the previous modeling, and lead to 
guidelines for indoor coverage. 


I. INTRODUCTION 


A number of unlicensed bands exist in the U.S. for 
industrial, scientific and medical devices; they are referred 
to as ISM bands. In particular, the 900 MHz band (902 
MHz — 928 MHz) is extensively used for indoor cordless 
phones, the 2.4 GHz band (2.400 GHz — 2.483 GHz) is 
used for similar applications as well as wireless local area 
networks. In light of the success of these bands, and the 
flourishing growth of their products and applications, the 
Federal Communication Commission decided to identify 
another block of spectrum for unlicensed use: the 
Unlicensed National Information Infrastructure band (U- 
NII). That block is divided into three blocks: low band 
5.15-5.25 GHz (for indoor use only), mid band 5.25-5.35 
GHz and high band 5.725-5.825 GHz. 

Since the high band has less power restriction, it is well 
suited for outdoor services, and we shall focus our study in 
that band. Certain other bands have benefited from the 
interest of the cellular industry, generating much 
enthusiasm and prolixity, thus generalizing a number of 
models for 800 MHz — 900 MHz cellular bands as well as 


more recently for the 1.8 GHz — 1.9 GHz PCS band. The 5.8 
GHz bands do not benefit from such enthusiasm (yet), 
although some recent results are available; some previous 
studies were conducted at U S WEST [1], or were presented 
more recently in [2] and [3]. 

The purpose of the present paper is to continue such study, 
compare experimental data with the existing cellular and PCS 
models, and to refine the in-building penetration models. In 
addition, whereas most previous approaches were based on 
the radio propagation of a single carrier (CW), we shall use a 
100 MHz wide broadband channel. 


II. PROPAGATION MEASUREMENTS 


This section briefly describes the experimental setup used 
for our signal strength measurements. A van equipped with a 
base station is parked in a residential area near Boulder, CO. 
The van is equipped with a mast that can simulate various 
antenna heights for the base station. (See Fig. 1). The end- 
user system is placed in a jeep and connected to the data 
collection apparatus. We then proceed to drive around the 
base station and collect data around various nearby 
residences, slowing down to a few miles per hour to make 
measurements for approximately one meter (~10 A at 5.8 
GHz). These sets of data are analyzed in section IV, after 
presentation of a number of propagation models in section 
Hl. 


Base station antenna 
=on telescopic mast 


~.j 


~~~BData recording 
in jeep~~~\ 


Figure 1: Base station model (fixed van) 
and data acquisition setup (in mobile jeep) 


We choose to use a number of communication systems 
which are available for general purchase, and established a 
Tl (or DS-1) connection between base station (van) and 
customer (jeep). That choice allows us to operate two kinds 
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of data collection: radio link data such as signal strength 
and signal-to-noise ratio, and digital link data such as bit 
error rate. The latter allows us to monitor and verify the 
quality of the communication, and monitor significant 
degradation. For the purpose of this paper, we shall limit 
ourselves in considerations of the radio signal strength, 
which will lead us to focus on path loss analysis and 
building penetration attenuation. Bit error rate analysis is 
an entirely different scope and shall be analyzed elsewhere. 

In addition to outdoor measurements, we also present 
some indoor measurements. For these data points, we take 
the receiving equipment out of the jeep and install it in 
various rooms of various residences around the base 
station. (The experiment is conducted in a new housing 
development complex, which offered the advantage of 
having several model homes open to the public.) These 
sets of data are also analyzed in section IV. 

Another word should be said on the actual equipment in 
use: the transmit and receive bands are separated, the base 
station transmits in the 5.8 GHz band and receives at 5.3 
GHz; our measurement and analysis is on the forward link 
(5.8 GHz). The equipment uses a 100 MHz band on each 
link. In that respect our study and results are novel since 
they present results for a spread spectrum link whereas the 
existing literature focuses on continuous wave ([{1]-[3]). 
All power values used in this paper reflect the total power 
spread over that 100 MHz band — we shall not go into the 
details of power density within that band. 

Our experiment proposes to simply collect a number of 
data points and to compare them with existing models. We 
therefore review, in the following section, some of the 
models that may be of use and we shall then compare our 
measurements to these models. In many cases, we shall 
start from PCS models, which are typically valid around 2 
GHz; but we shall try to extend their range of use to 5.8 
GHz. One important aspect at this higher frequency is that 
path loss differences between line of sight and non line of 
sight will be exacerbated. 


Ill. PROPAGATION MODELS 


A. Free Space Model 


Free space path loss (PL) is the usual reference point for 
some of the path loss models examined in this document 
and is derived from the Friis power transmission equation. 


pis P.GGA and for unity gain p — PA (1) 
" (Aad)? " (4nd)? 
2 
PL(d) =" -(4) (2) 
16 4nd 


And, using a close-in reference distance (e.g. 1m) at the 
transmit end, path loss formulas are derived, leading to the 
following type of path loss estimates (Z in dB): 


L(d) jreespace = 32-44 + 20L0g,9(f,) + 20L0g,(d) (3) 


where: 
fc = operating frequency in MHz 
d= distance in km 


Calculating for 5.8 GHz, yields: 
L(d) jreeSpace = 107.71 + 20L08;(d) (4) 


Further details concerning practical free-space path loss 
models like above may be found for instance in [4], p. 102. 
In the remaining of this paper, we shall call path loss 
exponent (noted n) the commonly used exponent of the 
distance in the path loss formula: PL=qa@-d", or in dB: 
L(d) = C+10-n- Log,,(d)- 

The previous free-space model has a path loss exponent of 
n=2, models presented next have higher path loss exponents; 
although some models have further refinements, we shall 
limit ourselves in simply comparing the approximated 
exponent of the respective models. 


B. COST 231 Hata Model 


The original Hata model covers the frequency range 100 
MHz — 1500 MHz [5], and is widely accepted for cellular 
deployments at 800 MHz — 900 MHz. The COST 231 Hata 
model (or modified Hata model) is an extended version of the 
Hata model, such that it now covers the PCS frequency range 
(1.5 GHz to 2.0 GHz). It is an empirical model used to 
compute path loss for large and small cell sights in urban, 
suburban, and rural open and quasi-open environments which 
have semi-smooth to irregular terrain, and where the antenna 
height is above rooftop levels of buildings adjacent to the 
base station. The COST 231 Hata model can be illustrated in 
the following equation (e.g. [4], p. 120, and [6], p. 128): 


L(A) vypgn = 46.3 + 33.9L08,9(f,) -13.82L08,9(h,) 
—ai(h,,) + (44.9 — 6.55Log,9(h,))Log,)(d) + C, 


(5) 


L(A) suburban > L(4) Urban o Log, (45)F —5.4 (6) 


L(A) gat = L(A) ron ~4-78LOB FIP) 
~18.33Log,,(f.)— 40.94 


_ 0aB (for medium city and suburban areas) 


m 


- 3aB (for metropolitan areas) 


[ (.1Log,(f,) -0.7)h, — (1.56Log,,(f,) — 0.8)dB 


ah,) =4 (for small to medium cities) 
i 3.2(Log,,(11.75h,))? —4.97dB 


{ (for large cities) 


Note that the model leads to three formulas: urban, 
suburban, rural; we expect our suburban residential area to 
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resemble the suburban case. Some important parameter 
restrictions for this model include: 


Frequency 1500 — 2000 MHz 
Base Station Height 30-200 m 

Mobile Height 1-10m 

Distance 1-20 km 


C. COST 231 Walfish-Ikegami Model 


The COST 231 Walfish-Ikeami model [7] is a variation 
of the Walfish-Bertoni model [8], mostly due to Ikegami 
[9]; it has been modified to include losses due to street 
orientation. It was also modified to include base station 
heights around or below clutter height and to include 
frequencies up to 2 GHz. The COST 231 Walfish-Ikegami 
model can be separated into two cases: one for which a 
direct line of sight exists between base and customer, and 
one for which the path is obstructed by buildings. 

The obstructed case (NLOS) is illustrated in the 
following equation [7]: 


L(4)y-1-mos ms TA) vee i Line te ee (8) 


where: 
Lys = roof to mobile diffraction loss. 
Lmsd = Multiscreen diffraction loss. 


See [7] or [6], p. 130, for expressions for L,,, & Lmsa 


above. Some important parameter restrictions for this 
model include: 

Frequency 800 — 2000 MHz 

Base Station Height 4-50m 

Mobile Height 1-3m 

Distance 0.02 —5 km 


The model leads to good estimates in urban canyon 
environments, although some shortcomings have been 
pointed out (e.g. in [10]). 

Now let us examine the situation when a line of sight 
exists, for which another model was derived: that part of 
the COST 231-Walfish-Ikegami model reflects the 
topology of a street canyon, and presents an semi-empirical 
model resulting from measurements collected in 
Stockholm. The following formula is generally used ([6], 
p. 110): 


L(@) y_1-1os = 42-6 + 26Log,)(d) + 20Log,,(f,) (9) 


where: 
fc. = Operating frequency in MHz 
d= distance in km 


The first constant of (9) is determined by matching the 
path loss to that of free space for a distance of 20 meters, 
thus limiting the range of validity of the model to distances 
greater than 20 meters. 

Interestingly, Feuerstein et al. [11] give a similar path 
loss exponent (2.58 to 2.69, varying with base station 
antenna height), for experiments conducted in San 


Francisco and Oakland, at 1900 MHz; but these results 
reflect the obstructed case. 


IV. OUTDOOR TEST RESULTS 


Let us now compare the above-described models with our 
field data. Outdoor measurements are collected by driving 
around and slowing down to a few mph for actual data 
acquisition; a data point therefore represents an average 
signal strength over approximately 10 A at the operating 
frequency. The transmitted power is known (fixed), and 
cable loss and insertion losses are measured and removed 
from the propagation chain; we therefore take all necessary 
precautions to measure the attenuation due to propagation in 
the atmosphere, and no other element in the communication 
path. 

Given our operating frequency, obstacles such as houses or 
trees are of paramount importance to the propagation 
characteristic. For that reason, we shall clearly mark the data 
points gathered in a line of sight to the base station (LOS) 
from the others in an obstructed, or non line of sight path 
(NLOS). The following Figures show LOS data points in 
diamonds, and NLOS data in triangles. And we may 
consider in this experiment that "non line of sight" refers to 
an obstruction of one or more houses. 

The statistics of our data points may be represented as 
follows: 


Table 1: Path loss Exponents (n) and standard deviation (o ) 


Path Loss Standard 
Exponent (n) Deviation (0 


Se see 


LOS data show propagation characteristics of free space, 
whereas NLOS data lead to a higher path loss exponent. The 
standard deviation of the latter is higher, probably reflecting 
a wider range of obstacles and scatterers in the path. 

We subsequently plot a number of models reviewed above, 
with the appropriate translation to 5.8 GHz. Comparison 
with our measured data is plotted in Figures 2 and 3. The 
two Figures show the same constellation of data points, but 
different lines predicted from different models. 
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Figure 3: Path loss measured and predicted 
with free-space and COST 231 NLOS & LOS models 


Let us first examine the modified Hata model (Fig. 2). 
Our NLOS data at 5.8 GHz match a modified suburban 
Hata model fairly well, up to 2 km; we were unfortunately 
unable to verify further distances due to the power 
limitations of our test setup. Linear regression (Table 1) 
shows a path loss exponent of 3.5, compared to 3.8 for the 
modified Hata model. In addition, the model considers 
different offsets corresponding to urban, suburban or rural 
areas; Our measurements constitute a close match to the 
"suburban" case, which is the one we should have 
expected. 

The COST 231 Walfish-Ikegami NLOS model (Fig. 3) 
overestimates the path loss (as in the Manheim data in 
[10]); that model may be better suited for urban 
environments, or simply does not scale well to 5.8 GHz. 

Let us now examine our LOS data points, both the free 
space model (n=2) and COST 231 LOS model (n=2.6) are 
fairly close match (Fig. 3). Although the overall data cloud 
shows a path loss exponent of n=2 (Table 1), the 
distribution of data points seems to show a trend for two 
statistical populations: one that matches the free-space 
model, and one that matches a street canyon model. This 


result may be explained by the fact that some measurements 
were taken in fairly open spots, whereas others were in street 
corridors created by neighboring houses. 

Overall, the close match of some of the above models are 
somewhat surprising, since the models were designed for 1 to 
2 GHz frequencies. It is known that some models are 
extrapolated to 3 GHz ([{12], [4] p. 116), but extending the 
results to 5.8 GHz nearly always leads to nonsense. 

We should emphasize the following restrictions in our 
study: our data points were taken within 2 km of the base 
station; the base station antenna was 30 feet above ground; 
we were in a newly built residential area with little to no 
vegetation. We may conclude that in this case, the modified 
Hata model would lead to adequate design model for NLOS, 
and our LOS path loss may be estimated by free-space loss, 
or by COST 231-Walfish-Ikegami for LOS. We should of 
course be cautious and restrict our results to residential 
environments in the absence of large trees. Further tests are 
required for other cases. (For attenuation by vegetation, also 
see [14]). 

Similar results are obtained for measurements with a base 
station height of 20 feet above ground. Little differences are 
noticed in measured values. Some of our models (those of 
Fig. 3) omit the influence of the base station height, others 
(those of Fig. 2) take it into account, but show minor changes 
— less than 3dB at 1km. 


V. INDOOR TEST RESULTS 


In addition to the above model predictions, we also look at 
in-building penetration and conduct a number of indoor 
measurements. Data points are collected in three different 
houses with similar floor plans; data results are presented on 
one floor plan — the results shown in the following two 
figures are averages for the three homes. Averaging data in 
such a manner gives us some indication of what path loss 
may be expected for a "generic" residential house, which is 
the estimates we are looking for in order to engineer proper 
coverage in that area. 

The base station is located 250 m south of the front of each 
house under test; i.e. the south side (front) of the house 
represented in the figures below is in LOS. The path loss 
values measured in front of the house are measured 5 to 10 m 
away from the house. Path loss values measured in various 
rooms are represented on Figure 4 & Figure 5. The values 
shown near windows and italicized are obtained in LOS 
(through the window), whereas the others are averaged 
measurements (in time and location proximity) with no base 
station in sight. 

Since the front of the house has line of sight to the base 
station, we shall model our building attenuation (or building 
penetration loss) Lz as the difference (in dB) between actual 
measured path loss and free-space path loss. 


L = Lp, (d) avy L(@) Freespace (10) 


Since the free space model (n=2) is fairly good for outdoor 
line of sight propagation, this definition gives a relatively 
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good value for the additional loss incurred inside the 
building. 

Measurements throughout a building are difficult to 
analyze accurately, the strong multipath creates rapid 
variations [15], the material of the walls is of importance 
[16], and the influence of antenna directivity and 
polarization should also be examined [17]. Nonetheless, 
we try to give general results that may predict the 
additional margin required for proper in-building coverage. 
We observe that (not surprisingly) signal strength is 
significantly improved when a line of sight exists — 
through a window ~— to the base station; also the front of the 
house has better coverage than the rear. As a result, we 
differentiate three cases within a house: 

- line of sight with a base station (through a window) 

- front of house, meaning that at least one wall is in 

line of sight of the base station 

- rear of house, 1.e. with only inside or back walls 


; ow: 
Family Room i ee 


Nook Kitchen 


Bath / 


Pantry 


Living Room 
Entry Dining Room 


f well | 
a —— eee 


Figure 4: Residential floor plan — main level 


Bedroom 4 


Master Bedroom 


Bedroons 3 Geavect? 
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Figure 5: Residential floor plan — upper level 


For each of these cases, we measure the additional building 
penetration loss by estimating the free-space loss by 
measuring the distance on the floor plan. Results are 
summarized in Table 2. 


Table 2: Building attenuation: mean and standard deviation 
window (LOS 


front (1* wall 


In the case of line of sight locations, we also compare a 
few measurements with open and closed window, although 
these are not statistically meaningful, we also find an average 
loss of approximately 3 dB due to the closed window. Note — 
the windows in these houses have acrylic frames, double 
pane, vacuum insulated, with some reflective coating. 


VI. CONCLUSIONS 


This paper presents a short summary of field tests 
conducted at 5.8 GHz in a residential area near Boulder, CO. 
The devices under test use a 100 MHz bandwidth for data 
transmission; although tests are conducted on a T1 link, we 
limit ourselves to the study of RF signal strengths. 
Propagation path loss is measured and compared to a 
plurality of models; we find that measurements gain to be 
separated into two categories: line of sight (LOS) and non 
line of sight (NLOS). Suitable models are identified for both 
LOS and NLOS cases. The modified Hata model for 
suburban environment offers the best prediction for NLOS 
data in the residential area. LOS data may require an 
additional distinction: the COST 231-Walfish-Ikegami LOS 
model offers good estimates for street-canyon environment, 
whereas a simple free-space model offers the best fit for open 
spaces. 

Subsequently indoor propagation is measured, and average 
and standard deviation values are derived to estimate in- 
home attenuation. Results are averaged in a manner to infer 
general rules for coverage design so as to anticipate level of 
service available in residential areas. In turn, they should 
allows us to make more accurate recommendations on the 
best way to place base stations in order to provide wireless 
service to residential homes. 
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Abstract - This work presents the generalized sidelobe canceler, GSC, modelled by the state variable approach and 
the Kalman filter applied in the adaptive cancellation of the interference signals in linear and planar arrays. The 
performance of the method is compared with the LMS method. 


Keywords: Beamforming, Kalman Filter, GSC 
1. INTRODUCTION 


Adaptive antennas array or smart antennas are used in 
several applications, such as radar, sonar, and 
geophysical exploration and, in particular, in mobile 
communications. In these applications the smart 
antennas have the objective to increase the directivity 
of the antenna and/or to cancel interference signals, 
preserving the desired signal. Many works have been 
developed in this area [1-7], in particular, the recent 
works [8-10]. 


The technique of the cancellation of the lateral lobe of 
the irradiation diagram, known as GSC, provides the 
cancellation of undesirable signs preserving the 
desirable one. This method is based on a space filter 
whose gains can be determined with an adaptive 
algorithm. The most used adaptive algorithm has been 
the LMS algorithm, because of its simplicity 
computational and physical implementation aspects. It 
can be well adequate to the systems operating in quasi 
stationary environment. Otherwise, if the environment 
is non stationary, LMS won't get to tracking the 
dynamics of the system becoming inadequate for these 
cases. 


In this work the GSC structure is modelled by the state 
variable approach and the Kalman filter is applied, 
giving conditions to operate even in non-stationary 
conditions. 


The study will have the following sequence: 
description of the Kalman filter, description of the 
GSC (Generalized Sidelobe Canceler) structure, GSC 
state variable model, adequation of the Kalman 
algorithm to estimate the adaptive gains of the GSC, 
results, conclusions and references. 
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2. KALMAN FILTER 


The modern control theory uses state variable 
description to linear or nonlinear, time variant or time 
invariant and monovariable or multivariable dynamical 
systems. Therefore the state variable concepts are very 
important and they will be applied in this work. 


The state of a system in an instant to is the amount of 
information in to, that together with the input u(t), t2to, 
determines the behavior of the system for all t 2 to in 
an unique way. 


State variables are the variables that store the energy of 
the system. For example, in an electrical circuit the 
state variables are the capacitor voltages and the 
inductor currents. In an adaptive filter, these variable 
are the gains of the filter. 


A dynamic, linear, unforced and discret system is 
modelled according to the state space method by the 
two equations below: 
1. State equation (it describes the system dynamics) 
w(n+1)=F(n+1,n)w(n)+v,(n) (1) 
where w(n) is the state vector, F(n+1,n) is the state 
transition matrix that relates the states of the system in 
the instants n+1 and n, and y,(n) represents a zero 
average white noise present in the plant input. 


2. Measure equation (system output) 


z(n)=C(n)w(n)+v2(n) (2) 


where C(n) is the measure matrix and v,(n) represents 
a zero average white noise present in the plant output. 


In the Kalman filter problem, F(n ,n-1), C(n) , and 
z(n) are known parameters and the statistical 
distributions of vy; (n) and v2(n) are also known. The 
unknown parameter in the system model is the state 
vector w(n). The Kalman algorithm starts from a group 
of observed informations z(1) , z(2),..., z(n), outputs 
of the system, and it makes estimates of the system 
state vector w(n). These estimates are made according 
to the least square approach. 


Kalman algorithm to estimate the state vector w(n), is 
described in summary I below (H denotes the complex 


conjugate transpose): 


Summary I - Kalman Algorithm 


Input Vectors 
Observations = {z(1) , z(2),..., z(n)} 
Known Parameters 


Measure Matrix = C(n) 

Correlation Matrix of vi(n) = Q,(n) 
Correlation Matrix of v2(n) = Q,(n) 
State Transition Matrix = F(n+1,n) 


Compilation n= 1229 3, 


G(n)=F(n +1, n)K(n, n-1)C" (n)- 
-[C(n)K(n, n-1)C* (n)+Q, (n)J 


a(n)=z(n) — C(n) w(alz,_,) 
w(n+]|z, )=F(n + In) w(nlz,_,)+G(n)a(n) 
K(n) =K(n,n-1) -—F(n,n+1)G(n)C(n)K(n,n—- 1) 


K(n,n+1)=F(n4+1,n)K(n)F" (n+1,n)+Q,(n) 


Initial Conditions 


A 


W(I|z, )=random values 


K(1,0)= I, where I is the identity matrix and n is a 
big enough real positive constant. 
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3. GENERALIZED SIDELOBE CANCELER 


Consider a planar array of N, x N, elements distributed 
uniformly in the space. The inner product defines the 


filter output 
(3) 


(4) 


where w(n) is a complex vector of M elements, M = Nx 
x Ny is the number of elements of the planar antenna 
array, and u(n) is the steering vector. The signal 
received by the array is given by the expression [2] 


y(n) = w" (n)u(n) 


w(n) =[W,;, Wz, W3, 


-J5 (5) 


wsu(n\eW Sahay 


u(n) =[u(n),u(ne 

In the above expression it is very important the fact 

that the signal depends of the directions (8,0), defined 

in the space x-y-z as shown in the Figure 1. B,(6,0) is 

the delay of the antenna element in relation to an 

arbitrarily chosen antenna element. The delay of the ith 
element is given by 

(x cos@sin@ +y sing sinO +z. cos@) 

B (8.9) ee eS ae ee 


(6) 


= 2798; (9, 6) (7) 


where c is the propagation speed of the incident signal. 
Assuming that the spacing among the antenna 
elements is a half wavelength, B,(8,b) assumes the 
form 


B;(0.0) = mcosd sinO + sing sind (8) 


The optimum gain vector is obtained by the 
minimization of a quadratic function of the output 
subject to a linear restriction, as described below: 


To minimize: 
2 
Elly(n)| ]=w" Rw ) 


R=E[u(n)u(n)” ] (10) 


Fig. 1: Planar array. 


Restriction : 


B  w=g (11) 


u(n) 


Adaptive 
Part, wa(n) 
Kalman 
Algorithm 


Fig. 2: The GSC structure 


The autocorrelation matrix R doesn't need to be 
previously known because the Kalman algorithm 
obtains estimates that tend to the solution of Wiener 
when the number of iterations tend to infinite. 


B is the restriction matrix and g is the vector of gains 
with constant elements. Assuming K _ linear 
restrictions, the matrix B has dimension (N,* Ny) x 
K, and g is a vector K x 1. The number of antenna 
elements defines the number of lines of B. 


For example 


[s(o,,9,),8(¢,,0,)]” w=[1 0)” (12) 


s(¢,8) =[1, sy(nye pee Say i (nje TMS ie (13) 


where s(Qp , $o) is the steering vector that preserves the 
signal in desired direction and attenuates the signal in 
(8; , o>) direction. 


The orthogonal complement of the subspace 
generated by the columns of B contains all orthogonal 
vectors to B [13]. The null space of B_ is the 
orthogonal complement of the space line and the null 
space of B' is the orthogonal complement of the space 
column. The columns of Ba are defined based in the 
orthogonal complement generated by the columns of B, 
i.e., Ba is the null space of B’ . The matrix Ba is 
called a block matrix. Using the definition of 
orthogonal complement, it can be described as 


B"Ba=0 fe 


or 
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Ba’ B=0 (15) 


Below, it is defined the non adaptive component of the 
planar antennas array gains 


w, =BB"B)'g >) 


It can be defined the vector of gains of the array below 
by means of the expression (see Figure 2): 


w=w, —Baw, 2) 


The equation (16) shows that the vector w, is the 
component of vector w that satisfies the restrictions 
and w, is not affected by the restrictions. Substituting 
the equation (17) in (1) gives: 


y(n) =w,"u(n)—w, (n)Ba“u(n) (18) 
y(n) = d(n)— y,(n) (19) 

d(n) = w, (n)u() (20) 

y, (n) = wi (n)x(n) (21) 

x(n) = BP u(n) (22) 


3.1 - Adaptive Algorithm 


The algorithm of the linear adaptive filter consists of 
two basic processes [11]: 


1. a filtering process that involves the calculation of the 
filter output and the generation of the error estimate by 
means the comparison of the desired signal with the 
filter output. 

2. an adaptive process that involves the automatic 
adjustment of the weights related with the error 
estimate. 


Summary II — Implementation of the GSC 


Known parameters: 


- The incidence angles of the desired signal 
- The number of antenna elements = N, x Ny 


1) initialization of the weights 
2) calculation of the non-adaptive component w, with 
the equation (14) 


3) calculation of the block matrix Ba that generates the 
null space of B™ 


4) computation for n = 0, 1, 2, 3....... Or 
y(n) =d(n) We (n)x(n) (23) 
For LMS: 
W,(n+1) = W,(n) + nu(n)e’(n) (24) 
Below, Wa _ is calculated according the Kalman 


algorithm described in summary III. 


3. MODEL OF GSC PROBLEM IN STATE 
VARIABLE APPROACH 


In this section, the objective is to apply the Kalman 
algorithm in the adaptive part of GSC structure. 
Initially, it is necessary to model the GSC structure in 
state variable approach. 


Considering the equations (20) and (21) and observing 
the adaptive part of GSC operating in optimum form, 


i.e., the output y,(m) equals to the desired d(7), it 


can be modelled by state variable approach according 
the equations, 


w, (n+l) =w,(n) (25) 


d*(n) =x" (n)w, (n) (26) 


Comparing (25) and (26) with (1), it can be verified 
that 


Fat+Ln=lI (27) 
z(n) =d‘(n) (28) 
Ci) =x" (1) es, 
V,(n)=v,(n)=90 (30) 


If the matrices F(n +1,n) and C(n) are constants, the 


system is time invariant. From equation (29), the 
matrix C(n) depends on signal x(n), a time variant 


signal. The practical consequence is that antennas 
array are time variant linear systems and the control 
algorithms for time variant systems are well adequate 
to work in this case. 
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Another characteristic observed in equations (27) -(30) 
is that the input signal u(m) is not present. Thus the 


state variable model to the GSC system is unforced. 


Substituting equations (27)-(30) in the summary II, the 
Kalman algorithm is applied to determine the gains of 
the adaptive part of GSC system. 


Summary III — Kalman filter used in the adjustment 
of the GSC gains 


Input Vectors 
Observations = {d(1) , d(2),... , d(n)} 
Known parameters 


State Transition Matrix = I 
Measure Matrix =x” (n) 


Correlation Matrix of v;(n ) = O 
Correlation Matrix of v2(n ) =O 


Computation: n= 1.2933 50% 


G(n)=K (n,n —1)x(n)[x” (n)K(n,n —))x(n)T! 


a(n) =e,(n)=z(n)—x" -w(n|z__,) 


w(n + \lz, =w(n|z,_, )+G(n)a(n) 


K(n)=K(n +1,n)= K(n,n—-1) — G(n)x” (n)K(n,n-1) 


Initial conditions 
Ww(I|z, )= 0 


K(1,0)= nI, where I is the identity matrix and 1 is a 
big enough real positive constant. 


5. RESULTS 


In the simulations presented below, the Kalman 
algorithm, described in summary III, and LMS 
algorithm, described in [8], were applied in GSC 
structure to the cancellation of the lateral lobes of a 
planar array with 2 x 3 spaced elements. The spacing 
among the antenna elements was made equal to half 
wavelength. 


There are two incident signs: the desired signal (0 , 
$o) and the interference signal coming from another 
direction (8;, ,). It is assumed that these two signs are 
coming of different sources. 


The objective of this experiment is to compare the Table I - Resume of the results 
results obtained with the Kalman and LMS algorithms, 
analyzing mainly the convergence rate of the two KALMAN Angles 


Ite logio 
error Desired — 


methods. 


The simulation results with LMS and Kalman 
algorithms are presented with the colors red and black, 
respectively. 
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The table above presents a summary of the results 

obtained with LMS and Kalman algorithms to the 

cancellation of lateral lobes. This table shows the 

3 number of iterations (Ite), the logarithm of the error 

39 e H (log;oerro) and the attenuation in Db (Db) suffered by 
Hos ecole the interference signal. 
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Figures 3, 4 and 5 show that Kalman filter is more 
robust than LMS algorithm. In fact, it can be seen by 
the fast convergence rate of the Kalman algorithm 
(characteristic of robust algorithms). Another favorable 
aspect related with the Kalman algorithm robustness is 
the better stability than LMS algorithm, as one can see 
in the Figure 5. There it is observed that LMS 
algorithm converged in 2000 iterations while the 
Kalman filter needed only three iterations. 


Fig. 3: Radiation pattern for a planar array with 2 x 3 
elements. The desired direction is d) = 10°, @ = 20° 
and the interference direction is 0 = 0°, 8; = O°. 
Kalman 2 iterations, LMS 140 iterations. 


6. CONCLUSIONS 


The GSC state variable model and the Kalman filter 
were used to cancel the interference signal in a planar 
array of adaptive antennas. The results show an 
excellent performance comparing with LMS algorithm. 
The simulations show the possibility to apply the 
method in non stationary problems. 


50 0 
Anqgulos (teta,em graus) 


Fig. 4: Radiation pattern for a planar array with 2 x 3 
elements. The desired direction is d) = 20°, 8) = 30° 
and the interference direction is 0 = -20°, 0; = -30°. 
Kalman 2 iterations, LMS 43 iterations. 
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Abstract—An iterative hybrid method is developed 
to analyze a reflector antenna system operated at higher 
frequency bands. The analysis of a feed system ts 
done by using a full-wave analysis technique and re- 
sults in an initial secondary sources for the correspond- 
ing main reflector. Whereas, a geometrically simple but 
electrically large main reflector is treated with various 
HFATs (High-Frequency Asymptotic Techniques). As 
the HFAT’s solution is used to update the inttial sec- 
ondary sources of the full-wave solution, it is referred to 
as the first iteration step. Consequently, the iterative hy- 
brid method combines those two solutions obtained from 
different regimes in such a manner that they are com- 
puted independently, yet all possible higher-order inter- 
actions between them are properly taken into account as 
the iteration step increases. The computational effort 
for this iterative method does not depend on the ratio 
of the focal length to the diameter of a reflector. Indi- 
cating that the technique will become highly efficient and 
accurate compared to any single full-wave analysis tech- 
nique or HFAT alone when it 1s applied to analyze an 
electrically large reflector antenna system. 


I. INTRODUCTION 


One of the radiating elements that has count- 
less application in wireless communications is a 
paraboloidal reflector. Usually, the analysis of a re- 
flector antenna, especially in high-frequency range, 
has been performed using HFATs (High-Frequency 
Asymptotic Techniques) because the size of the 
computational domain is too large to be treated 
by a full-wave analysis. However, none of those 
HFATs including existing hybrid methods [1],[2] can 
account for higher-order interactions which may oc- 
cur between the main- or sub-reflector and the feed. 
Here, an iterative hybrid method is used to analyze 
a reflector antenna by taking into account all pos- 
sible higher-order interactions. The method utilizes 
BIE (Boundary Integral Equation) to terminate the 
FEM domain, e.g., the feed alone or the feed with 
the sub-reflector. The FEM/BIE is then hybridized 
with PO (Physical Optics), GTD (Geometrical The- 
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ory of Diffraction) or PO+PTD (Physical Theory 
of Diffraction) to treat the main reflector. As ex- 
pected, the accuracy of these iterative hybrid meth- 
ods was almost comparable to that of full-wave anal- 
ysis provided all possible interactions were properly 
taken into account through the iterative algorithm. 
In addition, the computational effort is not affected 
by the size of the main reflector or the distance be- 
tween the feed and the main reflector. 


II. ANALYSIS OF REFLECTOR ANTENNAS 


To illustrate the hybrid method, a TM, polar- 
ization 2D problem was examined. The geometry 
and coordinate system of the problem are shown in 
Figure 1. 
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Fig. 1. Radiation due to a line source in the presence of main- 
and sub-reflectors. 


Separation of the low-frequency (interior) and 
high-frequency (exterior) domains can be achieved 
by enclosing the source and the sub-reflector, de- 
noted as scatterer 1, with an equivalent surface. 
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The analysis of the interior region is done using the 
FEM/BIE. As for the exterior region, the equivalent 
source must satisfy the EFIE (Electric Field Integral 
Equation) for the TM, polarization. However, be- 
cause of the presence of a large reflector, denoted as 
scatterer 2, the corresponding Green’s functions are 
not available. 

As an alternative choice, the conventional PO, 
GTD or PO+PTD technique can be used. How- 
ever, these techniques cannot allow the scattered 
and diffracted fields to modify the equivalent cur- 
rent densities on the FEM/BIE domain. Therefore, 
the conventional techniques are referred to as zero 
iteration in the iterative hybrid method described 
below. Without iteration, the fields in the FEM do- 
main have never sensed the presence of scatterer 2; 
therefore, the equivalent current densities are not 
accurate. Correction of these current densities can 
be achieved by including higher-order interactions 
through an iterative technique. The iterative algo- 
rithm enables the fields in the FEM/BIE to be cor- 
rected at each iteration by updating the right-hand 
side (excitation) vector. The updated right-hand 
side vector is a representation of scattered fields by 
the main reflector. These scattered fields will per- 
turb the field distribution inside the FEM/BIE do- 
main. The iteration stops when the fields reaches 
convergence. 

It is well known that the PO technique can 
provide accurate predictions for the fields in the 
main beam region but not for the fields in shadow 
zones [3]. The remedy to overcome such a limitation 
is to include diffractions using PTD. In PTD, the 
fields calculated by PO are supplemented by con- 
tributions from the edge currents. In practice, the 
fringe wave contributions defined as the difference 
between Keller’s diffracted fields and PO diffracted 
fields are assigned to the peripheral edges of the 
scatterer as the correction terms. Figure 2 shows 
comparison among the PO+PTD iterative results 
and the direct FEM result when those techniques 
are applied to the problem shown in Figure 1. It 
can be seen that the agreement between the itera- 
tive method and the direct method is excellent after 
the 2nd iteration. 

Figure 3 shows a parabolic reflector characterized 
by f/D = 0.3 and a; = a2 = 80° fed by a dielec- 
tric loaded waveguide. To reduce spillover loss and 
to improve the return loss of an open waveguide, a 
dielectric material of €, = 2 is inserted and tapered. 
Since the feed is located at the focal point, strong 
higher-order interactions are expected between the 
feed and the parabolic reflector. 

As can be seen, the origin of the coordinate sys- 


Normalized power (dB) 


Fig. 2. Comparison of the normalized patterns: direct versus 
iterative FEM/BIE+PO+PTD 
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Fig. 3. A dielectric loaded waveguide feed and a parabolic 
reflector. 


tem is at the center of the waveguide aperture. As 
the focal length or size of the reflector increases 
in terms of wavelength, the use of full-wave anal- 
ysis becomes inefficient or even impossible. Fur- 
thermore, it is extremely difficult for a HFAT alone 
to solve this problem because of the presence of 
a dielectric material and a waveguide structure. 
For comparison purposes, the size of the problem, 
which is controlled by the focal length, was re- 
duced (f = 3A). Then, the problem was analyzed 
with both the direct FEM and the proposed itera- 
tive hybrid method. Figure 4 shows the normalized 
radiation patterns predicted by the direct FEM and 
the FEM/BIE+PO+PTD iterative hybrid method. 


All patterns were normalized with respect to the 
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Fig. 4. Comparison of normalized radiation patterns pre- 
dicted by the direct FEM and FEM/BIE+PO+PTD itera- 
tive hybrid method. 


maximum radiation field of the direct FEM. As 
can be seen, the prediction without higher-order in- 
teractions shows intolerable discrepancies (almost 
10-25 dB) compared to the direct FEM results. 
In contrast, the results of the iterative method 
demonstrate the effects of higher-order interactions 
are fully taken into account as the iteration num- 
ber increases. After iteration 3, the iteration 
method and direct FEM exhibit excellent agreement 
which clearly indicates the potential of the iterative 
method. Again, the computational effort of the iter- 
ative method is independent of focal lengths; there- 
fore, the application of this method is well suited 
not only for space- or air-borne antennas but also 
for ground based reflector antennas whose typical 
focal length is on the order of few tens to hundreds 
of wavelengths. 
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Abstract- A low cost, frequency selective, RF channel simulator architecture is explored. The system is imple- 


mented almost entirely in the digital domain by use of IF sampling with the signal processing performed in a 


high-end floating point DSP and an FPGA. The prototype system costs less than $3900 and is capable of sim- 


ulating three delay taps. It is believed that a system capable of simulating 12 delay taps with a bandwidth of 5 


MHz could be built at a cost less than $2000, at least an order of magnitude cheaper than commercially available 


channel simulators of comparable performance. 


Introduction 


Todays users demand good voice quality, have a low tol- 
erance for busy signals or dropped connections, and de- 
sire error free, high-speed data transmission. Field test- 
ing a wireless product in all of the possible radio en- 
vironments is cost prohibitive and time consuming. A 
much more practical approach is to use a real time chan- 
nel simulator that may be configured to emulate the var- 
ious radio propagation characteristics encountered in the 
real world. 

The available channel simulators on the market today 
are complex and costly (from $24,000 to $500,000 [1]), 
often requiring several circuit cards and multiple proces- 
sors. Recent increases in the performance of digital sig- 
nal processors (DSPs) and field programmable gate ar- 
rays (FPGAs) suggest the possibility of greatly reduc- 
ing the cost and complexity required in implementing a 
channel simulator. This paper presents the design, proto- 
type, and test of a low cost real-time frequency selective 
radio frequency (RF) channel simulator. 


Background 


Several methods exist in practice for simulating the RF 
channel environment. All of the methods are based on 
observations and measurements of signal propagation in 
the end user environment. The most computationally ef- 
ficient method, and the focus of this paper, uses quadra- 
ture amplitude modulation (QAM) of the input signal by 
two independent Gaussian noise sources as depicted in 
Figure 1 [2, 3]. 

Appropriate filtering of the noise sources approxi- 
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Figure 1: The QAM method for flat channel fading. 


mates the classical Doppler spectrum. The architecture 
of Figure 1 produces flat fading. To simulate frequency 
selective fading, this architecture may be extended by 
combining delayed outputs from multiple flat fading gen- 
erators. 


Examples of the QAM method are abundant in the lit- 
erature. They range in complexity from a fully analog 
flat fading simulator to an IF sampled frequency selec- 
tive channel simulator. All of the frequency selective 
implementations require complex hardware consisting of 
several circuit cards with multiple processors. For exam- 
ple, the NoiseCom MP-2500 Multipath Fading Emulator 
uses the QAM method with up to 12 delay paths. It con- 
sists of 11 circuit boards, not including the RF circuitry, 
cooling fans, or external computer interface [4]. 
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Figure 2: Shaping filter realization. 


System Architecture 


This prototype is based on a paper by Wickert and Jay- 
cobsmeyer which describes a software simulation of the 
QAM method using IIR Doppler shaping filters and FIR 
linear interpolation filters as shown in Figure 2 [5]. The 
cascaded Chebyshev and Butterworth shaping filter was 
chosen based on the requirements of the TIA IS-55A 
specification [6]. The output of the shaping filter is up- 
sampled and interpolated to reduce the number of calcu- 
lations needed in the simulation. This variation of the 
QAM method was chosen for implementation due to its 
computational efficiency. 

A thesis by C. M. Keen implements a flat fading soft- 
ware simulation of the Wickert/Jaycobsmeyer method 
in the C language on a PC platform [7]. The Cheby- 
shev/Butterworth filter synthesis is described in detail in 
this reference. To summarize, the digital IIR filter is de- 
rived from an analog prototype using the bilinear trans- 
form. The spectral moments, b, and b2, of the resulting 
filter are calculated using 


1/2 
i omy" | H(elhy2 pdf A) 
0 


where H(e/?"/) is the transfer function of the filter 
with f being the normalized digital frequency in cy- 
cles/sample. These moment values are used to calculate 
the normalized (maximum) Doppler frequency, fm, ac- 
cording to 


1 /2b2 


i (2) 


fm = 5 bo 


for a particular filter cutoff frequency, fc. If fi, from 
(2) is not within the desired tolerance, then the cutoff 
frequency of the digital filter is changed and a second it- 
eration commences. Iteration, via a bisection algorithm, 
continues until a filter giving an acceptable fj, results. 
The filter synthesis portion of Keens program is adopted 
and modified to work under the Microsoft Windows en- 
vironment for this prototype. 

The system architecture shown in Figure 3 consists of 
three hardware components. A standard personal com- 
puter (PC) provides the Doppler shaping filter synthe- 
sis, amplitude scaling, and the graphical user interface 
(GUI). A Texas Instruments TMS320C6701 EVM DSP 
board which connects to the PCs PCI bus is respon- 
sible for the random number generator, Doppler spec- 
trum shaping filter, and the first interpolation stage. An 
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Figure 3: System architecture. 


AED100 daughterboard from Signalware contains the 
A/D and D/A components as well as the FPGA for the 
tapped delay line, multipliers, and final interpolation 
stage of each fading generator. 


The system employs bandpass sampling of a 70 MHz 
intermediate frequency signal with up to 5 MHz of band- 
width. Bandpass sampling theory states that a signal may 
be sampled with a rate that is much less than the highest 
frequency component of the input signal without alias- 
ing, provided that [8] 


Nis B= 2fg = (i) (3) 


where n is a positive integer, f, is the center frequency 
of the input signal, f, is the sampling frequency, and B is 
the bandwidth of the signal. This under sampling process 
effectively translates the input signal to a digital IF which 
is an alias of the input signal. 

For this design, the sample clock is 11.1 MHz, thereby 
setting the input frequency range from 66.6 MHz to 71.6 
MHz, with a digital IF of 2.5 MHz. An analytic sig- 
nal is derived by splitting the signal into two paths and 
Hilbert transforming one path with an asymmetric FIR 
filter while introducing the equivalent group delay in the 
second path via an FIR all pass filter. The resulting ana- 
lytic signal enters the tapped delay line where user se- 
lected delays are introduced. The delayed signals are 
each multiplied in the time domain by the independent 
fading generator signals as shown in Figure 3. 


The fading generator consists of the random number 
generator, two interpolation stages, and the modulator. 
The random number generator creates two white, un- 
correlated, Gaussian random number sequences. This 
method is based on the C compilers built in rand () 
function. The rand() function generates uniformly 
distributed random integers, which are converted into a 
Rayleigh distributed random variable by inverting the 
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Rayleigh cumulative distribution function to obtain 


R = ,/—207 log, (1 — rand () /RMAX) (4) 


where o” sets the variance of the Rayleigh variates and 
RMAX is the maximum random number generated by the 
rand() function. The resulting uncorrelated outputs 
are generated using 


A= KR cose) ands/Yr=R sind (5) 


where 9, a uniform on [0, 277] random variate, is also 
generated using the rand() function. To speed up the 
implementation, a table of R values is stored in the EVM 
memory along with cosine and sine tables. 

Each output from the random number generator has its 
spectrum shaped by an IIR filter to approximate the ef- 
fects of Doppler spreading. The classical Doppler spec- 
trum described in [3] is approximated according to the 
guidelines defined in [6]. The mobile speed and car- 
rier frequency parameters are input by the user through a 
Windows-based GUI. 

The filter coefficients for the Doppler shaping IIR fil- 
ters are calculated on the PC and downloaded over the 
PCI bus to the DSP card. The first interpolation stage 
is accomplished in the DSP by using the FIR polyphase 
representation of a linear interpolation filter. The im- 
pulse response of the interpolation filter is the triangle se- 
quence given by {1,2,3,4,5,6,7,8,9,10,9,8,7,6,5,4,3,2, 1}. 
The response of this filter is designed to have nulls cor- 
responding to the images resulting from the introduction 
of zeros in the interpolation process. 

The second interpolation stage is also a linear interpo- 
lator. Because of the high sampling rate, this stage is im- 
plemented partially in the FPGA. The impulse response 
for the second interpolation stage is of the same form as 
that in the first stage, but is realized differently. The DSP 
calculates a slope value between the previous and cur- 
rent samples output from the first interpolation stage and 
writes this slope value to the FPGA. The FPGA incre- 
ments an accumulator by the slope value on each sample 
clock cycle to obtain the output signal. 

Once the interpolation of the Doppler spectrum is 
complete, the resulting in-phase (/) and quadrature (Q) 
components are multiplied by the corresponding compo- 
nents of the sampled and delayed input signal. The / 
and Q products sum to complete one tap of the multipath 
simulator. Each additional tap repeats this process with 
the outputs being summed together immediately before 
the D/A converter. A third-order Bessel low pass filter is 
used for reconstruction. 

It is worth noting that the flexibility of the architecture 
allows reconfiguring the system for use with Doppler 
spectra other than the classical simply by reprogramming 
the filter coefficients. Furthermore, the system hardware 
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is not limited to using the QAM method. It is feasible 
that the popular Jakes method could be used as well. 


System Performance 


The prototype system has a bandwidth of approximately 
5 MHz with a delay tap spacing of less than 100 nanosec- 
onds. The fading statistics of each tap compare favor- 
ably with test specifications in the TIA IS-55A perfor- 
mance standard for mobile stations [6]. The measured 
level crossing rate is compared to the theoretical in Fig- 
ure 4. The dynamic range of the prototype is limited by 


20 logi0(R/Rrms), dB 


Figure 4: Measured (dashed) vs. theoretical (solid) level 
crossing rates. 


the 8-bit A/D and D/A converters. More dynamic range 
is desirable because the multipath environment typically 
causes fades greater than 40 dB. This could easily be im- 
plemented by integrating 10 or 12 bit A/D and D/A con- 
verters. The prototype is limited to three delay taps due 
to the amount of logic in the FPGA. This prototype uses 
a Xilinx XC4044XL with a maximum of 80,000 logic 
gates. This component is at 97% capacity with three taps 
and maximum delays of about 20 ys. Given this limi- 
tation of FPGA resources, the delay spacing is not dy- 
namically reconfigurable on the prototype. Anew FPGA 
file must be loaded into the FPGA for each desired delay 
configuration. These limitations could be overcome by 
upgrading the FPGA on the daughter board. The state of 
the art Xilinx Virtex FPGA has a capacity greater than 4 
million gates. With this factor of 50 increase in capac- 
ity, it is safe to assume that 12 configurable tap delays 
could be implemented in the FPGA. The DSP has plenty 
of available bandwidth to accommodate 12 taps. 

Figure 5 shows the measured Doppler spectrum for a 
simulated signal with mobile velocity of 100 kph and car- 
rier frequency of 850 MHz. The 3 dB bandwidth is ap- 
proximately 150 Hz and the peak is approximately 60 Hz 
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Figure 5: Measured Doppler spectrum. 


from the carrier f,, which is roughly 75% of f,,. These 
values are consistent with the desired results. 

The characterization of the delay properties of the 
channel simulator is based on the sliding correlator mea- 
surement system [2]. Since a spread spectrum slid- 
ing correlator measurement system with the desired fre- 
quency range was not available for use in this testing, 
a system using a GSM transmitter and receiver was im- 
plemented. The transmitter outputs GSM access bursts 
during one timeslot of each frame. Each access burst 
contains a training sequence with good correlation prop- 
erties which is used for timing advance measurements in 
the GSM reverse link. A hardwired signal from the trans- 
mitter to the receiver provides timing synchronization of 
the bursts. The receiver samples the GSM signal at the 
baud rate and correlates the received samples with the 
known training sequence. As in the spread spectrum slid- 
ing correlator, the resulting correlation shows the delay 
spread profile of the channel. Figure 6 shows a waterfall 
plot of 10 consecutive bursts, with the channel simulator 
configured for three taps with power levels of 0, -6, and 
-12 dB. The second tap is configured for an excess delay 
approximately 14.5ys. The third tap is configured for an 
excess delay of approximately 29 ys. 


Conclusions 


The equivalent cost of the prototype is about $3900. This 
implementation has some inefficiency due to the number 
of unused parts included in both the DSP board and the 
daughterboard. Integrating the system onto one custom 
printed circuit board and eliminating unused parts could 
reduce the cost considerably. It is believed that this sys- 
tem could be built in small quantities for as little as $2000 
per unit. This does not include the cost of the PC or the 
signal generator used for the local oscillator, which are 
common items in most engineering laboratories. When 
compared to the cost of the commercially available chan- 
nel simulators, this is a reduction of at least one order of 
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Abstract: Virginia Tech is involved in both smart base station and smart terminal antenna research for 
wireless applications. Smart features vary from simple diversity combining to adaptive algorithm 
implementations. Measurement campaigns are described and results are presented. 


1. Smart Base Station Experiments for Space, 
Polarization, and Angle Diversity 
Comparisons. 


1.1. Introduction 

Diversity techniques are used at the base 
station to overcome multipath fading. Although 
space diversity is the most common form of 
antenna diversity, it is the least attractive because it 
requires a second antenna subsystem. A separate 
diversity antenna requires space and cable runs, 
and increases installation and maintenance costs 
significantly. The remaining diversity choices are 
angle and polarization diversity. Recent interest has 
focused on polarization diversity that uses a single 
dual polarized antenna in place of two space 
diversity antennas [1]. Angle diversity with 
switched-beam antennas is also effective in urban 
environments [2], but its performance with indoor 
mobile users has not yet been reported. No direct, 
simultaneous performance comparisons of space, 
polarization, and angle diversity have been 
reported. This paper reports on measurement 
campaigns being conducted by the smart antenna 
group at Virginia Tech with both base station and 
handheld smart antennas. 


1.2 Smart Base’ Station Testbed and 

Measurement Environments 

The experiment hardware consists of a base 
station on the top of a six-story campus building 
(30 m tall) that is surrounded by other buildings 
and the coverage area within several kilometers is a 
dense urban environment. The smart base station 
testbed has three antenna subsystems. Two sector 
antennas each with 95° azimuth beamwidths are 
spaced ten feet apart, forming the space diversity 
antenna subsystem. A single dual-polarized, slant 
45° panel antenna with 90° beamwidths provides 
two channels for polarization diversity. Angle 
diversity is obtained with a panel antenna that 
covers 120° of azimuth with four 30° beams. The 
three diversity antenna subsystems provide 
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coverage of the same azimuth region and all have a 
vertical beamwidth of about 15°. The eight base 
station outputs (two each for spatial and 
polarization diversity, and four for angle diversity) 
provide signals that are coherently received. 

The mobile unit, moving at the speed of about 
1~2 m/s, transmits a continuous wave signal at 842 
MHz. The eight RF signals received at the base 
station are down converted to a 1.2 kHz IF using 
RF mixers with the same local oscillator which 
maintains the relative amplitude and _ phase 
information between channels. The IF signals are 
recorded with a 16-bit A/D converter running at the 
sampling rate of 6.25 kHz per channel and then are 
post-processed in non-real time. 

Measurements are made for various mobile 
transmit unit locations using a half-wavelength 
dipole antenna in three orientations: (a) vertical 
(V), (b) horizontal and orthogonal to the direction 
of movement (H+), (c) horizontal and parallel to 
the direction of movement (H||). The operator of 
mobile unit is equipped with a cellular phone for 
voice communication with the operator at the base 
station. All measurements are performed along the 
straight routes. Measurement runs are performed 
over distances of 60 to 110 m for the outdoor 
environments and 35 to 50 m for the indoor 
environments. The average velocity of the mobile 
unit was calculated using the measured distance 
and time for every run. The distance between 
mobile unit and base station is measured using the 
GPS receiver after selective availability signal is 
turned off and is ranging from 150 m to 5 km. 


1.3 Initial Results 

Figure 1 shows representative results of the 
measured signal envelope for one channel and 
cumulative distribution functions (CDF) for 
selection combining using a vertically polarized 
mobile unit antenna 665 m away. Several 
measurements at various distances and sites with 
three orientations of mobile unit antenna were 
performed. Table 1 summarizes the measurement 
results performed at three example locations. 
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Figure 1. Signal envelope and CDF’s for three 
kinds of diversity under the identical condition 
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Diversity gain is the primary figure of merit and is 
the increase in signal level on the CDF from single 
antenna to diversity antenna performance at a given 
occurrence level. Measured results at the distance 
of 665 m showed that the diversity gain for the 
three diversity schemes are close to each other at 1 
% level of CDF regardless of the orientations of 
mobile unit antenna. Although _ polarization 
diversity gains are close to the other kinds of 
diversity gains, the performance of polarization 
diversity is superior when the mobile unit antenna 
is horizontal and is worse with vertical orientation 
due to the polarization match. At the distance of 
935 m, space diversity gain is slightly better than 
that for the other kinds of diversity regardless of 
the orientations of mobile unit antenna. At the 
distance of 2,670 m, space diversity gain is slightly 
better than polarization diversity gains and several 
dB better than angle diversity gain regardless of the 
orientations of mobile unit antenna. The 
measurement campaign is still in progress. 


Table 1. Diversity gains at three representative 
locations (units in dB) 


2. Handheld Adaptive Arrays 


2.1 Introduction 

The popularity of the wireless bands has led to 
communication traffic increases that often limit 
system performance due to interference. Handheld 
radios with adaptive antennas can _ reject 
interference, and thus improve communication link 
quality and increase system capacity. However, 
little research in this area has been reported for 
commercial communications. In 1988, Vaughan 
[3] concluded that adaptive beamforming could be 
implemented for units moving at pedestrian speeds. 
Lian [4] considered the possibility of using 
handheld adaptive antennas in mobile satellite 
networks. In 1999, Braun, et al. [5] reported on 
indoor experiments in which data were recorded 


using a stationary narrowband transmitter and a 
two-element handheld receiving antenna array. In 
[5], data recorded over different paths were treated 
as desired and interfering signals, and _ the 
uncorrupted desired signal, unavailable in practice, 
was used as a reference signal for optimum 
beamforming. While these experiments do not 
correspond to actual operating conditions, 
interference rejection of 24 dB in the single- 
interferer case and 16 dB in the two-interferer case 
was reported in two handset configurations. 

The Smart Antenna Group at Virginia Tech 
has performed an extensive investigation of 
adaptive beamforming using compact antenna 
arrays on a handheld radio platform. The 
investigation uses small four-element antenna 
arrays mounted on a receiver that could be carried 
like a mobile phone. Experiments show that a high 
degree of interference rejection is_ possible, 
indicating that in a system using handheld radios 
equipped with adaptive arrays, more than one user 
can share a frequency channel during the same 
time slot. This can be accomplished through a 
spatial-division multiple access (SDMA) scheme or 
a combination of SDMA and code division 
multiple access (CDMA). Capacity improvement 
allows a commercial mobile communication 
system to support more users than a conventional 
system using the same limited frequency spectrum, 
resulting in increased revenues. The interference 
rejection capability of handheld adaptive arrays 
also provides protection against jamming in 
military scenarios. 


2.2 Experiment Description 

The adaptive beamforming measurement 
campaign consists of over 250 experiments in 
rural, suburban, and urban channels with two 
mutually interfering transmitters. Performance of 
single-polarized and multi-polarized four-element 
compact arrays 1s measured in outdoor peer-to-peer 
(distances of 25-50 m, line-of-sight and non line- 
of-sight) and microcellular (distances of up to 0.6 
km, mostly non line-of-sight) scenarios. Figure 2 
shows the testbed system in a typical experimental 
scenario. In each measurement, two fixed 
transmitters transmit approximately equal-level 
continuous wave (CW) signals offset by 1 kHz at 
approximately 2.05 GHz. In some experiments the 
receiver is alternately connected to five small 4- 
element array configurations and is moved along a 
2.8 m track to provide consistent results. In other 
measurements an operator carries the receiver and 
antenna array next to his head to represent a 
realistic operational scenario. A direct conversion 
4-channel receiver is used that mixes the received 
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signals down to baseband. The data are recorded 
on two portable stereo digital audiotape recorders 
at 32,000 samples per second per channel, 16 bits 
per sample. A pulse is recorded at the beginning 
and end of each measurement to align the data for 
processing. 
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Figure 2. Overview of the Handheld Antenna 
Array Testbed (HAAT) 


2.3 Data Processing 

The data are processed with a computer using 
a miulti-target least-squares constant modulus 
algorithm (MT LSCMA). This beamforming 
algorithm uses a direct matrix inversion to 
calculate element weights for each block of 64 to 
320 samples. The reference signal for the matrix 
inversion is obtained by normalizing the complex 
beamformer output to a constant magnitude. The 
algorithm adaptively calculates and updates two 
weight vectors, one to optimize reception of each 
signal. Two iterations of the algorithm are run on 
each block, and each updated weight vector is 
applied to the data used to calculate that weight 
vector. A hard orthogonalization is performed for 
each block so the two weight vectors do not 
converge to the same solution. One weight vector 
captures the desired signal and the other captures 
the interfering signal, but sometimes the desired 
signal switches from one MT LSCMA beamformer 
output to the other. While a priori knowledge of 
the signals is not used in the beamforming, the two 
output signals are interchanged as necessary, using 
the signal frequency as a criterion, to keep the 
signal from a given transmitter on the same output 
port throughout each measurement. 

The processing software calculates signal-to- 
interference-plus-noise ratio (SINR) and signal-to- 
noise ratio (SNR) before and after beamforming for 
each signal and for each channel. An FFT is 
performed on each block of data samples. Signal 
power in 100 Hz bandwidth about each of the two 
received baseband signals (near 4 and 5 kHz 


respectively) and noise power in 100 Hz centered 
on 7 kHz are measured. The improvement in SINR 
at a given cumulative probability level after 
beamforming is denoted by ASINR. The 
theoretical mean output SNR of an ideal maximal- 
ratio diversity combiner in the absence of 
interference provides an upper bound estimate of 
the mean SINR after beamforming in the presence 
of interference. This estimate is calculated by 
summing the mean SNRs of the four channels. 


Figure 3. Rural Line-of-Sight Channel (Boley 
Fields in the Jefferson National Forest): view with 
transmitters in foreground, looking toward 
receiver. 


2.4 Experimental Results 

A typical experimental scenario is shown in 
Fig. 3. This site is classified as rural, line-of-sight. 
The controlled experiments with a receiver that 
was Stationary or moving at a uniform speed on a 
linear positioner showed that mean SINR for the 
desired signal could be improved from about 0 dB 
before beamforming to 30 to 50 dB after MT- 
LSCMA beamforming. Fig. 4 shows mean SINR 
results for measurements at the site in Fig. 3. In 
addition to the 30-50 dB imrovement in mean 
SINR, similar improvements in SINR were seen at 
cumulative probabilities of 0.1% to 10%. SINR of 
25-40 dB was measured in urban and suburban 
line-of-sight and non line-of-sight peer-to-peer 
scenarios. In multipath channels, these 
performance levels were achieved even when there 
was no separation between the transmitters in 
azimuth angle as seen from the receiver, and no 
difference in the orientations of the two 
transmitting antennas. For the experiments in 
which the receiver was hand-carried at walking 
speeds, the mean SINR improvement in the 
outdoor suburban line-of-sight peer-to-peer 
scenario was approximately 37-41 dB, and the 
mean SINR after beamforming was 21-27 dB in 
the suburban, mostly non line-of-sight microcell 
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scenario. The lower SINR in the microcell 
scenario is partly due to the low SNR caused by 
attenuation of the signal over the longer 
propagation path. In the multipath channels 
measured, a dual- or multi-polarized antenna array 
generally provides no more than a 3 dB advantage 
over a co-polarized array, indicating that in these 
channels polarization flexibility can be helpful but 
is not critical. 
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Figure 4. Results of interference rejection 
measurements in rural line-of-sight environment 
shown in Fig. 3: mean SINR after adaptive 
beamforming plotted as a function of azimuth 
angle separation between transmitters 
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Abstract—Large-signal nonlinear two-port device measurements are described using a calibrated, vector- 
measurement system. The unique measurement system architecture allows meaningful measurement of high-power 
RF transistors biased in nonlinear modes of operation such as class B. Measurement results are discussed along 
with their relevance to the RF power amplifier design process. 


Introduction 

Computer-aided design using nonlinear models of 
high-power RF devices has slowly begun to replace 
empirical cut-and-try methods in wireless 
infrastructure power amplifier design. Empirical cut- 
and-try methods are time-consuming and require an 
experienced touch. If adequate device models exist, 
nonlinear circuit simulations can save numerous 
design iterations. Unfortunately, many existing 
devices will never have a nonlinear large-signal model. 
Without an adequate device model, information a 
designer wants or needs may not be directly available. 
Using a device at bias conditions or frequencies not 
listed on the data sheet can be a daunting task even for 
the most experienced designer. This paper presents a 
vector-measurement system well suited for large-signal 
nonlinear device measurement. The sample 
measurements using this system can be used to obtain 
two-port S-parameters or load-pull information on 
potentially unstable high power devices. Large-signal 
scattering parameter measurements applicable to RF 
power amplifier design are discussed. 


Measurement System 

The Reflect-Thru-Line (RTL) measurement system 
uses four sampling receivers to obtain two-port vector 
error-corrected measurements. The unique one-way 
measurement architecture provides measurements of 
device reflection [I and transmission 7 along with the 
load reflection I’, [1][2]. Using these measurements a 
two-port device under test (DUT) can be completely 
described without switching the source and load ports, 
thus allowing measurement of two-port devices for 


which superposition does not hold. This system is 
capable of making large-signal, nonlinear, two-port 
measurements. A device operating in class-B mode 
can be meaningfully measured with this system. The 
signal and measurement paths are separate. High drive 
levels can be used while maintaining isolation of the 
sensitive measurement receivers from _ potentially 
unstable devices and high-power transients. One 
possible realization of this measurement system is 
illustrated in Fig. la. The load presented to the DUT 
can be varied. The error correction model associated 
with the system is shown in Fig. 1b. Error correction 
is similar to the familiar Thru-Reflect-Line (TRL) 
calibration except that a test signal is not applied from 
the second port. The calibrated reference plane is at 
the fixture edges aligned to the DUT package. Non- 
ideal effects such as the dc bias network, decoupling 
capacitors, and non-50 (2 reference impedance are 
accounted for in the calibration. The system is 
calibrated using a reflect, thru, and line standard along 
with three independent (unknown) terminations. As in 
the Thru-Reflect-Line calibration process, the line 
provides the reference impedance standard of the 
system. The calibration standards are readily 
constructed using microstrip 


Figure la. Realization of the RTL measurement system. 
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Signal flow diagram of RTL error 
correction model. 


Figure 1b. 


methods. The system may also be power calibrated for 
measurements requiring multiple input levels. The 
measurement system architecture and _ calibration 
procedure provide a high degree of accuracy in a robust 
measurement environment. For measurement of 
potentially unstable high power RF devices it is 
desirable to include the dc bias network as part of the 
DUT fixture rather than using external bias tees, 
particularly since high-current bias tees are not readily 
available. Incorporating the bias networks on the 
measurement fixture affords greater control over 
oscillations and provides an effective means of 
delivering a dc bias to the DUT. Using the RTL 
calibration provides the reference plane at the edge of 
the fixture where the transistor is to be mounted with 
all the fixture and dc bias parasitics embedded in the 
error correction coefficients. 

The measurement system provides scattering 
parameters I’, 7, and I’, versus drive level which are 
sufficient to describe any two-port network—linear or 
nonlinear. The system shown in Fig. 1a also allows for 
vector measurement of harmonics on both the input 
and output of the DUT, a capability that may be useful 
for some applications. 


Large-Signal Design 

S-parameter design techniques have not been 
widely employed by RF power amplifier designers. A 
primary reason is the difficulty of making S-parameter 
measurements on potentially unstable devices capable 
of damaging laboratory equipment. It has been 
common for designers to use S-parameters for designs 
operating up to the 1 dB gain compression point [3][4]. 
Advances in high frequency measurement technology 
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offer additional insight into the performance of 
amplifier circuits, but S-parameters still provide a 
theoretical design and analysis framework which 
encompasses important information difficult to obtain 
through other methods. S-parameter data provides a 
good starting point for a prototype design outside of the 
manufacturer-recommended operating bias and 
frequency specifications. _ When used wisely, S- 
parameter device data can provide insight into device 
operation and circuit design without the need for 
complex lumped element models. Small-signal S- 
parameters for high-power RF devices can provide 
stability circle information across a broad frequency 
range. For typical field-effect transistors, a potentially 
unstable device is more likely to begin oscillation with 
a small-signal input, than when driven by a large- 
signal input. A small-signal stability check may 
indicate that the design will be potentially unstable. 

For class A amplifier design the device is 
operating in a large-signal linear mode. Care must be 
taken when using S-parameters for large-signal design 
to ensure the parameters are measured under thermal 
conditions similar to the final design. 

The calibrated RTL measurement system measures 
the input reflection I’, transmission 7, and load I’z, at 
the reference plane as a function of input power and 
frequency. For small-signal measurements the input 
power is fixed at a low level to ensure that the device is 
in a “linear” region of operation. Measurements are 
made across a range of frequencies as the input power 
is fixed. The device is measured with two independent 
loads ['y; and ['z2. Using the measured values a 
system of four equations can be written 


$01 + $20%, bn = Te 
Sich SioTel Ex = ee 


(1a) 


where x = 1,2 for both loads. Solving the system of 
four equations for the four unknown S-parameters 
results in the following set of equations. 
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For a linear device the change in load will not affect 
the two-port S-parameters as the device performance is 


not a function of the load. A good check to determine 
if the S-parameters are being measured in a linear 
operation region would be to make several 
measurements with different loads to see if the 
resultant S-parameters showed variation with [’;. 
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Figure 2. MRF275G S-parameters for class AB 


operation (one side of push-pull device). 


Often, a potentially unstable device may begin to 
oscillate as the input signal is swept in frequency. The 
independent loads can be chosen such that the device is 
stable during the measurement process. Proper 
selection of I, and input drive level can ensure that 
the device is still within a linear region of operation. 

A device in class-B mode of operation can be 
considered linear at the fundamental measurement 
frequency even though it is a nonlinear device for 
which superposition does not hold. The device should 
be biased for maximum gain flatness up to the Pigg 
compression point to ensure the device is operating as 
linearly as possible. The RTL measurement system 
can readily obtain a meaningful set of two-port S- 
parameters for a class-B (or AB) biased device. These 
S-parameters can be used in design of class-B 
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amplifiers similar to the class A linear design 
techniques. S-parameters obtained using the RTL 
measurement system have been published for several 
high power RF devices operating in both class-A and 
class-B modes [5]. Sample data for the high-gain 
broadband MRF275G operating in class-B mode on 
one side of the device is shown in Fig. 2. The data 
sheet gives performance data for 225, 400, and 
500 MHz. The device is potentially unstable at several 
frequencies between 40 to 500 MHz since |so2| > 1 
and there are terminations I's and I, for which the 
device will oscillate. For applications outside the data 
sheet frequencies a designer could use the S-parameter 
data to synthesize input and output networks for one 
side of the device and then mirror the networks to 
obtain the proper balanced impedances [6]. 


Beyond Large-Signal 

Traditional large-signal S-parameters are 
dependent on the source and load terminations under 
the assumption that the system is nonlinear and power- 
dependent [7]. One author has written that traditional 
large-signal S-parameter techniques are “a brutal 
attempt to force nonlinear circuits to obey linear circuit 
theory [8].” Large-signal S-parameters were more an 
attempt to force linear measurement systems to work 
with nonlinear devices. A nonlinear measurement 
system is capable of varying the drive level and the 
load terminations making it possible to push the DUT 
well into the nonlinear mode of operation beyond the 
limitations of traditional large-signal S-parameters. 
The RTL measurement system is capable of measuring 
I and 7 as functions of input power drive level a; for 
any arbitrary load ',. Power incident on the device is 
given by 


Pincident = Ja,| (2) 
Power output by the device is 
Pout = Jay7|° (3) 


at the drive frequency. From the measured output 
power and the measured load reflection the power 
delivered to the load is computed 


(4) 


The incident power and the measured reflection 
provide the power input to the DUT 


Py, = |ayr|?(1 — |T x’) 


Pin = |ay|?(1 — |’) (5) 


From these measurements the transducer and power 
gain can be computed 


Gr = Py/Pacident Gp = Pr/ Pin (6) 
The input level a; is the forward traveling input rms 
power wave at the measurement reference plane. 
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These measurements are sufficient to provide load-pull 
contours as shown in Fig. 3. The x points denote 
actual I’, values for which (2) through (5) were 
measured. The Gp contours were computed from the 
data points using (6) and a contouring algorithm [9]. 
Gain contours Gp 2 11 dB close to the edge of the 
Smith chart are not closed because the device is 
unstable for low impedance load terminations. Device 
self-heating effects, evident for several data points as 
variations in the contours, provide a truer indication of 
potential performance under actual operating 
conditions. Coupled with the known input I’, the 
load-pull data provides a good starting point for design 
and allows optimal source and load terminations to be 
empirically determined. As with large-signal 
S-parameters, load-pull source and load terminations 
are power-dependent. 

Researchers have developed a method of distilling 
the nonlinear device performance into a compact 
representation that removes the load dependency from 
the device performance parameters, making it possible 
to express S-parameters as a function of input power, a 
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first step towards nonlinear S-parameters [10]. A 
nonlinear S-parameter theory would extend familiar 
S-parameter design equations for use in the design of 
nonlinear circuits. 


Conclusion 

Measurements are described using a calibrated, 
vector-measurement system for large-signal, nonlinear 
devices. The measurement system has been used to 
obtain two-port S-parameter data which have been 
published as_ specification sheets for several 
commercially available RF power transistors. The 
application of large-signal measurements to the design 
process was discussed. The ability to measure 
nonlinear devices under large-signal conditions is a 
powerful exploratory tool capable of providing the 
design engineer with useful design information. 
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Abstract 


Some important frequency properties of the reverse biased thick silicon PIN-diode has been studied using computer 
simulation based on different mathematical and physical models. There is the comparison between theoretical and 


experimental results. 
1. Introduction. 


There is a strong interest in the high-power microwave 
semiconductor control devices. They are very attractive 
for different applications in various microwave systems 
such as high-power radars, wireless power 
transmission, and etc. [1]. The PIN-diodes are still 
remain the main solid-state components of the high- 
power microwave and RF control devices. silicon and 
gallium arsenide PIN-diodes are preferred over the 
others semiconductor components due to their higher 
power-handling capability. Forward biased PIN-diode 
exhibits low impedance; reverse biased one exhibits 
high impedance, and provides good bandwidth 
performance. 


Although silicon PIN-diodes are widely used in 
different control devices about forty years [2,3], there 
are many unclear spots, for example, in the reverse-bias 
state, when the diode has, in addition to the large RF or 
microwave voltage, a DC reverse bias voltage applied 
to it. This DC voltage is necessary to prevent any 
detection effects and, therefore, to reduce the harmonic 
distortions produced by PIN-diode, especially in RF or 
microwave high-power regime [4...7]. It is very 
important to define correctly the required reverse bias 
DC voltage. The only attempt to calculate this value is 
presented in [6]. 


This paper presents computer simulation results of the 
reverse biased thick silicon PIN-diode in RF and 
microwave high-power mode. The required DC bias 
voltage computed by using of different mathematical 
and physical models of PIN-diode is compared with the 
experimental results. 


2. PIN-diode switch. 


A simple circuit of a shunt-type PIN-diode microwave 
or RF switch is shown in Fig.1. PIN-diode shunts the 
transmissions line with the characteristic impedance Z, 
and matched load. DC part of the switch is isolated 
from the microwave part by the decoupling choke Lge. 
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Impulse generator serves to produce the DC current for 
the forward biasing of the diode. PIN-diode is in low 
impedance state in this case and main part of the input 
microwave power P;, is reflected and a good isolation is 
achieved. The other state of the diode, realizing with 
the DC reverse bias voltage, is high impedance state. In 
this case the PIN-diode provides low insertion loss and 
output power P,,, slightly differs from the input power. 
The DC voltage generator provides reverse bias 
voltage, reducing harmonic distortion in the PIN-diode 
and decreasing switch insertion loss. It is very 


important to define correctly the value of reverse bias 
DC voltage required for PIN-diode operating especially 
under the high RF or microwave power conditions. 


C R 


Fig.1 PIN-diode switch circuit 


3. Computer simulation models 
3.1 Impedance model 


The first model used in this paper for computer 
simulation was the impedance multilayer model of a 
PIN-diode [7-9]. This model bases on the notion that 
I-region of diode below punchthrough consists of non- 
depleted and depleted regions (Fig.2). The depleted 
region width W, and capacitance C; of a reverse-biased 
PIN-diode are defined using the expressions: 


WoW opsallt Ue/Uy. (1) 


CSG ae Oe, (2) 
2 ay, 
eee oN 
ES 
Cs = : 9 
jo Ki 


Wio — depleted region width of non-biased diode, U, - 
built-in potential, Ug — DC reverse bias voltage, e — 
single charge, N — I-layer doping level, € — silicon 
dielectric permittivity. The value of depleted region 
resistance R; was assumed to be about 1 MOhm. 


where, 


pt 
ai 
W 
Wi 
nt 
Fig.2 Multilayres model of PIN-diode 
Ry 
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ie 
Geta Vv 
k 
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Fig.3 Equivalent circuit of a PIN-diode. 


The non-undepleted region capacitance C; and 


resistance R; are: 
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R, = p(w-w,)/s, (4) 
p =1/(euN), 


p - I-layer bulk resistance, W — I-layer width, p - carrier 
mobility. 


where, 


The equivalent circuit of the diode according to this 
model is shown in Fig.3. There are also parasitic 
elements such as inductance L, contact or passive 
regions resistance R, and package capacitance C, (in 
case of packaged PIN-diode). 


This model also takes into account the transit time 
effect. It leads to the reduction of the voltage across the 
depleted region Uj in 1/F(0;) times. Here F(@;) is the 
empirical function of the non-zero carrier transit time 
threw depleted region. This one depends on diode 
geometry, semiconductor material properties, RF or 
microwave input power and applied DC reverse bias 
voltage. 


When diode is under DC zero or reverse bias voltage 
R,>>R,. Therefore, DC voltage across PIN-diode is 
applied directly to the depleted region (to p’-n 
junction). Applied AC voltage is divided between two 
regions in I-layer according to the properties of 
frequency dependent impedance divider formed by 
depleted and non-depleted regions. It was assumed that 
p -n junction begins to produce harmonic distortions 
when total voltage across the undepleted region exceeds 
the threshold voltage U;, eg. We assumed this value to be 
about 0.1...0.2 V. 


Finally, using this model we can estimate required 
reverse bias DC voltage Up min as [9]: 


R._ 1+j20fC,R,|- 
ae 

R, 1+ j2fC;R; 
where, f — operating frequency, U — RF or microwave 
amplitude across the diode. Taking into account the 
expressions (1) and (2) one can see that the equation (5) 
is the nonlinear equation for Up min: Uo min = ®(Uo min) 
and it requires to be solved iteratively. 


Upmin =UXF(O,)X =UEO) 


3.2 One-dimensional drift-diffusion model 


The computer program [10] based on the one- 
dimensional isothermal drift-diffusion model of a 
semiconductor structure was used for computer 
simulation. Fig.4 shows the circuit configuration used 


in these simulations. The load resistance Z, and the 
series resistance Zc are equal to the transmission line 
characteristic impedance of 50 Q. 

Input data to the program are the geometry of the 
semiconductor and contact regions, the doping profile 
of the PIN-diode and the values’of lumped-elements 
forming the circuit. The waveforms of diode voltage 
V(t) and current I,(t) are computed with an input signal 
V(t) at fixed frequency and amplitude and fixed value 
of the DC reverse bias voltage. The program solved the 
continuity equations for electrons and holes, the 
Poisson equation and the total current equation. To 
approximate the stationary state of the diode several 
tens of the input signal cycles were used. The 
computation of the nonlinear distortion factor Kg, was 
carried out using an additional program of Fourier 
analyses. The value of the nonlinear distortion factor 
was defined as: 


K — i=2 


dist iim : 


where, U, - first harmonic amplitude and U3...Ujo - higher 
harmonics amplitudes. 


Zo 
U(H=U_sinwt | nN 
ly | 
Y Z1=Ze 
U, PIN | 


Fig.4 PIN-diode analysis circuit 


The nonlinear distortion factor Kgi,, provided the low 
level of harmonic distortions, was chosen about 10*. In 
both models (U; ep = 0.1...0.2 V and Kgig = 10%) it 
provides DC current generated by PIN-diode about 
several microampere. 


4. Computer simulation results 


The computer simulation was made in a wide range of 
frequency and RF amplitude for silicon PIN-diode with 
p’-n-n’ structure. The 150 pm diode used in simulation 
had a cross-section of 3.14x107 cm’, an I-layer doping 
level of 5x10'* cm®, and electron and hole lifetimes of 
10° s. The diode doping profile was assumed to be 
abrupt with acceptor p* and donor n‘ concentrations of 
5x10? cm? and 10” cm”, respectively. 
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Figure 5 compares the measured [11] and computed 
minimum required reverse bias DC voltage Up using 
different models (we also used for calculation the 
expression from [6]). All models provide a quite good 
general agreement between the models and 
experimental results. Model [6] takes into account only 
the transit time effects, the impedance model in 
addition to transit time effect considers the field 
distribution inside the I-layer between depleted and 
non-depleted regions. 


In all frequency range for the reverse-biased PIN-diode 
R; >> Ri, therefore DC reverse bias voltage across diode 
is applied directly to p*-n junction (depleted region). 
The AC input signal is divided between depleted and 
undepleted regions according to frequency properties of 
the ratio of their impedances Z; and Z;. 


In low frequencies Z; = Rj and Z, = Rj. It leads to the 
same distribution of AC voltage across the diode. Main 
part of this one is applied to the depleted region. So to 
prevent any detection effects it is necessary to apply 
DC reverse bias voltage Up min =~ U, where U - is 
amplitude of AC voltage applied across PIN-diode. 


In very high frequencies Z; ~ 1/wC; and Z; = 1/wC;. For 
the thick PIN-diode W, << W, therefore Cj >>C;. So, 
the main part of AC voltage is applied to the undepleted 
region. So to prevent any detection effects it is possible 
to apply DC reverse bias voltage Up min << U. 


Uo/Um Um =50V 


using 
_ expression [6] 


' 


impedance ' 


model Nei 


measured 
A 
A 
A 


drift-diffusion 
model 


1 10 100 
f, MHz 


Fig.5 Computed and experimental results 
There is the transferring area between these positions 


(see Fig.5). The transition effect is highly pronounce 
only in high-frequency area and it leads to the further 


decrease of the AC voltage applied across the depleted 
region. Finally, with the further frequency increase this 
effect provides the full absence of any detection effects 
in PIN-diode. Equation (5) reflects all these situations. 
In all cases PIN-diode is closed. 


The more exact results provide by one-dimensional 
isothermal drift-diffusion model of the semiconductor 
device (see Fig.5). This model includes wide range of 
effects in semiconductor: avalanche breakdown and 
nonlinear phenomena connected with high doping and 
high-level injection: carrier lifetime lowering and 
bandgap narrowing in emitter regions, Auger 
recombination and electron-hole scattering. On the 
other hands it leads to a problem with computational 
time. For the fast prediction of the required reverse bias 
voltage the impedance model is preferable, because it 
allows having a fast computation of it with enough 
accuracy. 


5. Conclusion. 


A reverse bias state of the powerful silicon PIN-diode 
was under experimental and computer consideration. 
Several models including one-dimensional model were 
used to analyze the physics of PIN-diode. It is 
necessary to take into account the field distribution 
inside the I-layer to estimate the required reverse bias 
voltage. On the other hand it is very important to 
prolong computer simulation based on two-dimensional 
drift-diffusion model [12]. 
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Abstract 


Gallium nitride-based HEMTs 
have been studied in a microwave and RF 
control application under high power 
levels. A theoretical model is presented 
showing an increase in the microwave 
resistance occurs at power levels greater 
than +20 dBm due to operation near the 
current saturation region. This 
phenomenon is primarily due to the field- 
dependent mobility in the two dimensional 
electron gas and is verified with on-wafer 
experimental data. 


Introduction 


Gallium nitride (GaN) technology is 
currently being used in a variety of high 
power and voltage applications including 
microwave amplifiers and other circuit 
structures [1-4]. The large breakdown 
voltage exhibited by GaN also makes the 
creation of high power FET-type 
microwave and RF control circuits another 
possible application. Recent studies have 
shown control circuit switch cutoff 
frequencies as high as 400 GHz using 
current technology, with higher cutoff 
frequencies available as the technology 
advances. 
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As the RF power is increased on 
many semiconductor control devices, the 
microwave and RF resistance typically 
changes. If the resistance increases as is 
commonly the case, increased insertion loss 
in series connected devices and reduced 
isolation in shunt connected circuits can 
occur. These changes in control circuit 
parameters dramatically affect the 
operation of the circuit if not well 
understood. This paper reports on a study 
performed to further understanding of the 
resistance increase in AlGaN/GaN HEMT 
microwave and RF control structures with 
applied power. A mathematical description 
of the phenomenon is advanced to model 
this critical resistance-power relationship. 
The proposed model is validated with 
experimental data. 


Theoretical Discussion 


A three-section model 2DEG 
channel has been developed as an extension 
to acurrent small signal model [5-7] to 
explain the resistance-power level 
dependence of GaN-based control devices 
(Figure 1). The three-section model has 
two sections that are not influenced by the 
applied gate bias voltage (Rx, and Rag), but 
are influenced by the applied microwave 
signal. The third section models the region 
directly under the gate (R.,) and displays 
behavior that is dependent on both the gate 


bias and applied microwave signal 
amplitude. 


Source 


Drain Gate 


Figure 1. Cross-section of a GaN-based control 
component showing the three-section 2DEG 
resistance model. 


These three resistances are functions of the 
2DEG density, channel mobility and device 
geometry and make up the total on-state 
resistance of the control device: 


Row = ne a Ri, aE Ri, ’ (1) 


where the channel resistance is given by 


L 1 


A ae re eff | s ) eff ‘ 
W qu, Vis xn (V,,OVis) 


and the parasitic source-gate and drain- 
gate resistances are given by 


ae (Leo cag) ay )l2 
sg (dg) W 
1 


x 
eff | se (dg) ) eff 
qi, (dg) Vis xn, siti (Oa®) 


The 2DEG layer is divided into these 
sections because the gate bias circuit 
(modeled by the term 4, the ratio of 
Vse/Vas) allows capacitive coupling of the 
microwave signal at the drain onto the 
gate, causing the operating point to be 
frequency dependent as in GaAs MESFET 


R 
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control devices. The 2DEG density in the 
channel is influenced by this frequency- 
dependent field and shows a slight increase 
with increasing power level: 


n 
eff = 5g (dg) 8) 
ns goa ' yi /y; ] 
af Oeny hee 
where 
1 Ve Varo 
n, ,V,.5V4,) = 2, H! | 


and the other symbols have their usual 
meanings. The parameter y; in Eqn. 2 is in 
the range of 2 to 3 and mx is 2x10'* cm’. 
Under high power conditions, the electric 
field in the 2DEG pushes the electrons in 
this region out of their low field regime, 
with a subsequent decrease in mobility with 
increasing electric field. This phenomenon 
is modeled by a simple field-dependent 
mobility given by: 


Ly 
Lay, (3) 


1 ie sg ,ch,dg) 


Bea 


crit (sg,g,dg) 


eff = 
Hss.e.de) — 


where [Uj is the low field mobility and the 
voltages and lengths are for their relevant 
section in the model. In all three regions of 
the model, high electric fields will cause a 
decrease in the overall channel mobility 
that is larger than the increase in 2DEG 
density. These factors combine to yield an 
overall resistance (Ron) increase with 
increasing microwave power. Figures 2 
and 3 illustrate the results of simulations 
using the model and show the degree of 
resistance variation with power level in the 
range from —5 dBm to +20 dBm. Plotted 
are the shunt connected device isolation 
and series connected device insertion loss 
versus applied power. For both switch 
types, there is degradation in control 
device performance based on this 
phenomenon. 


,, Solation (dB) microwave resistance was noted. Over the 


range of approximately +5 to +20 dBm, a 
20% increase in microwave resistance was 
observed. This phenomenon is shown in 
Figure 4 where the measured microwave 
resistance is plotted versus power level at 
0.5, 1.0 and 2.0 GHz. Also shown in this 
figure are simulation results based on the 


2 7 previously discussed model. The 
-20 -10 10) 10 20 30 . 
Input Power (dBm) agreement between the experimental and 
theoretical results shows the increased 
Figure 2. Isolation variation with frequency and amount of time the microwave signal is in 


power level in shunt- connected AlGaN/GaN 


the devices current saturation region, and 
HEMT microwave control devices. 


thereby validates the modeling approach. 


R on /R-5 dBm 


' Insertion Loss (dB) 13 


1 L Se a i ae we 
Se rage a ae ee aes 
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Figure 3. Insertion loss variation with frequency Figure 4. Measured resistance of AlGaN/GaN 
and power level in AlGaN/GaN HEMT microwave HEMT control devices as a function of frequency 
control devices. and power level, normalized to the low power (-5 
dBm) value. 


Experimental Results 
Discussion and Conclusion 


On-wafer measurements, using a 


Cascade Microtech Probe Station, were This paper has provided insight into 
performed on shunt-connected the mechanism governing the high 
AlGaN/GaN test devices over the frequency resistance behavior of GaN- 
frequency range 0.5 to 7.0 GHz using an based RF and microwave control devices. 
HP-8510B Vector Network Analyzer, with | A complex interaction between the 2DEG 
power levels ranging from—5 to +20 dBm. __ electron gas density and field-dependent 
The applied gate voltage on these devices mobility combine to cause this resistance to 
was +2.0 volts. For power levels below increase with increasing power level. This 
approximately +5 dBm, the microwave resistance increase can be up to 30% at the 
resistance in the test devices was observed one watt (+30 dBm) level. The degree of 
to be nearly constant. Above this power circuit performance degradation depends 
level, however, a significant increase in on the application. For example, a control 
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element that exhibits a 5Q on-state 
resistance has a series insertion loss of 0.42 
dB. A 30% increase in resistance will 
correspond to a modest 0.1 dB increase in 
insertion loss. In an attenuator application, 
however, the degradation is more 
noticable. A 6 dB series attenuator will 
have its attenuation increase more than 1 
dB with a 30% increase in resistance 
caused by increasing power levels. 
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Abstract 


This paper presents a mathematical solution and computer method to design the tuning 


bandwidth and tuning linearity of VCO. By this solution, optimum design for both of these 


specifications can be achieved at once. In addition, a design example for 550MHz~600MHz 


VCO is given for reference. 


1. Introduction 


Voltage Control Oscillator (VCO) is the 
essential component of Phase Locked Loop 
(PLL) in the modern communication system, 
besides phase noise, tuning bandwidth and 
tuning linearity are all key specifications of 
VCO. Unfortunately, limited by the available 
capacitance range of tuning  varactor, 
sometimes, it is difficult to make tuning 
bandwidth and linearity meet the requirement 
of specifications. 

The purpose of this paper is to find the 
design method of tuning bandwidth in 
consideration of tuning linearity. Based on 
circuit analysis, the mathematical solution of 
tuning bandwidth for VCO is 


furthermore, combining the solution with 


derived, 


computer method, optimum design for both 
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tuning bandwidth and linearity can be 


achieved at the same time. 


2. Mathematical Solution 


Mathematical solution is used to design 
the tuning bandwidth. Consider the VCO 
circuit in Fig. l,and define the following 


parameters: 


Fig. 1 : VCO circuit (depending on design, 
sometimes C,, C,can be omitted) 


Cy = tuning capacitance of varactor, 
tuning rangeof C,={a,a,} 

E = inductor 

CC, = capacitors, combined with 
transistor to generate negative 
resistance [1] 

Cs = series capacitor 

Cp = parallel capacitor 

F(inHz)= frequency of VCO; desired 


tuning range of frequency NO ly cies: 
By Circuit analysis, the mathematical 


solution can be found as 


(a) Choice of varactor: [Varactor 


Criterion] 


the criterion of varactor tuning range 


{ a,,a, } can be found as 


ar_ Wi? 
— i 
ar We ) 
where W,= 2-7 Fi (2) 
Wy= 2-1: F2 (3) 
(b) Choice of L: [Inductance Criterion] 
select a value of L in the range 
l l 1 1 l 
pai ; CS 
We WP? a2— ai ee G me Wi? —We 
(4) 
(c) Choice of C, : 
then the solution of Cy can be found as 
(iat a2 01 
—d2r.(ai+a2)+Vd02-d2+4did2a1ar 
CSS a ee) 


2-(d2—di) 
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(ii) if d,=d, 


Cx =co = short (6) 
1 
h b,= 7 
where ea (7) 
—— (8) 
a hey 
d, = b,- b, (9) 
d; = a)-a, (10) 
(d) Choice of C, and Cp: 
Let pit api nk (11) 
Gis Cx 
Cie@ 
= 12 
Cas re 
(i) its ov —-C then 
a (13) 
Caay 
Cp= 0 = no fit = open (14) 


(ii) if y>C, and C, =very large 
capacitance only for DC blocking 
Cs >> C, (15) 
then Cp = y-C, (16) 


3. Computer Method 


Combining mathematical solution and 
computer method, optimum design for tuning 
bandwidth and linearity can be achieved at 
once. 

(a) Consider all 
inductance in (4) 

(b) By (5)-(16), find the associated design for 
Cy, Cy and Cp for every value of L . 

(c) Use LMS(least mean square) to find the 


the available value of 


optimum L with the minimum RMS(root 


mean square) frequency error(F’;z,). 


N 
Free = >, Feee(i)? (17) 
i=l 
Feer(t) = Fosc) -F spec(t) (18) 
Where 
Fosc(i) actual oscillation frequency of 


VCO according to the design value (at point i) 
F spec) 
specification(at point 1) 

1 


oscillation frequency of VCO 


Fosc(t) we TCG) (19) 
ipa Cr(i)- Cx 
lO Cy aCe oo 


and N points linearity is considered as below: 


4. Design Example 


Consider C1 = C2 = 10pf and the circuit 
topology in Fig.1,if the tuning range of VCO 
specification is SSOMHz ~600MHz.and we 
have a tuning varactor with capacitance 
S5pt~7 pt: 

(a) Can we use this varactor to achieve our 
design ? 

(b) What is the range of L ? 

(c) If we select L = 15nH, then what is the 
value:of GyeC, and:C,? 
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(d) If tuning linearity is considered at the 
following three points 


1.8V 


F (Frequency in Hz) 550M |575M |600M 


Cy (Tuning Capacitance)|7.0p 4. Ryo 


oO 
Oo 


then what is the optimum L and the associated 


design ? 

KEY: 

(a) ~=2>1.19= Wat 
ai We 


this varactor is suitable for our design . 
(b) the range of L is 
3.8n < L <62n 
(c) if L =15n 
by (5)-(16) , the value of Cy, C; and C, 


can be found as 


Cy=5.2p 
C; =5.4p 
Cp = no fit 


(d) Find frequency error of all the available L 
in the range : 3.8n < L <62n, the results 


are listed below: 


Optimum L =22nH ,and the associated design 


is 


Cy = 3.627 p 
C; = 1.978p 
Cp = no fit 


5. Summary 


(1)Varactor ( C,) with suitable range { a,,a, } 
can be found by checking the "varacter 
criterion". 

(2)Suitable size of inductance ( L ) can be 


found by checking the "inductance 


criterion". 
(3)Design value of Cy, Cs; and Cp can be 
found by design equation. 


(4)Optimum design for both tuning 
bandwidth and tuning linearity can be 
achieved by combining the mathematical 


solution and computer method. 


6. Reference 


[1] SMITH,JACKR: Modern Communication 


Circuits ,McGraw-Hill ,inc,1986, Chap. 7 
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Abstract—A new pinched-off cold-FET method to 
extract the parasitic capacitances of MESFET’s and 
HEMT’s is proposed. The extrinsic gate and drain 
capacitances, C,, and C,,, are extracted based on a 
physically meaningful depletion-layer model and a 
linear regression technique. The extraction method 
can be applied to obtain the small-signal equivalent 
circuit parameters for the MESFET’s and HEMT’s. 
The simulated S parameters based on the new 
analytical method exhibit great agreement with the 
measured S parameters from 0.5 to 20 GHz. 


I. INTRODUCTION 


The fast and accurate extraction method of the 
extrinsic parameters is important for 
determination of the small-signal equivalent circuit 
model and evaluation of microwave performance for 
advanced MESFET’s [1] and HEMT’s [2]. The cold- 
FET, also known as zero-drain-biased, method was 
investigated in various approaches to extract the 
parasitic parameters, such as the resistance, inductance, 
and capacitance ([3]-[7]. Particularly, parasitic 
capacitances were widely obtained by the pinched-off 
cold-FET methods [4], [7], in which the gate was 
biased to turn FET’s off. The conventional pinched-off 
cold-FET methods use identical capacitors to model the 
depletion layer under the gate. The parasitic gate and 
drain capacitances, C,, and C,,, can be evaluated from 


extremely 


the low-frequency Y parameters of the devices. In the 
Dambrine’s model [4], two identical capacitors are used 
to describe the depletion-layer extension under the gate. 
The C,4, extracted by this model, however, are 
overestimated [7]. An improved model proposed by 
White et al. uses three identical capacitors to depict the 
depletion-layer extension under the pinched-off cold- 
FET bias condition [7]. The model, however, can not 
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exactly describe the physical 
distribution. 

In this paper, a new pinched-off cold-FET method to 
extract the parasitic capacitances, C,, and C,4, is 
proposed to solve the problems with the conventinal 


models for the MESFET’s and HEMT’s. 


depletion-layer 


II. EQUIVALENT CIRCUIT EVALUATION 


Fig. 1(a) shows the equivalent circuit proposed by 
Dambrine et al. [4] for the pinched-off cold FET’s. The 
parasitic gate and drain capacitances, C,, and Cy, are 
associated with the gate and drain pads, respectively. 
The problem with the model is that two capacitors, C,, 
can not fully describe the depletion layer capacitance 
under the gate. 

The equivalent circuit of White’s model, as shown in 
Fig. 1(b), is based on the assumption that the depletion- 
layer capacitor associated with gate is identical to those 
associated with source and drain. The assumption, 
however, is not realistic because that the physical 
geometry of the gate is not identical to those of the 
source and drain and the voltage bias of the gate is not 
the same as those of the source and drain under the 
pinched-off cold-FET bias condition. 

The reason why the identical capacitors are needed 
to describe the depletion-layer extension in the 
conventional methods is because that the three low- 
frequency Y-parameter expressions, Im(%},), 
Im(Y}2)=Im(Y2;), and Im(Y22), can only solve three 
capacitance variables, that is, C,,, C,g, and C; [4], [7]. 
There is no way to have more different depletion-layer 
capacitors, other than C;, be solved in the conventional 
methods. 

Fig. 1(c) shows the equivalent circuit adopted in this 
work for the pinched-off cold FET’s. The two identical 


S. I. GaAs 
(c) 


Fig. 1: (a) Equivalent circuit of a FET for the 
Dambrine’s model, (b) equivalent circuit of a FET for 
the White’s model, and (c) equivalent circuit of a FET 
for our model. 


capacitors labeled by C, are used to express the 
symmetrical nature of the gate-to-source and gate-to- 
drain geometry and biases. The capacitor C, is used to 


describe the drain-to-source depletion-layer capacitance. 


The equivalent circuit effectively realizes the physical 
structure of FET’s. 
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III. PARAMETER EXTRACTION 


The intrinsic capacitances of the device biased at a 
pinched-off cold-FET condition can be expressed by 
the following Y parameters: 


Yintt1 = J@(2C;) (1) 
Yinti2 = Yin = —J@C, (2) 
Yint2 = Jjw(C, + C,) (3) 


The intrinsic Y parameters are transformed to Z 
parameters and then combined with the extrinsic 
resistances, R,, Ra, and R,, and the extrinsic source 
inductance, L,. We have 


a SiC Coltonlen 99% Hae (4) 
OPC 
Z17 =Z>, a see +R, + joL, (5) 
MC Gey 
a2; 


LZ = +R, +R, + Jol, (6) 


@(C,” +2C,C,) 

After considering the C,, and C,q, the analytical Y- 
parameter equations for the pinched-off cold FET’s are 
derived as follows: 


aS eS : 
. Jw A, + jw B,, + jac, 
Via = jC pg rm i = 11 
w °F, +@°G,, +1 
‘A w'D,,+@°E,, 
w*F,,+w’G,, +1 


(7) 


aks ae : 
Fey eee Aj + JW By + jOC2 
12 Se vaee | ed 4 2 
O° Fi, + @° Gi +1 
i wD, +@7E,> 
w*F,, +@’G, +1 


(8) 


jw Ay + JO By, + JOC 


Y,. = Jwe 7 + 
€ “a ie eewicenes 


. w* D5, + W E>, 
w* Fy, + WG +1 


(9) 


where Aj, Bj, Ci, Dj, Ej, Fj, and G; (i, j = i 2 are the 
constants related with device parameters. We obtain C), 
= 2Cy, Ci2 = -Cy, and Cy. = C;+C,. It should be noted 
that the extrinsic gate inductance (L,) and drain 
inductance (L,) are not taken into account in (7)-(9). 
Fig. 2 shows the measured Y parameters without L, 
and Ly. The Y parameters are obtained from the 
measured S parameters exclusive of L, and Ly. The 
extrinsic inductances are extracted by forward cold- 
FET measurement [4]. The frequency response of the 


= |Im(Y ,,)|-without Lg and Ld 
Vv |Im(Y ,)|-without Lg and Ld 
© |Im(Y,,)|-without Lg and Ld 


Frequency (GHz) 


Fig.2. Imaginary part of measured Y parameters 
without L, and Ly. 


@ Im(Y,,)/o-Measurement 

@ = |Im(Y ,,)/o-Measurement 

4 = Im(Y,,)/o-Measurement 
—— In°(Y ,,)/o-Regression 


08 ~~~ -|Im(Y,,)|/o-Regression 
teeeee Im(Y,,)/o-Regression 


Im(¥ Vo (pf) 


0.4 MARARAAAAAAADAADAAAAAADAAA AAAS AAA A 
A i A te 


0.0 
0 5 10 15 20 
Frequency (GHz) 
Fig. 3. | Frequency response of Im(Yij)/@. The linear 


regression lines are associated with the measured 
Im(Yij)/@. 


imaginary part of the measured Y parameters without L, 
and L, is nearly linear. The slight deviation from the 
linear relation is due to the nonlinear terms. The 
measured Y-parameter frequency response is in 
agreement with the derived expressions, (7)-(9). 

As the frequency approaches zero, (7)-(9) become as 
follows: 


Im(%1) _ 

capes. Ce +2Gs ae 

Im(¥j2) _ Im(%)) _ ee (11) 
a) (6) 

Im(Y} ) = Coa ae C, ie C. (i2) 
(6) 
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v Measurement 
Regression 


Im(Y,,)/o=Cpd+C 


Im(Y ,)/o=Cpgt+C 


Im(Y,,V/o (pf) 


( slope=d[Im(Y ,,)/o]/d[Im(Y, )/o]=m 


0.44 0.46 0.48 


Im(Y,,)/@ (pf) 


Fig. 4. Im(Y22)/@ versus Im(Yj;)/@. The linear 
regression line is associated with the measurement 
characteristics of Im(Y2)/w versus Im(Y};)/@. 


Fig. 3 shows the frequency response of the Im(¥jj)/w 
(i, j} = 1, 2) which is resulted from the measured Y 
parameters. Using the linear regression technique, the 
values of the intercept points at a zero frequency 
obtained from the regression lines associated with the 
measurement data yield the constant terms in (10)-(12). 

An expression of Im(Y22)/@ versus Im(Y;;)/@ can be 
derived from (7) and (9) as the frequency approaches 
infinity. We have 


Im(Y,)/@ _ Cpa +C 


(13) 
Im(¥,)/@ Cy.+C 


where C = A,)/Fy; = A22/F 2. 

The slope of the regression line based on a linear 
regression on the measurement characteristics of 
Im(Y¥22)/@ versus Im(Yj;)/@, as shown in Fig. 4, 
determines the constant term in (13) at an infinite 
frequency. 

Four analytical equations, (10)-(13), in conjunction 
with the four linear regression lines can solve the Cp, 
Cra, Cp, and C, simultaneously. 

The new extraction method for C,, and C,, can be 
applied to obtain the small-signal equivalent circuit 
model for the MESFET’s and HEMT’s. The element 
values of the small-signal equivalent circuit model [4] 
for a 0.7-umx1.5-mm GaAs MESFET biased at a drain 
voltage of 2 V and a gate voltage of —1.3 V are 
extracted as follows: L, = 86.698 pH, Lag = 95.195 pH, 
we 7 ed OUD DEC = 00D) pr .C,. — 
PA68 pr, Co7— 0.128 pF, Cy,— 0.176 pF, R, = 0.36 S2, 


90° 
120° 60° 
ee S201 Pi 330 
Me neta a am Po 
? io . # Pall 
: ~ S$12x5 ' 
180° ~ “i per sw 
$22 ‘cil ee aa 
, * in 
-0.2j ‘ -5j 
* Sil ‘ 
0.5; : Bere) 


Fig.5. Measured (indicated by symbols) and 
simulated (indicated by lines) S parameters. 


R,= 0.50 Q, R, = 0.48 Q, R; = 0.845 Q, Ra, = 39.625 Q2, 
2m = 170 mS, and T= 1.957 ps. As shown in the Smith 
chart of Fig. 5, the simulated S parameters based on the 
extracted parameters of the small-signal equivalent 
circuit exhibit great agreement with the measured S 
parameters from 0.5 to 20 GHz. The new analytical 
method demonstrates accurate results for the small- 
signal equivalent circuit modeling. 


IV. CONCLUTION 


A novel analytical method is presented to extract the 
parasitic capacitances, C,, and C,,4, according to the Y- 
parameter frequency response. The frequency-response 
equations are derived based on the depletion-layer 
distribution with physical meaning. The intercept-point 
and slope data of the regression lines for the 
measurement data are utilized for parameter extraction. 
The method solves the problems with the conventional 
models and provides an accurate technique for the 
extraction of the small-signal equivalent circuit 
parameters of MESFET’s and HEMT’s. 
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Abstract — This paper reports the experimental evaluation of a 0.24-um 
CMOS technology for the implementation of Bluetooth power amplifiers. 
From load-pull measurement, a 0.24-um NMOSFET of 2,000-um gate width 
can deliver 23-dBm output power with 45% drain efficiency for 2.5 V 


operation at 2.4 GHz. 


The cut-off frequency fr and maximum oscillation 


frequency fax are 25 GHz and 11 GHz, respectively. The measured drain- 
source breakdown voltage Vaso is 5.4 V. The maximum output power 
requirement of Bluetooth transmitters can be achieved by the 0.24-um CMOS 


power transistor. 


I. INTRODUCTION 


Bluetooth, an emerging _ short-range 
wireless application at the unlicensed 2.4 GHz 
ISM band [1], has drawn lots of attention 
recently because of huge potential demands. 
In addition to replacing many proprietary 
cables, Bluetooth technology also provides a 
universal bridge to the existing data networks, 
a peripheral interface, and a mechanism to 
form small private ad hoc groupings of 
connected devices away from fixed network 
infrastructures. However, one of the key 
requirements for Bluetooth technology to 
prevail is the supply of low cost and compact 
transceivers. 


CMOS technology leverages the existing 
digital VLSI technology and benefits from 


mixed-signal IC development. Through 
scaling to reduce the channel length, CMOS 
transistors continue to improve their fr and 
minimum noise figure, Fmin. Due to these 
advances, many RF transceiver building 
blocks, such as low noise amplifiers [2, 3] and 
mixers [4, 5], have been demonstrated with 
the commercially available deep sub-micron 
CMOS technology. However, for RF power 
amplifier implementation, more device 
characteristics other than high fr and low Fmin 
need to be considered. Linearity, efficiency, 
and power handling capability are also major 
concerns of the power _ transistor 
characteristics. In addition to DC and high 
frequency S-parameter measurement, load- 
pull measurement is used to investigate the 
power performance of a 0.24-um CMOS 
technology. 
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Although the low drain-source breakdown 
voltage limits deep sub-micron CMOS 
technology in high power applications, 
Bluetooth technology requires only 20 dBm 
for maximum transmission power. The 
transmission power requirement of Bluetooth 
specifications facilitates the low voltage 
operation and relieves the low breakdown 
voltage of the deep sub-micron CMOS 
devices. In addition, the constant envelope 
GFSK modulation scheme of the Bluetooth 
standard relaxes the linearity requirements and 
allows the power transistors to be driven in 
nonlinear regime for efficient operation. This 
work experimentally verifies that the 0.24-um 
CMOS technology can be a viable option for 
Bluetooth power amplifier implementation. 


Il. TECHNOLOGY 


The 0.24-um p-substrate twin-well CMOS 
technology is similar to most commercial 
digital deep sub-micron CMOS technology. 
The sheet resistance of the Si substrate is 
around 10 {2-cm. There are five layers of 
metal for flexible interconnection. The gate 
poly is salicided to reduce the gate resistance 
and transistor noise. In addition to the gate 
poly, the second poly layer is available for the 
implementation of poly-oxide-poly capacitors. 
The total gate width of the NMOS power 
transistor under investigation is 2,000 um 
(40x50um), 40 gate fingers and 50-um width 
for each gate finger. The gate length of all 
gate fingers is 0.24 um. 


il. RESULTS 


The I-V characteristics of the NMOS 
power transistor from DC measurement is 
shown in Fig. 1. The gate voltage V,, sweeps 
from 0.4 V to 1 V with 0.1 V steps. No 
significant current crush effects, as often 
described in III-V devices, are observed due to 
the superior thermal conductivity of the 
silicon substrate. For Vg, = 2.5 V and V,, = 


0.9 V, the transconductance (gm) is 139 
mS/mm. The measured _ drain-source 
breakdown voltage Vas. is 5.4 V. 


sen NE 
—— ld (Vg=0.4) 
—#— Id (Vg=0.5) 
—— Id (Vg=0.6) 
—O Id (Vg=0.7) 
—+— Id (Vg=0.8) 
—*— Id (Vg=0.9) 
—O— Id (V9=1.0) 


0.08 


Vds (V) 


Figure 1. The DC I-V characteristics of the 40x50um 
NMOSFET. 


The high frequency S-parameter data is 
measured at Vg, = 2.5 V_and V5, — 1) Vee hie 
probe pad effects are de-embedded by use of 
the open test structure. The current gain and 
maximum available gain (Gmax) are shown in 
Fig. 2. The fr and fna, are 25 GHz and Il 
GHz, respectively. 


10° 


Frequency (Hz) 


Figure 2. The frequency response of current gain and 
maximum available gain of the NMOS power transistor 
biased at V4, = 2.5 V and V,, = 1V. 


It is not unusual to observe higher f7 than 
Jmax for a CMOS power transistor because the 
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fr and fmax of a MOS transistor are related as 


g ) gd 


where Ry, is the gate resistance and Cyq is the 
gate-drain capacitance [6]. Since both R, and 
Cgq are proportional to the single gate width of 
a MOSFET, the fing, of a large MOSFET could 
be lower than its fr. 


Figure 3. The load contour of constant output power 
for the 12-dBm input power. The load of the maximum 
output power is at 0.72 2 176° on the Smith chart and 
the measured output power is 21.8 dBm. 


Load-pull measurement is used to evaluate 
the power capability of the 40xS0um 
NMOSFET at 2.4 GHz. The load contour of 
constant output power for the 12-dBm input 
power is shown in Fig. 3. The device is 
biased at Va, — 2.5 V and V,,= 1 V. The 
source impedance is conjugate-matched to the 
device input impedance. The measured 
maximum output power is 21.8 dBm with the 
load at 0.72 Z 176° on the Smith chart. As the 
load impedance is tuned for maximum output 
power, the measured output power, power 
added efficiency (PAE), and power gain with 
respect to input power are shown in Fig. 4. 
When the input power is 14 dBm, the 
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NMOSFET can deliver 23-dBm output power 
with 39% PAE. As the class-B bias condition, 
Vds = 2.5 V and Vgs = 0.55 V, is applied to 
the device, the output power drops to 21 dBm, 
but the PAE rises to 42% as expected. For 
low voltage operation, the Vg, can be 
decreased to 2 V. At Vg, =2 V and Va0=V, 
the measured output power and PAE are 22 
dBm and 42% respectively. The low voltage 
operation presents higher power gain than the 
class-B operation for the NMOS _ power 
transistor. In general, class-B operation 
delivers the highest efficiency of these three 
operation modes, but the low voltage 
operation can also achieve about the same 
efficiency when the transistor is driven by 
high input power. The output power, power 
gain, and PAE at the 1-dB and 3-dB 
compression points under these three bias 
conditions are shown in Table 1. 


25 pee (a SS SS SS 0 
f Output Power | 


Output Power (dBm) & Power Gain (dB) 
(%)aWd 


Input Power (dBm) 


Figure 4. The measured output power, power gain, and 
PAE of the 40x50um NMOSFET with respect to input 
power as the device is biased at Vg, = 2.5 V and V,, = 1 
V. The load-pull measurement is tuned for maximum 
output power at 2.4 GHz. 


IV. CONCLUSIONS 


A 0.24-um CMOS technology is evaluated 
for Bluetooth power application. The 0.24-um 
NMOS power transistor of 40x50um gate 
width can deliver 23-dBm output power with 


39% PAE at 2.4 GHz. The f7 and fina, of the 
power device are 25 GHz and 11 GHz, 
respectively. From the DC I-V, S-parameter, 
and load-pull measurement results, the authors 
demonstrate the feasibility of the 0.24-um 
CMOS technology for the Bluetooth power 
amplifier implementation. 
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@ 1-dB 
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Table 1. The 1-dB and 3-dB compression output power (Pout), power gain, and PAE for different bias conditions. 
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We report on the design and characterization of CPW feedthroughs in multi-layer thin-film MCM-D. Using 3-D 
simulations, it is shown that, for analysis purposes, the vertical metal wall, can be replaced with a thin (5 um) metal 
layer with only a small impact on the actual performance. This equivalent structure can be more easily fabricated 
as the thin metal layer on the top is directly available in the multi-layer technology. This allows for a faster design 
and characterization of the feedthrough. The transmission line properties (characteristic impedance and 
propagation constant) of the intrinsic feedthrough are extracted based on the measurement of two equivalent lines 
with different length. Measurements indicate that a low-loss (<0.4 dB), well matched feedthrough (return loss below 
—25 dB) can be realized up to at least 50 GHz (feedtroughlength of 500 um). 


1 Introduction 


- The multilayer thin-film multi-chip module techno- 
logy (MCM-D) offers a very high reproducibility of 
very small dimensions and is therefore promising for 
the low-cost integration of RF and microwave circuits. 
IMEC’s MCM-D technology (Figure 1) consists of al- 
ternating thin layers of photosensitive benzo-cyclobute- 
ne (BCB) dielectric (Cyclotene™ from Dow) and low 
loss copper metallisations deposited on a borosilicate 
glass carrier substrate (€, = 6.2, tan 8 = 5.10%). BCB has 
very low dielectric losses (tan 5 = 5.10%), a low dielec- 
tric constant (€, = 2.65) and a low moisture absorption. 
Various types of high frequency integrated passives 
(spiral inductors, TaN-resistors, Ta,Os-capacitors, ... ) 
can be integrated [1, 2]. Integrating these passives 
directly on the low cost MCM-substrate gives a size 
and cost reduction and increases the packaging density. 


Ni/Au component layer 

2 um TiVCu top metal 

3 um TVCu/Ti metal 

1 um top A/ contact metal 

1 um bottom A/ contact metal 
TaN resistor 


5 um BCB dielectric 
5 um BCB dielectric 
Ta, O, capacitor layer 


Ta capacitor material 


700 um Glass substrate 


of IMEC’s MCM-D 


Layer build-up 


Figure 1: 
technology 


The technology is highly suited for the Sytem-on-a- 
package (SOP) approach, schematically represented in 
Figure 2. The SOP-approach assumes that it is not 
possible to integrate complete front-ends on a single 
chip as there will always be some subblocks that are 
difficult to realize (e.g. filters, high-Q spirals, ...). This 
approach has the advantage that the most optimal 
technology (performance/cost) can be used to create 
each subblock. The passives are as much as possible 
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integrated in the low-cost MCM-substrate, hereby 
reducing the cost of the active chips. 

Such an approach requires that a complete passive 
design-library is available, to allow for an easy co- 
design between the active and the passive elements. 
This has recently been presented in [2, 3]. Additional 
passive building blocks, such as e.g. quadrature 
couplers have been presented in [4], while some 
modules have been demonstrated in [5, 6] 

When different circuits are integrated in close proxi- 
mity on the MCM, it may be necessary to provide some 
shielding, e.g. to prevent radiative coupling between the 
receiver and the transmitter. It may also be required to 
protect the circuit from the external environment. This 
is accomplished by putting a metal box on top of the 
circuit. To connect the inside to the outside world, a 
specially designed, impedance controlled, low-loss 
feedthrough is required. This paper describes how this 
component can be accurately designed and modelled. 


Metal Hood Integrated 


passive e.g.a 
Spiral inductor 


Bonded 
CHP \ 


Flipped 


Substrate 


CPWline Feedthrough 


CPWline Feedthrough 


Figure 2: System on a package (SOP) concept 


2 Equivalent Structure 


A detailed view of the feedthrough structure is 
given in Figure 3: it consists of a CPW input and output 
line, that passes under a vertical metal wall. 

The length of this wall can vary according to the 


thickness of the walls of the metal box (typical value 
500 um). Also given is the equivalent structure, where 
the metal wall is replaced by a thin (e.g. 5 um) metal 
layer. As this thin metal layer is directly available in the 
multi-layer MCM-D process, the structure can be more 
easily fabricated, measured and analyzed. This allows 
for a faster design and characterization of the feed- 
through. The simulated S-parameters (using HP HFSS) 
for the metal-wall and the metal-strip case (feeding 
lines 250m on the middle metal layer w=77 um, 
s=20 um; feedthrough: 15 um wide and 500 um long) 
are depicted in Figure 4. Replacing the metal-wall by a 
thin metal strip only slightly influences the simulated S- 
parameters. 


Figure 3: Layout of the feedthrough with a vertical 
metal wall (left) and the equivalent structure where the 
metal wall is replaced by a thin metal strip (right) 
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freq, GHz 


Figure 4: Simulated (using HP HFSS) return loss (top) 
and insertion loss (bottom) for a feedthrough on the 
bottom metal layer (width 15 um, length 500 um), 
together with 250 um CPW feeding lines on the middle 
metal layer. (0) metal strip case, (V) metal wall case. 


3 Feedthrough Design 


The feedthrough can be accurately designed and 
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modelled by considering the following sections: 

e aCPW input and output line 

e the intrinsic feedthrough can be regarded as a 
microstrip-line: the top-metal is only located 5 to 
10 um above the center strip (depending on the 
selected metallayer) while the CPW groundplane is 
located more than 20 um away. 

e a step-in-width beween the CPW feeding line and 
the CPW input section 

e a possible via transition from the feeding line 
(middle CPW layer) to the intrinsic feedthrough 
(bottom metal layer) 

e the discontinuity at the CPW to microstrip 
transition. 

The parameters of the CPW line, the via-transition 
and the step-in-width are readily available in the design 
library [2]. The parameters of the microstrip line are 
accurately predicted using an in-house developped 
quasi-TEM_ program. This program accurately 
calculates the RLCG-matrix of a multi-conductor trans- 
mission line in a multi-layered substrate [1]. The 
thickness of the metal is also properly accounted for. 

The performance of the feedthrough can be very 
well predicted by only considering the transmission line 
sections while the discontinuities are neglected. This is 
depicted in Figure 5 where the results are compared 
between the full 3-D simulation and the simulation 
where only the transmission line sections are taken into 
account. The return loss and insertion loss are very well 
predicted. 


dB(S11_HFSS) 
dB(Stt_tines} 


dB (S21_HFSS) 
dB(SZ1_tines) 


Q 5 10 15 20 25 30 


freq, GHz 


Figure 5: 3-D simulations (-o-) versus transmission 
line model (- V-). An excellent correspondence can be 
observed. 


Predicting the performance of an actual feedthrough 
is not straightforward due to BCB-planarization effects: 
the surface profile of the BCB is not perfecly flat as is 
assumed by the electromagnetic simulators. This can be 


seen in Figure 6, where the surface profile of a standard 
16 um CPW line on the middle metal level is depicted 
(the ground-to-ground spacing is 117 um). This effect 
makes it difficult to predict the exact distance between 
the intrinsic feedthrough (middle or bottom metal layer) 
and the ground-plane (located on the top metal-layer). 
This distance, however, has a direct impact on the cha- 
racteristic impedance of the feedthrough. The effect of 
the BCB-planarization is less pronounced when the 
feedthrough is realized on the bottom metal-layer. This 
layer is also more suited to implement the feedthrough, 
as a 50 Q-line can be realized with more reasonable 
dimensions (width of about 15 um). 

The realization of the feedthrough on the middle 
metal layer will result in a 50 Q microstripline with 
very small dimensions (and therefore increased losses). 
If an intrinsic feedthrough with more relaxed dimen- 
sions is realized, its characteristic impedance will be 
low (about 30 Q). The intrinsic feedthrough then needs 
to be compensated with a high impedance line (incor- 
porated in a low-pass filter structure) which results in 
extra losses and a more narrowband realization. 


Figure 6: WNon-ideal planarisation of the BCB: 
measured surface profile of a 16 Lum wide transmission 
line on the middle metal level. The ground-to-ground 
distance is 117 tum. Units are in micron. 


Figure 7: Picture of a feedthrough (intrinsic length of 
230 um) realized on the bottom metal layer. One can 
observe the transition from the middle metal layer to 
the bottom metal layer and a taper on the bottom layer. 


4 Measurement and Characterization 


Based on the previous considerations, we have 
fabricated and measured 2 feedthroughs on the bottom 
metal layer. One feedthrough has an intrinsic length of 
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230 pm, the other has an intrinsic length of 2030um. A 
picture of the shortest feedthrough is given in Figure 7. 
One clearly observes the transition from the main 
(middle) CPW layer to the bottom metal layer and the 
tapered line on the bottom layer. 
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Figure 8: Extracted characteristic impedance, &y and 
losses (AB/mm) for a feedthrough on the bottom metal 
layer. w=15 um, ground-to-ground spacing=117 um 


Based on these measurements, it is possible to 
extract the transmission line properties of the intrinsic 
feedthrough using [7]. This method directly extracts the 
characteristic impedance and propagation constant 
while the influence of the discontinuity at the edges of 
the feedthrough (e.g. an extra capacitance to ground 
where the line goes underneath the overlaying ground- 
plane) are removed. The results are given in Figure 8. 
The characteristic impedance is about 50 Q (the dip 
near 36 GHz is due to quarter wavelength resonance 
which make the extraction method become less stable 
[8]) and the intrinsic feedthrough shows a loss of about 
-0.7 dB/mm @ 50 GHz. 

The measurements of the 2030 um long feedthrough 
are given in Figure 9. We have obtained a return loss 
better than —25 dB up to 50 GHz. This long feedthrough 
shows about 1.5 dB insertion loss @ 50 GHz. This 
corresponds to an insertion loss of about 0.4 dB @ 50 


GHz for a typical feedthrough (length of about 500 
um). 
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Figure 9: Measured return loss (left) and insertion loss 
(right) for a 2030 um long feedthrough realized on the 
bottom metal layer. 


It is believed that even better insertion loss results 
will be obtained when a 5um TaN-resistorcollar, 
surrounding the metalstrips on the bottom metallayer, 
will be removed. These results will be included in the 
revised manuscript. 


5 Conclusions 


In this paper, we have reported on the design, 
characterization and modelling of CPW feedthroughs 
implemented in a multi-layer thin-film MCM-D 
technology. Using 3-D simulations, we have shown that 
the vertical wall may be replaced by a thin metal layer 
without significant impact on the performance of the 
feedthrough. This equivalent structure is more easily 
realized and allows for a faster development of the 
feedthrough. The transmission line parameters of the 
intrinsic feedthrough can be extracted based on the 
measurement of two structures with different length. It 
is shown that the discontinuities and the CPW-to- 
microstrip transition only have a small impact on the S- 
parameters such that a good approximation of the 
feedthroughs behaviour can be obtained by a cascade of 
3 transmission line sections. Measured results have 
been presented which indicate that a low loss, well 
matched feedthrough can be realized up to at least 50 
GHz (insertion loss below -0.4 dB and return loss 
below -25 dB for a typical length of 500 um). 
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Abstract 


According to the improvement of out-of-passband characteristics for microwave filters, a method for creating 
multiple attenuation poles is proposed by a tapped bandpass filter (BPF) based on the combination of basic 


resonators. 


In this paper, we present new BPFs on the basis of the combination of three types of basic resonators. As 
a result, multiple attenuation poles are easily obtained by the tapped BPF. 
This study lead us to the conclusion that the tapped BPF based on our concept is very useful for improving 


out-of-passband characteristics. 


1. Introduction 


With the spread of microwave and millimeter-wave 
filters to the wireless communication equipment, 
good performances such as low insertion loss, sharp 
skirt characteristics and low spurious responses 
have strongly demanded. 


Generally, the improvement of out-of-passband 
characteristics has been realized based on a filter 
made of multi-stage resonators or a filter with at- 
tenuation poles. A flexible arrangement of the at- 
tenuation pole is very useful for improving out-of- 
passband characteristics. Various methods for cre- 
ating attenuation poles have been proposed on the 
basis of a dual-mode filter and an elliptic function 
filter. The principles by using these conventional 
filters, however, are too complex to be widely em- 
ployed. 


In this paper, we first describe basic properties 
of three types of tapped resonators. Second, the 
transmission characteristics of the tapped bandpass 
filters(BPFs) are examined theoretically based on 
the combination of open-ended, short-ended and 
quarter-wavelength resonators. 


We confirmed that the number of attenuation 
pole frequencies could be easily controlled by the 
tapped BPF based on the combination of res- 
onators. The presented tapped BPI's based on 
our concept are valid for improving out-of-passband 
characteristics. 
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2. Basic property of tapped resonator 


The tapped resonator has been applied for vari- 
ous filter structures. The well known advantage of 
“tapping” includes controlling the value of exter- 
nal Q(Q,) by a tapping position. We discuss the 
properties of open-ended, short-ended and quarter- 
wavelength resonators as shown in Figs.1(a), (b) 
and (c), respectively. When we apply the tap- 
connection to open-ended resonator, it is consid- 
ered to be two shunt open-ended stubs, whereas 
the short-ended resonator makes two shunt short- 
ended stubs in the similar manner. Both open- 
ended and short-ended stubs can also be obtained 
by a quarter-wavelength resonator. The property 
of the stub resulted from the tapped resonator is 
the key point for creating attenuation poles[1]. 


We now describe the properties of each tapped 
resonator more in details. The resonance charac- 
teristics of the tapped open-ended resonator shown 
in Fig.1(a) and input reactance characteristics of 
open-ended stubs resulted from the resonator are 
shown in Figs. 2 and 3, respectively. The cal- 
culation is carried out using a commercial circuit 
simulator(Serenade Ver.8.0PC). In this case, each 
length of the open-ended resonator is /;=17.0mm 
and l2=12.0mm. The characteristic impedance of 
the resonator is Zp=50. The effective dielectric 
constant and inductances for input/output(I/O) el- 
ements are €erp = 6.6 and Ly; = Ly =0.01nH, 
respectively. 


(c) Tapped quarter-wavelength resonator 


Figure 1: Schematic circuits of tapped resonators 


As Fig.2 indicates, an attenuation pole appeared 
at each side of fo. In Fig.3, we can see that reac- 
tance zeros also appeared at each side of fo. These 
zeros agree closely with the attenuation pole fre- 
quencies shown in Fig.2. In this case, the condition 
for realizing attenuation poles is as follows, 


cot 0. (r= 12} (1) 


Figure 4 shows the resonance characteristics 
of both short-ended and quarter-wavelength res- 
onators shown in Figs.1(b)and (c). As shown in 
Fig. 4, one transmission zero appeared at the up- 
per side of fp in both cases. In the case of short- 
ended resonator, we choose /;=3.0mm, /2=26.0mm, 
Zp=50Q, eof ¢ = 6.6 and Ly1(=Lt2)=0.01nH. More- 
over, /;=3.0mm, /2=11.5mm, Z9=502 and eee = 
6.6 and L4,(=L2)=0.01nH are chosen as the pa- 
rameters for the quarter-wavelength resonator. 

The conditions for realizing attenuation poles 
based on the short-ended resonator can be ex- 
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Figure 2: Resonance characteristics of tapped open- 
ended resonator 


Xin(Q) 
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Figure 3: Input reactance characteristics of open- 
ended stubs resulted from tapped open-ended res- 
onator 


pressed by 
PNVEl Ree ig Wine Leo (2) 


In the case of the quarter-wavelength resonator, we 
have 


cotZl, = 0, (3) 
tanZlp = 0. (4) 


The attenuation poles could not be realized at the 
lower side of fo in both cases for the following rea- 
sons. When the tap-connection is applied to the 
short-ended resonator near the short-ended portion, 
the short-ended long stub and short-ended short 
stub are created. The reactance zero created by the 
short-ended long stub appeared at the upper side of 
fo. Similarly, another reactance zero is also created 
at the upper side apart from fp by the short-ended 
short stub. In the case of the quarter-wavelength 


|Sa |(dB) 


— Short-ended resonator 


Quarter-wavelength resonator 


1 2 3 
Frequency(GHz) 
Figure 4: Resonance characteristics of tapped 


short-ended and quarter-wavelength resonators 


resonator, on the other hand, the attenuation pole 
could not be obtained at the lower side of fo either 
for the same reason mentioned above. In a word, 
the attenuation pole could not be created at the 
lower side of fp by the open-ended stub less than 
the quarter-wavelength long. We found out that the 
attenuation pole could be easily provided by the 
tapped resonator because of the double functions 
of a resonator itself and shunt stub for creating the 
attenuation pole. 


3. Tapped BPF based on open-ended 
resonators 


Figure 5: Two-stage tapped BPF based on open- 
ended resonators 


Figure 5 shows a schematic circuit of a two-stage 
tapped BPF based on open-ended resonators. The 
filter is fabricated by two-stage resonators, tapped 
I/O and interstage tapped coupling. The length 
l14, and lz of the resonator 1 are set to 19.0 and 
10.0mm. Zp; of the resonatorl is set to 452. In 
this case, lj; and lg. of the resonator 2 are varied 
so as to move the attenuation pole frequency. Zo2 
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Figure 6: |Si,| and |S21| of tapped BPF shown in 
Fig.5 


of the resonator?2 is also varied so as to satisfy sym- 
metry of the circuit. Inductances Ly; and Ly for 
I/O elements are 2.5nH. The interstage capacitorC, 
is set to 1.15pF. Figure 6 shows the reflection coef- 
ficient |Sj,| and transmission coefficient |S2| of the 
BPF shown in Fig.5, we can see that two attenu- 
ation poles appeared at each side of the passband 
by the operation of four open-ended stubs resulted 
from tapped resonators based on our principle de- 
scribed in Section2. 


4. Tapped BPF based on combina- 
tion of open-ended and short-ended 
resonators 


Figure 7: Two-stage tapped BPF based on open- 
ended and short-ended resonators 


We propose the BPF based on the combination 
of open-ended and short-ended resonators. The 
schematic circuit of the two-stage tapped BPF 
based on the combination of open-ended and short- 
ended resonators is illustrated in Fig.7. The 
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Figure 8: |S;,| and |S2,| of tapped BPF shown in 
Fig.7 


length of resonator1 /,;;=19.0 and /,2=10.0mm, re- 
spectively. Zo, of the resonatorl is set to 402. 
Lis(=Lt2) and Cy are 2.5nH and 1.15pF, respec- 
tively. Figure 8 shows the |Sj,| and |S2:| of the 
BPF, we can see that one attenuation pole appeared 
at the lower side of the passband and two attenua- 
tion poles appeared at the upper side of the pass- 
band. The attenuation pole arranged at the lower 
side of the passband is provided by the operation 
of the open-ended stub(l,,), whereas the two at- 
tenuation poles arranged at the upper side of the 
passband are provided by the operation of the open- 
ended stub(/,2) and the short-ended stub(lo2). The 
attenuation pole of the short-ended stub(l2,) ap- 
peared at the upper side apart from the passband 
as well. 


5. Tapped BPF based on combi- 
nation of open-ended and quarter- 
wavelength resonators 


Resonatorl 


Input 


Figure 9: Two-stage tapped BPF based on open- 
ended and short-ended resonators 
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Figure 10: |S1,| and |S21| of tapped BPF shown in 
Fig.9 


Figure 9 shows the two-stage BPF based on the 
combination of open-ended and quarter-wavelength 
resonators by similar concept of Section 2. The 
length [,; and [2 of the resonator 1 are set to 19.0 
and 10.0mm, respectively. Zo, of the resonatorl 
is set to 509. In this case, lg; and lo2 of the res- 
onator 2 are varied. Zo of the resonator2 is also 
adjusted simultaneously. Ly;(=Lz2) and Cy are set 
to 2.5nH and 1.15pF, respectively. Figure 10 shows 
the |S1,| and |S2,| of the BPF. We see from Fig.10, 
we can see that one attenuation pole appeared at 
the lower side of the passband and two attenuation 
poles appeared at the upper side of the passband. 
As shown in Figs.6, 8 and 10, it is necessary to 
use two open-ended resonators instead of other res- 
onators for realizing attenuation poles arranged at 
the lower side of the passband. 


6. Conclusion 


The method for creating attenuation poles based on 
tapped BPF was proposed. We found out that the 
multiple attenuation poles could be easily obtained 
by the tapped BPF based on the combination of 
basic resonators, as expected. 

In the near future, applicability to new BPFs 
such as a loaded-element resonator BPF and a du- 
alband resonator BPF will also be examined under 
our concept on the basis of tapped-resonators. 
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Abstract 


In this paper, a well-known band-pass filter with two ring 
dielectric resonators is described in an MIC environment. 
This filter is designed using the general filter design 
technique and analyzed using the FDTD method. The 
with the 


designed result shows good agreements 


experimented and simulated ones. 


1. Introduction 

Dielectric resonators (DRs) with low loss, small size, and 
high permittivity are widely used as hybrid circuit 
elements in a microwave integrated circuit (MIC) 
environment because DRs have an advantage of a 
reduction in volume due to a high dielectric constant and 
a low insertion loss due to a low dielectric loss [1]. 
Band-pass filters utilizing DRs in MICs have been 
reported and the filter synthesis has been based on the 
low-pass prototype elements and a low-pass to band-pass 
mapping [2, 3]. 

The finite-difference time-domain (FDTD) method is 
largely used in electromagnetic computations. Since Yee 
introduced initially the numerical solution involving 
Maxwell’s equations [4], Bérenger presented a perfectly 
matched layer (PML) for solving unbounded electro- 
magnetic problems of free-space simulation [5] and 
Noriaki analyzed dielectric resonators with curved 
surfaces using the FDTD method [6]. In this paper, a 
well-known two ring dielectric resonators band-pass 
filter is designed using the general filter design technique 
and simulated using the FDTD method with PML. The 


experimental and simulated results are presented. 


2. Filter Design 

A general band-pass filter structure consists of two 
adjacent ring DRs and each DR couples to an input and 
output microstrip lines as shown in Fig. 1. The extended 
length of a microstrip line from a center of a ring DR is 


A, /4 in order to maximize the coupling between a ring 
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DR and a microstrip line. The outer and inner diameters 
and height of a ring DR are 3.6 mm, 1.3 mm, and 1.26 
mm, respectively. And the relative dielectric constant of 
the ring DRs is 23.8. The substrate has a dielectric 
constant €, of 2.5 and a thickness of 0.635 mm. 


Fig. 1. A band-pass filter with two ring DRs. 


The external Q, is determined as [7] 


§0& 
OF = = 
ae (1) 
OF =Saeet 
@ 


where QO 


in and Q, ,,, are the external quality factor at 


out 
the input and the output port, respectively. wis the 
fractional bandwidth. 


The coupling coefficient k,,,, between the i, and 
(i+1),, DR is given by 
(0) 
Ky i+ = (2) 
V 8i8ix1 
where g, (i=0,1,2,3,-- -) is the i, element value 


for a maximally flat low-pass filter prototype. 


Table 1. DR filter design parameters 


Prototype element values for a Butterworth filter with 


two 


and 


= 168 


out 


known as 


2 = 8, =1 
2, = 2, =1.4142 [8]. From (1) and (2), QO, in =Q. 


resonators are 


and K,,= 5.962x10° are obtained theoretically. 

To get these Q, and k,, ina ring DR filter in an MIC 
environment, the gap s, and the spacing s, have been 
adjusted experimentally. Fig. 2 shows the configuration 
to evaluate the external quality factor vs. the gap s, 


between a single ring DR and a microstrip line and the 


experimental results. 


Microstrip line 


input 


ring dielectric 
resonator 


substrate 


(a) Geometry 


External quality factor Q_) 


0.2 0.4 0.6 0.8 


Gap (s,) [mm] 


(b) Q, VS. 5, 
Fig. 2. Q, measurement. 
As shown in Fig. 2(a), the insertion loss for the TE,,; 
mode is similar to a band-stop filter. The TE,,; mode 
of a ring DR has the highest Q, among all resonant 


modes because its electromagnetic energy is mostly 


confined in and near a resonator. The TE,,; mode also 


operates like a magnetic mode with an efficient magnetic 
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coupling with a microstrip line. From this frequency 


response, the unloaded Q, and the maximum insertion 
loss LZ, are measured. The external quality factor Q, 
is obtained from Q,=Q,/k , where the coupling 
coefficient « between the ring DR and the microstrip 
line is known as x =10!7!° -1 [9]. 

In Fig. 3 (a), the frequency response usually shows two 
deeps. As varying the spacing s, at the given gap s,, 


the coupling coefficient k,, is calculated from (3) [10]. 


(3) 


where f, is a resonant frequency when a symmetry 
plane between two adjacent ring resonators is replaced 
by an electric wall (or a short circuit). f,, is a resonant 


frequency as a symmetry plane behaves as a magnetic 
wall (or an open circuit). 


Nee 


en 
no —~«_ 6 


Coupling coefficient (x,,) 


3 4 5 6 7 8 9 10 


Spacing (s,) [mm] 
(b) Kk, vs. s, 


Fig. 3. Coupling coefficient measurement. 


At the fixed s,, the spacing s, is chosen as the 
experimental xk,, value is close to the calculated one. 


The band-pass structure is designed at the gap s, and 


the spacing s,, as given in Table 2. 


Table 2. Parameters for a band-pass filter 


Center frequency 21.35 GHz 
Bandwidth 180 MHz 


Q, (cal./exp.) 168/165 
K, (cal./exp.) | 5.962x10°/5.848x107 


3. FDTD analysis 

In the FDTD modeling as shown in Fig. 4, a sinusoidal 
wave modulated by a Gaussian pulse is used as the 
excitation signal because this pulse can generate the 
mode to be desired in DRs. The excitation signal is 
applied as the £, component in the part of the cells 
under the microstrip line. And the source excitation plane 
is separated by 10 cells from the terminal of the 
microstrip line considering the reflected wave due to 


perfectly matched layers. (4) is applied to the E, 


component of the finite difference equation. As E” 


z,excite 
is a given excitation wave as shown in Fig. 4, the FDTD 


equation on the source plane at i,,, is as follows [11]. 


(Ds Ur IK) = EF) hiss Jk) 


+H iy #1 we kK) ee Cisiss I> k)] 


=e aie (igis > J tod i HH” (i,,.J,%)] 


tel ain (ij, ? ifs k) (4) 


where E" (i, j,k) = E(iAx, jAy,kAz,nAt) and H" (i, j,k) 
= H(iAx, jAy,kAz,nAt). Ax, Ay , and Az are the 


space increments in the x,y, and z_ direction, 


respectively. And At is the time increment. 

In modeling the curved surface of a ring DR, unit cell 
around the curved surface is divided into 10000 
different planes in order to improve accuracy. The 
electric field of the different planes is averaged and an 
effective dielectric constant for one cell is computed. 
The PML technique is applied for four sides as a 
boundless space except for the upper conductor for 
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tuning and the ground conductor of the dielectric 
substrate in Fig. 4. Once the FDTD simulation is 
performed, the voltage in frequency domain is obtained 
from the Fourier transform of the obtained data in time 
domain and the S-parameters are expressed as the 
following equations. 


EV Oi Me) 
FIV} Vin) 


Eien Ot A AU ee Poel p) 
EO TV) 


Sif) = (5) 


Sif) = (6) 


where 


Vi rep (FD 
reflection voltage at the reference plane of the input port 
and V, 


l,inc 


is the frequency response of the 


(/) is that of the incident voltage at the same 
plane. V,,,,,,(f) 1s the frequency response of the 


transmission voltage at the output port. 

In the FDTD modeling, the space increment is 
Ax = Ay =0.162373 mm. And Az is 0.14 mm in two 
DRs and air region and 0.15875 mm in the dielectric 
substrate. And the time increment At is 0.296124 ps. 
The total iteration steps are 2'°, and the total mesh 
dimension is 92X138x42. Also the new structure is 


simulated with the same parameters as the general one. 


perfect 


conductor 
tuning height 


ring OR 


microstrip line 


substrate tt csvexcite 


Fig. 4. Side view of a DR. 


4. Results 
The measured S,, and S,, of a band-pass DR filter 


are compared with the FDTD simulations as shown in 
Fig. 5 (a) and (b), respectively. 

The center frequency, the bandwidth, and the insertion 
loss are listed in Table 3. The center frequency of the 
filter with the experiment and simulation is well agreed 
with that designed. The insertion loss of the design is 
referred to the same length loss of a microstrip line as the 


filter length one. 


Table 3. Results of the DR filter 


Center freq.(GHz) | 21.35 21.41 211375 


180.0 185.2 188.0 


—— Measurement 
—— Simulation (FDTD) 


— Measurement 
—— Simulation (FDTD) 


21 216 22 22.5 23 Pees 
Frequency [GHz] 


(b) Sa, 
Fig. 5. Frequency responses of the DR filter. 


5. Conclusions 

A K-band DR band-pass filter with two ring DRs 
coupled to microstrip lines in an MIC environment has 
been designed from the general filter design method of a 
low-pass to band-pass mapping technique. The designed 
center frequency and 3 dB bandwith are well agreed with 
either experimental results or simulation ones. The 
insertion loss of the experimented one is about 3.5 dB 
and 2.5 dB higher than that of the design and the 
simulation, respectively. It is considered that the 
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couplings between a microstrip line and a ring DR and 
between a ring DR and a ring DR may cause a power 
loss. The general filter design method still works well for 
this coupled microstrip line band-pass filter with two 
ring DRs and the FDTD simulation is also nicely adapted. 


References 

[1] L. A. Trinogga, G. Kaizhou, and I.C. Hunter, 
Practical Microstrip Circuit Design, Ellis Horwood, 
Chap. 7, 1991. 

[2] T. D. Iveland, “Dielectric Resonator Filters for 
Application in Microwave Integrated Circuits, ” JEEE 
Trans. Microwave Theory Tech., vol. MTT-19, no.7, pp. 
643-652, July 1971. 

[3] Jwo-Shiun Sun and Yao-Liang Huang, “Design and 
Implementation of an X-band DR Bandpass Filter,” 
Microwave Journal, vol. 42, pp. 92-103, Nov. 1999. 

[4] K. S. Yee, “Numerical solution of initial boundary 
value problems involving maxwell’s equations in 
isotropic media,” JEEE Trans. Antennas Propagation, 
vol. AP-14, pp. 302-307, May 1966. 

[5] Jean-Pierre Bérenger, “A perfectly matched layer for 
the absorption of electromagnetic waves,” Journal of 
Computational Physics, vol.114, pp. 185-200, Oct. 1994. 
[6] Noriaki Kaneda, Bijan Houshmand, and Tatsuo Itoh, 
“FDTD analysis of dielectric resonators with curved 
surfaces,” JEEE Trans. Microwave Theory Tech., vol. 
MTT-45, pp. 1645-1649, Sept. 1997. 

[7] G.L. Matthaei, L. Young, and E. M. T. Jones, 
Microwave Filters, Impedance-Matching Networks, and 
Coupling Structures, Artech House, Inc., Washington, pp. 
427-434, 1980. 

[8] David M. Pozar, Microwave Engineering, John Wiley 
& Sons, Inc., New York, p. 449, 1998. 

[9] D. Kajfez and P. Guillon, Dielectric Resonators, 
Second Edition, Noble Publishing Corporation, Atlanta, 
pp. 473-480, 1998. 

[10] J.-S. Hong and M. J. Lancaster, “Couplings of 
Microstrip Square Open-Loop Resonators for Cross- 
Coupled Planar Microwave Filters,’ JEEE Trans. 
Microwave Theory Tech., vol. 44, no. 12, pp. 2099 -2109, 
Dec: 1996. 

[11] An Ping Zhao and Antti V. Raisénen, “Application 
of a simple and efficient source excitation technique to 
the FDTD analysis of waveguide and microstrip 
circuits,” JEEE Trans. Microwave Theory Tech., vol. 
MTT-44, pp. 1535-1539, Sept. 1996. 


0-7803-6267-5/00/$10.00 ©2000 IKEE. 


Aperture-Coupled Stacked Microstrip Antenna 
With Dual Polarization and Low Back-Radiation 
for X-Band SAR Applications 


F. Klefenz, A. Dreher 


German Aerospace Center (DLR), Institute of Communications and Navigation, 
Oberpfaffenhofen, 
D-82234 Wessling, Germany 
Phone: (+49) 8153 282398, Fax: (+49) 8153 281135 


E-mail: frank.klefenz@dlr.de, achim.dreher 


dir.de 


Abstract 


The design of a X-band single radiator for a wide-band dual polarized-aperture coupled stacked patch 
microstrip antenna is introduced. A bandwidth of 2 GHz with enhanced port decoupling, improved front 
to back ratio and high gain can be obtained by using thin substrates for the feeding network. Simulated 
and measured results of S-parameters and measured radiation patterns are presented. 


1. Introduction 


Microstrip antennas are well suited for 
Airborne synthetic aperture radar (SAR) 
applications. In case of very short radar pulses an 
antenna setup with large bandwidth and well- 
defined radiation characteristics over the used 
band is required. However, common microstrip 
antennas are suffering from limitations like narrow 
bandwidth and poor efficiency [1]-[4]. 

The aperture coupling technique leads to major 
improvements in the radiation properties, because 
the disturbing radiation of feedlines can be easily 
isolated from the patch radiation. A symmetric 
radiation pattern and a convenient impedance 
matching can be obtained by using a center fed 
slot configuration [5]. 

It has been shown in [2] that the poor 
bandwidth can be improved by coupling the 
resonant patch to the slot near its resonance. In 
this case, although the bandwidth is enhanced to a 
greater extent, this technique induces a quite high 
back-radiation level due to the proximity of the 
resonance of the slot that radiates on both sides of 
the ground plane. 

This problem was overcome in [3] by choosing 
the resonance of the slot as far as possible away 
from the operating band of the antenna. 
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The required bandwidth performance was 
improved by using a stacked patch setup. 

For dual polarization radiation, a square patch 
is coupled to a pair of microstrip lines through 
crossed slots located beneath the center of the 
patches which improves’ the radiation 
characteristics of the antenna [4]. A thin substrate 
(=0.01Ac¢¢) is placed between the microstrip lines 
to enhance the port decoupling with the lines 
terminated in series stub (=Acf/4) to match the 
antenna. 

In the present paper, the front-to-back ratio of 
radiation pattern has been further improved by 
including a shielding metallic screen at the 
backside of the antenna configuration. This 
antenna configuration prohibits back-radiation 
losses from the apertures and improves the 
electromagnetic compatibility with electronics 
underneath. 

The width of the dielectric substrate as well as 
the dimension of the patches and feed lines have 
been optimized for acceptable optimum return loss 
range using IE3D Version 7 from Zeland Software 
Inc. Experimental data are presented for a single 
patch in X-Band. 


2. Design and Results 


Radom 
Patch 
Rohacell 
Patch 
ULAM 


Crossed slots 


RO 4003 


RO 4003 
Port 1 


Rohacell 
Port 2 


Ground plane 


Fig. 1. Stacked patch antenna setup with aperture 
coupling via crossed slot. 


The described dual polarized stacked patch 
antenna element, as shown in Fig. 1, will be used 
as an element of a 4x8 planar array in X-Band. 

During the SAR-measurement the array will be 
driven at a center frequency of 9.6 GHz and 1 
GHz operational bandwidth. A fixed network is in 
progress to provide the required beam-shaping 
with an additional scan-angle in elevation and a 
tapered pencil-pattern in azimuthal direction. 

ULTRALAM® 2000 with a relative dielectric 
constant of 2.45 has been selected as the material 
for the substrate for both the patches. Since the 
upper patch is inverted the substrate also acts as 
the radom for environmental protection. 

RO4003° with a permittivity of 3.38 has been 
chosen as the substrate material for the two 
perpendicular feed-lines. 

The two substrates supporting the radiating 
patches are separated by a layer of 'Rohacell' foam 
material having a dielectric constant of 1.07. A 
ground plane has been included at the rear side of 
the antenna configuration to improve the front-to- 
back ratio. “Rohacell’ foam material has been 
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included between the ground plane and the feed- 
line. The parameters of the antenna have been 
further optimized using Ansoft Ensemble Version 
6.1. 

The dimensions for the optimum performance 
of the antenna are (i) upper patch 10 mm x 10 mm, 
(ii) lower patch 7.5 mm x 7.5 mm (iii) crossed 
slots 6 mm x | mm for horizontal polarization and 
6 mm x | mm for vertical polarization, (iv) the 
line width and the stub-length for lower and upper 
feed line are (1.95 mm and 4.4 mm), (0.98 mm 
and 2.8 mm) respectively. 

A comparison between calculated and 
measured S-parameters is depicted in Fig. 2. The 
return loss of both ports exhibits 20% bandwidth 
around the center frequency better than —10 dB. 
The isolation between the feed-lines is also better 
than 20 dB. In the measurement the return loss 
and isolation is showing a very good agreement 
with the theoretical expectation and the design- 
requirement of 1 GHz bandwidth. 


a 


S-Parameter (dB) 


8,0 8,5 9,0 9,5 10,0 10,5 11,0 
Frequency (GHz) 


oy 


S-Parameter (dB) 


8,0 8,5 9,0 9,5 10,0 10,5 11,0 
Frequency (GHz) 


Fig. 2. Calculated (a) and measured (b) return loss 
and isolation of port 1 and port 2. 


First measurements of co-polar and cross- 
polar-characteristics in E-plane and H-plane for 
Port 1 (Fig. 3.) and Port 2 (Fig. 4.) are also in good 
agreement with the calculated results. 


Relative Power (dB) 


-180 -135 -90 -45 0 45 90 


Relative Power (dB) 


-180 -135 


-90 


-45 0 45 90 
Elevation (°) 


Fig. 3. Measured E-plane (a) and H-plane, (b) Co- 
polar and X-polar radiation patterns of Port 1. 


135 180 


An irregularity of the cross-polar levels is 

involved due to the chosen measurement setup and 
the influence of the connector and cable close at 
the radiator. In the final array configuration, the 
cross-polar level will be further reduced with a 
special compensation technique proposed in [6]. 
A comparison measurement between the H-plane 
plots of port 1 and port 2 and a standard gain horn 
in Fig. 5. The shown result leads to gain of 7dBi 
after additional corrections, which is in good 
agreement with the simulations. 


3. Conclusion 


The presented stacked patch antenna with 
crossed slots offers satisfactory impedance 
matching at the ports over a wide bandwidth. The 
measured S-parameters are showing a satisfactory 
bandwidth performance as well as very low back 
radiation thus assuring a very good gain 
performance. 

The isolation between the ports is better than - 
20 dB which yields better polarization purity. 
Thus, this type of antenna will be very useful as an 
element in arrays requiring wide bandwidth. 
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Fig. 4. Measured E-plane (a) and H-plane, (b) Co- 
polar and X-polar radiation patterns of Port 2. 


Relative Power (dB) 


-180 -135 -90  -45 0 45 90 135) 77180 
Elevation (°) 
Fig. 5. Measured E-plane co-polar radiation 


patterns of Port 1 and Port 2 compared to the 
standard gain horn NARDA 640 with a nominal 
gain of 16 dBi at 9.6 GHz. During measurement the 
patch element was in back-to-back position to the 
standard gain horn. 
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Abstract: A novel concept of using wire-bonding is to design a miniature microstrip antenna 
suitable of packaging is proposed. The bonding wire is readily used in manufacturing facility 
for mass production of components which would allow easy fabrication of the new antenna. 
The impedance characteristics is achieved by exciting two adjacent antenna modes. The 
measured results of impedance and radiation patterns over the operating band are presented. 


1. Introduction 

With the increasing demand for 
miniaturization and integration in wireless 
communication terminals, there is a need for 
small, low cost and mass production antenna. 
In particular, some applications in short range 
system like Bluetooth and ISM band at 2.4 to 
2.5 GHz require very small and low cost 
antenna on the portable terminal. There are 
many existing techniques to reduce the size of 
microstrip antenna. One method is to use high 
dielectric substrate[1]but this has a number 
of drawbacks ranging from narrow bandwidth, 
low efficiency to high manufacturing cost. A 
meandered patch, C-patch or other 
modifications to the patch shape[2-4] have 
also been used. Typically their cross- 
polarization radiation is increased due to the 
slit perturbation on the excited patch surface 
current. Another method is to used shorting 
pins between the radiating patch and the 
ground plane to achieve dimnsions of about a 
quarter-wavelength [5-7]. But these often 
suffers from a narrow bandwidth of less than 
1%, which is much lesser than required 
bandwidth of 3.3%, for use say at 2.44GHz 
for Bluetooth. To increase the bandwidth, we 
proposed a novel method using bonding wire 
to extend the feed and also to short a multi- 
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layers microstrip antenna to the ground plane. 
Traditionally, wire-bonding technology [8-9] 
is used in packaging of IC especially in some 
RFIC. Wire bodnding has some advantages 
by avoiding via-hole in the fabrication of the 
antenna patch. The new structure may be 
treated as a RF packaged component for ease 
of integration into circuits. Experiments were 
conducted to study the performance of this 
new antenna design. 


2. Antenna design and performance 

Thin wire are bonded to from coaxial feed to a 
raidating PCB(printed circuit board) strip in 
the upper substrate layer and three other wires 
are used for shorting 3 PCB strips in the lower 
substrate layer. In practice, the bonding wire is 
extended from the packaging frame. Fig.1 
illustrates the view of the proposed antenna, 
which can be packaged in new structure say 
Bump Chip Carriers (BCC). The BCC is 
suitable since there is a large continous 
ground which is consistent with the operation 
principle of the microstrip antenna. 


Roger substrate RO4003 having a dielectric 
constant of 3.38, loss tangent of 0.002 and 
thickness 60 mils is used for the substrate. 
The strips B,C and D are electrically coupled 


to each other and separated by two narrow 
apertures sl and s2. The maximum 
dimensions of the entire antenna are 

13.4mmx 13.4mm x 2.0mm. The upper 
substrate layer support another strip with 
dimensions 10.5mm x 5.2mm. The two layers 
are separated by a thin air gap. Three wires are 
bonded to the finite ground plane and the 
three PCB strips in the lower layer. The feed 
is located opposite to the shorted wire as 
shown in Fig.1 to minimize the 
electromagnetic interaction between the 
feeding and shorting wires. Truncated 
substrates have almost the same transverse 
dimensions as the antenna. Bump terminals b, 
c, and d are connected to the ground plane, 
and terminal a to a 50 ohms input signal 
source. 


To aid in the understanding the operation of 
the proposed antenna, extensive experiments 
have been made to examine the measured 
input resistance in the frequency range from 
2.4 GHz to 2.5 GHz for different aperture 
widths, sl and s2. When s2 is increased the 
lower resonance disappears and therefore 
strip B becomes a main contributor to the 
lower resonance. Similarly strip D dominates 
the upper resonance. This suggest that strips B 
and D are the main contributors to the 
resonant behavior, not the middle strip C. 
Experiments also found that the middle strip 
C would be contributor if its width is larger 
than 5mm, however, it is difficult to obtain 
wide bandwidth for such small surface size. 


In Bluetooth applications, the transceiver is 
very small hence small ground plane needed. 
Fig.2 show the VSWR curves for two 
different sizes of the ground plane. The 
bandwidth of 82MHz for VSWR<2 is 
achieved at a center frequency f=2.44GHz in 
case a when the ground plane is 20mm 
x 25mm. Bandwidth is reduced to 71 MHz in 
caseb30mm _ X30 mm. As expected, the 
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bandwidth is wider when the ground plane is 
larger. It should be noted that the bandwidth is 
only 14MHz for a single radiating strip on the 
lower layer. 


VSWR 


24 2.45 25 2.55 


Frequency, GHz 


Fig.2 VSWR curves for different ground 
Solid line: ground of size 30mmx30mm 
dashed line: ground of size 20mmx25mm 


Fig.3 Radiation patterns at 2.44GHz 
in case b 
Solid line: co-polariztion 
dashed line: cross-polarization 


Fig.3 shows the radiation patterns at 
2.44GHz in the case b. The co-polarized 
patterns are examined to be constant and the 
front-to-back ratio is ~6dB over the band. In 
addition, the cross-polarization is about -15dB 


3. Conclusions 

A new low cost and shorted miniature 
multilayers microstrip antenna has been 
designed using wire-bonding technique and 
investigated experimentally. Results indicate 
that this novel structure give a suitable 
bandwidth and antenna gain for Bluetooth 
and ISM applications. In addition, lower 
cross-polarized level are reported compared to 
existing micorstrip antenna designs . Wire- 
bonding technique makes the antenna more 
compact and allow for easy fabrication used 
in existing mass production of electronic 
components and RFIC. 
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Top view of the proposed antenna 


Fig.1 Geometry of the proposed antenna in BCC package structure 
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Abstract: By coupling two shorted semi-disc patches together along their diameter edges, both compactness and wide 
bandwidth can be obtained. Such a novel microstrip antenna available for the future IMT-2000 handsets incorporates 
only one single probe-feed in one semi-disc, while the desirable impedance bandwidth is broadened by simply 
increasing the thickness of this compact internal antenna. Antenna characteristics and variations applying 


different substrates are addressed. 


Introduction: 


Antenna is an essential integral part in system designing. 
With the rapid evolution of mobile communications, 
antennas for mobile terminals are required to be small, 
compact, high efficient, low profile, and of low specific 
absorption rate (SAR). Microstrip patch antennas (MPAs) 
[1-2] or printed antennas have been used extensively in 
pagers, WLANs, cordless phones and mobile cellular 
handsets [3], as MPAs meet all the above requirements 
and, in particular, can be installed inside the mobile 
terminals. Mobile antennas integrated into the handsets, 
or internal antennas, offer several advantages over 
conventional external antennas, such as whip and helix 
ones. They are mechanically robust, less sensitive to 
geometry of handsets, and improve aesthetic appearance, 
increase total efficiency and reduce SAR, etc. 


Cellular and cordless communications systems have been 
in the constant demand since the last decade. The 
International Telecommunications Union (ITU) has been 
in the process of developing the family-standard for the 
future third generation (3G) global mobile cellular 
system, namely IMT-2000 (the International Mobile 
Telecommunications-2000). As the IMT-2000 is moving 
from development into trials and implementation, several 
countries of interest have performed spectrum allocation 
for such a global system, such as North America, Europe, 
Japan and Malaysia. The ITU at the 1992 World 
Administrative Radio-communication Conference 
(WARC 92) identified 230MHz (1885-2025MHz and 
2110-2200MHz) of frequency spectrum that should be 
used on a worldwide basis by administrations wanting to 
implement the IMT-2000 system [4]. The issue of 
whether it should add more spectrums for the IMT-2000 
service is also considered by the ITU. 
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Generally, it will be suitable for the 3G cellular handset 
antennas to satisfy the frequency bandwidth in the range 
of the proposed up-link of 1885-2025MHz and down-link 
of 2110-2200MHz, i.e., 15.4% impedance bandwidth 
(return loss< -10dB) if the full frequency range from 
1885MHz to 2200MHz is covered. Meanwhile, the 
demand for muniaturization of modern’ mobile 
communications handsets yields the internal antennas to 
be more compact and more efficient. 


In this paper, a novel and compact MPA with wide 
bandwidth is addressed. This single-probe-fed antenna 
incorporates two similar semi-discs by parasitically 
coupling along their diameter edges. Each semi-disc is 
shorted by a single shorting-pin to substantially reduce 
the dimensions of the antenna. By carefully choosing the 
substrate thickness, a wider impedance bandwidth (return 
loss< -10dB) of from 24.5% to 25.2% is achieved, which 
fully covers the frequency range of 1885-2200MHz and 
will be applicable to the future IMT-2000 handsets. For 
the ease of the antenna fabrication, two kinds of 
substrates, either the air-filled substrate or the foam 
substrate, are used alternatively to investigate the 
applications of such a structure. The typical designs, 
impedance and radiation pattern characteristics of the 
proposed printed antenna are presented and discussed. 


Antenna Theory and Design: 


To accurately predict the radiation characteristics and the 
impedance behavior of this double-semi-disc MPA, a 
critical full-wave method of moment (MoM) with 
potential integral equations [5] is applied, since the input 
impedance behavior is affected by the size of the 
shorting-pins and relative positions between the shorting 


-pins and the probe-feed. In addition, there exist 
discontinuities between the probe-feed, the shorting-pins 
and the patches. Such results are also validated by the 
finite-difference time-domain (FDTD) analysis technique. 
In our design, both Ensemble software package [6] and 
XFDTD commercial code [7] are used. Figure 1 shows 
the configuration of the proposed broadband MPA for the 
IMT2000 handsets. The antenna consists of a driven 


semi-disc of radius R, (the right one) with a single 
shorting-pin, a parasitically coupled semi-disc of radius 
R, (the left one) with a shorting-pin, and one probe-feed 


in the right semi-disc. Both semi-discs are of co-planar 
and are placed above the ground plane (with several 
spacers if air-filled substrate is applied). They are 
electrically coupled along their diameter edges. The 
shorting-pin of each semi-disc is located on the centerline 
of each semi-disc, while the probe-feed point is selected 
between the two shorting-pins. As seen in the single 
semi-disc patch antenna [8], the main function of the 
shorting-pin acting as an inductive element is to reduce 
the antenna dimensions significantly [9], while the 
desirable impedance bandwidth is increased by the use of 
relatively thick structure and lower dielectric constant 
substrate. 


Results: 


Figure 2 depicts the typical input impedance and radiation 
characteristics of the proposed MPA using foam substrate 
of thickness 8mm with each semi-disc radius 23mm.As 
can be seen from the plots, the —10dB return loss 
bandwidth is 24.5% from 1.81 GHz to 2.32 GHz, which 
covers the frequency spectrum of IMT2000. The lowest 
return loss is at 1.89GHz. Our simulation revealed that 
this broadband was achieved by closing two adjacent 
resonant frequencies. 


There is a relatively deep null in the H-plane of 
E,, pattern at broadside (9 =O). A medium null at 


@ = 340 in the E-plane of E,,,,, pattern is observed, 


which may be due to the unsymmetrical structure. The 
antenna cross-polarization is relatively high, but this is 
not a major concern for the mobile communications 
handset application, as much of the fields will diffract off 
the edges of the small handset ground plane. 

In this case, the optimal parameters are chosen as follows: 


(tan 6 =0.015), 
thickness: 8mm, radii of both the semi-disc patches: 
R=23mm, position and radius of the probe-feed: 


foam permittivity €, =1.07 antenna 


x, =7.5mm and if =1.5mm, position and radius of the 
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shorting-pin: x,, = -l6mm/7,,=2.5mm and x,,=25.5mm 
/r.,=1.5mm, coupling gap: A =5.5mm. 


To further broaden the desirable impedance bandwidth of 
the antenna, we can use air-filled substrate (€,=1) 


instead of the foam substrate. The resulted antenna 
characteristics are now depicted in Figure 3, where two 
resonances are achieved apparently, 1.76 GHz and 2.05 
GHz. Since the return losses between the two resonances 
are less than —10 dB, the relative —10dB return loss 
bandwidth is increased to 25.2% from 1.73 GHz to 2.23 
GHz, which better satisfies the requirement of the 
IMT2000 handsets. 


It is noted that in the case of the air-filled substrate, the 
cross-polarization is similar to that in the case of the foam 
substrate, except that the direction of the medium null in 


the E-plane of E’,, pattern has transferred a little. The 


lower resonance may be excited by both the patches, 
while the higher one is mainly due to the probe-fed semi- 
disc patch. To obtain the optimized impedance matching 
for the two resonances, the ultimate parameters are 
modified as follows--antenna thickness: 10mm, radii of 


the two semi-disc patches: R, =17mm/R, = 18.5mm, 


position and radius of the probe-feed: x p =13.6mm and 
r, =0.6mm, position and radius of the shorting-pin: X,, = 


-10mm /7,,=0.6mm and X,,=23mm /T,,=0.6mm, 
coupling gap: A = 8mm. 
Conclusions: 


A novel broadband microstrip patch or printed antenna 
applying two coupled semi-disc patches has been 
presented. The impedance and _ radiation pattern 
characteristics for two different substrates, either the foam 
substrate or the air-filled substrate are introduced and 
analyzed. Such a compact and simple structure will be 
suitable for the future IMT2000 mobile handsets. 
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Figure 1. Configuration of the proposed broadband 
double-semi-disc MPA for IMT2000 handsets 
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Figure 3. Characteristics of the proposed MPA using the air-filled substrate of thickness 10 mm 
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Abstract —This paper presents a new behavioral 
model for nonlinear microwave components that al- 
lows prediction of the carrier-to-interference ratio 
(CIR) for an arbitrary signal using a kernel function 
derived from two-tone intermodulation distortion 
(IMD) measurements. The kernel function represents 
the incremental distortion characteristics of the device 
driven by a signal with small amplitude deviation. 
With knowledge of the probability distribution of in- 
stantaneous signal envelope of an arbitrary signal, the 
total interference power, and thus the C/R may be cal- 
culated. Simulation results are shown for random 
phase multicarrier signals and an IS-95b CDMA sig- 
nal passed through nonlinear amplifier model whose 
kernel functions have been derived from two-tone ex- 
citation. 


I. Introduction 


A common performance measure of radio communi- 
cation systems is the carrier-to-interference ratio (CJR). 
While CIR may be degraded by other interferers outside 
the system, some components within the transmission 
subsystem, such as power amplifiers, may also create in- 
terference through intermodulation distortion (JMD). CIR 
is usually defined as the total power within the carrier (or 
group of carriers) divided by the total interference power 
(i.e. the total power attributed to 7MD products within the 
transmit band). JMD is normally characterized by two- 
tone measurements, in which case the C/R is defined as 
the level of IMD products below the level of the two car- 
riers. However, signals that occur in actual use of the 
system may have a much different distribution of instan- 
taneous envelope power compared to the average power 
than two-tone test signals. In particular, the peak-to- 
average (pk/avg) ratio of the signal may be much differ- 
ent. This leads to gross errors in prediction of CJR from 
that predicted by two-tone /MD. 

The foundation for the method developed in this pa- 
per is the extraction of the function we call the intrinsic 
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and 


CIR (ICIR) kernel function that represents the JMD pro- 
duced by a small incremental deviation in signal ampli- 
tude. In this paper, JCJR kernel function is derived from 
two-tone signals. The two-tone derived JC/R function is 
then compared to those derived using other signals (four- 
tone, eight-tone, and CDMA). Finally, we calculate the 
CIR of a limiting amplifier device model using the kernel 
method and compare this to the C/R calculated using direct 
time-domain methods. 

The paper is organized as follows. In section II, the 
nonlinear limiter model and overview of CIR is presented. 
The novel techniques using /CJR concept is developed in 
Section II, and simulation results are presented in Section 
IV. Conclusions are drawn in Section V. 


Il, Nonlinear model and CIR 


A. Nonlinear Device 

Since the output voltages of power amplifier are lim- 
ited by the finite power supply to the amplifier, the output 
amplitude starts to saturate at a certain input voltage level. 
Hence the amplifier envelope transfer functions can be 
modeled using the following model developed in [2]: 


‘at 2 (1) 


S is the compression factor or sharpness parameter: S=2 
represents soft compression, S=4 leads to moderate com- 
pression, while hard compression is achieved for S=10. L 
represents the limit level. Some sample cases are plotted in 
Fig. 1. 


B. Carrier-to-Interference Ratio(CIR) 

The CYR of a signal is defined as the ratio of the car- 
rier power(C) to the interference power(/). The interfer- 
ence is caused by the nonlinearities in the device. The 
nonlinearity effects result in signal distortion and clipping: 
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Figure 1: Envelope transfer characteristics of a family of ide- 
alized limiting amplifier models. These models are used as the 
basis for calculating C/R in this paper. 


CIR (dB ) = -10log,, (<) (2) 


A method to compute C/R for the limiter in the time do- 
main was developed in [3]. Consider an ideal limiting 
amplifier with unity gain. Let the input to the amplifier be 
a(t). Ideally, the output should be also a(t). However, if 
the maximum amplitude of a(t), ajygy is greater than 
the clipping level of the amplifier a>,7, clipping occurs, 
distorting the output signal. 


ILI. Intrinsic Carrier-to-Interference Ratio(/CIR) 


It is well known that the mean value of a function of 
a random variable, in this case the instantaneous envelope 
power distribution is given by 


CIR(p) = [ICIR(p) fp(p)dp 3) 


where C/R(p) is the average value of CIR at a given av- 
erage envelope power p , /CIR(p) 1s the value of the ker- 
nel function at the instantaneous envelope power p, and 
Jp) is the probability density function of the envelope 
power (relative to the average power pil. Thus to 


compute the C/R of any input signal, all that is needed is 
the JCIR of the device and the PDF of the input signal. 
Assuming that the function are known from measurements 
at discrete power levels p;, we get: 


CIR (p,)= SICIR[p, IF, |p = p./p,| 4) 
k 


This can be rewritten in matrix form as: 


CIR(p,) ICIR(p,) 
CIR(p,) |__| ICIR(p2) (5) 
: Jin! : 
CIR(p y) ICIR(P y,) 
where 
Prip=p,/p,) - Prlp= Py! Pi] 
pr. a| Pelp=pi/ Po] Pri p = Py / Pp] 
Pig ; : 
Prip=p,/ py] + Prlp=py/ Py] 


is the matrix of probability densities at the given power 
levels. Pr[ p = p, / p] can be calculated from input signal 
by calculating a histogram at each average power level p;. 


Assuming that the statistics of the input signal do not 
change as the mean value of envelope power increases, it 
is seen that all of the rows of F, are identical replicas of 
the first row, but stepped out in average power by iAp. 
Thus, if the C/R and F’, for any given signal is known, the 
ICIR kernel function can be obtained from Eq. (5). 

While C/R and F, may be measured for a given de- 
vice and signal, respectively, the value of the JCIR func- 
tion are difficult to obtain directly. If N 2M , the JCIR 
function may be calculated by inverting Eq. (5) in least- 
squares fashion as follows: 


ICIR (p,) CIR (p,) 
ICIR D. 

ee = (FR )aKe mega zs 
ICIR (py) CIR (py) 


If M 2N,, then there are fewer equations than un- 
knowns. One approach that is often used is to find the 
vector satisfying the minimum norm[4]. For this case, we 
can get the /C/R kernel as follows: 
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ICIR (p,) CIR (P,) 
ICIR (2) | _ (p pry! CIR (p>) | (7) 
‘ PP. S 


P 


ICIR (py) CIR (px ) 


Thus, if the values of the C/R for a two-tone test signal 
are known at N discrete power levels, the value of the 
ICIR kernel may be extracted using Eq. (6) and (7). Once 
this is done, the CJR over a range of average power levels 


p; may be calculated from Eq. (5). 


IV. Simulation and Results 


To illustrate the technique, a behavioral model for 
softly compressing amplifiers developed in [2] is used to 
calculate the /C/R function. A family of such functions 
was plotted in Fig. 1. The extracted kernel function from 
one of the envelope transfer characteristics is shown in 
Fig. 2, Fig. 3 and Fig.4. We used completely different sig- 
nals (random phased two, four, and eight-tone signals and 
an IS-9S5b CDMA carrier) in the extraction to show that 
the JCIR kernel function is truly an intrinsic property of 
the component, and not a function of the signal source. It 
is seen that the worst case differences between /C/R 
functions extracted using different excitations are within a 
+3 dB window, and the rms error is within +1.5 dB. Better 
agreement may be obtained at the expense of computa- 
tional efficiency by calculating more accurate histograms 
of the input signal. 

From the extracted kernel functions by two tone signal, 
CIR of three types of signals were simulated : 4-tone, 8-tone, 
and CDMA signals. Plots of the C7R values are shown in Fig. 5, 
Fig. 6 and Fig. 7. The results from CYR as calculated by Eq. (2) 
are compared to a direct time-domain simulation technique de- 
veloped in [3]. It is seen that the difference between the C/R 
calculated using the JCIR kernel function is within 2 db (worst 
case) of the CIR calculated using the direct time domain method. 


V. Conclusions 


In this paper, a new behavioral modeling approach 
was developed to calculate the carrier-to-interference ratio 
(CIR) for any input signal applied to a nonlinear micro- 
wave component. The method consists of extracting the 
intrinsic carrier-to-interference ratio (JC/R) kernel func- 
tion from the nonlinear device excited by a two-tone sig- 
nal, or any signal with known power envelope statistics. 
Using this function, the C/R of the device driven by an 
arbitrary input signal of known statistics may be obtained. 


Power{dB] 


Figure 2: Comparison of the IMD kernel obtained from a two- 
tone, four-tone, eight-tone and CDMA input. Good agreement is 
obtained for different types of signal.(S=2) 
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Figure 3: Comparison of the IMD kernel obtained from a two- 
tone, four-tone, eight-tone and CDMA input. Good agreement is 
obtained for different types of signal. (S=4). 
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Figure 4: Comparison of the IMD kernel obtained from a two- 
tone, four-tone, eight-tone and CDMA input. Good agreement is 
obtained for different types of signal. (S=10) 
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Figure 5: Simulated C/R using Eq. (2) compared to direct time- 


domain method (“actual”) for a random-phase 4-tone input signal. 
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Figure 6: Simulated CJR using Eq. (2) compared to direct time- 
domain method (“actual”) for a random-phase 8-tone input signal 


—— Actual CIR 
~- Simulated CIR 


80 at 
* i) 


Average Power{dB] 


10 


Figure 7: Simulated C/R using Eq. (2) compared to direct time- 
domain method (“actual”) for a CDMA input signal. 


A worst case error of 2 dB was found between CYR values 
calculated using this method and those obtained using 
standard time domain simulation techniques for four dif- 
ferent types of input signals and various amplifier transfer 
characteristics. 
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ABSTRACT 


Memory effects are defined as changes in the amplitude 
and phase of distortion components, caused by changes 
in modulation frequency. These are particularly impor- 
tant in cancelling linearizer systems, for example, when 
distortion is reduced by similar distortion in opposite 
phase. This paper describes electrical and electro-ther- 
mal causes for memory effects, including resonance 
type phase jumps caused by partially cancelling distor- 
tion mechanisms. To measure the phase of IM3 distor- 
tion products, a 3-tone test set-up was constructed, and 
the measured results are presented in this paper. 


1. INTRODUCTION 


The adjacent channel power ratio, ACPR, is a typically 
used figure of merit in RF power amplifiers. System de- 
signers in particular find the ACPR a convenient tool, 
because it gives the best prediction of the expected line- 
arity of wideband modulated signals [1,2]. 


Circuit designers need to know the mechanisms which 
generate the ACPR. A two-tone test signal with varying 
tone spacings and amplitudes can often be used for mod- 
elling wideband signals. If the amplifier behaves prop- 
erly over the tone difference range of the two-tone signal 
over a wide range of amplitudes, the amplifier can be ex- 
pected to behave correctly also with wideband signals. 


An amplifier can be modelled polynomially as follows: 


2 3 
y = ata, -Xt+a,-x +a3°X , (1) 


where ag-an are complex coefficients. 


Theoretically, the application of a two-tone signal to (1) 
generates IM3 sidebands which are not functions of tone 
spacings. Furthermore, the amplitude of the sidebands 
increases steadily as the amplitude of the input signal in- 
creases. Unfortunately, common amplifiers do not be- 
have like this. Both the amplitude and phase of the IM 
sidebands are dependent on tone spacing and amplitude. 
Such modulation bandwidth limitations that are ampli- 
tude or phase deviations from polynomially estimated 
values, are called memory effects. In other words, dis- 
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tortion itself is not a memory effect, but any non-con- 
stant distortion behaviour at different modulation 
frequencies can be regarded as one. 


two-tone 
signals 


IM3L IM3H 


/ predist. \ 
signals 
Fig. 1. The principle of predistortion and moving 
IM3 sidebands of a stage. 


Memory effects are harmful for most of linearisizers, 
such as predistorters. Predistortion signals are presented 
in Fig. 1. Memory effects can seriously limit the maxi- 
mum achievable cancellation performance of predistort- 
ers, since the amplitude and phase of IM3 signals are 
functions of modulation frequency, but predistortion 
signals depend only on amplitude. As a consequence, 
memory effects render the use of linearisizers practical- 
ly useless in some amplifiers. 


2. ELECTRICAL MEMORY EFFECTS 


Memory effects can be divided into two classes: those 
produced by pure electrical behaviour and those related 
to electro-thermal couplings. Electrical memory effects 
are caused by varying impedances at different modula- 
tion frequencies. For example, source impedance at the 
envelope frequency cannot be kept constant at very high 
modulation frequencies and, since that impedance af- 
fects the amplitude and phase of the IM3 sidebands, 
memory effects will inevitably occur. These effects can- 
not be avoided, but their triggering frequency can be in- 
creased by the careful design of bias networks. 


Resonance type of memory effects can also be avoided 
with careful design. There are two different mechanisms 
which cause resonances. First, resonances in source or 
load matching networks that can fit into the modulation 
band. These resonances can be detected easily by simu- 
lating the impedances. The internal impedances of tran- 
sistors, however, may aggravate the problem. The 
parallel connection of Zs and Zpi, for instance, may res- 


onate. These resonances are difficult to study, because 
device models are incapable of modelling internal im- 
pedances properly [3]. 


Furthermore, resonances might exist even if both source 
and load impedances are smooth. In bipolars, for exam- 
ple, the signal at the base is strongly distorted, while the 
collector current may be relatively linear. The situation 
can be explained by the two vectors shown in Fig. 2a., 
where the lower vector represents distortion at the base. 
The nonlinearity of the transconductance, however, 
shifts the distortion vector into an approximately oppo- 
site direction. As a result, the collector current is linear- 
ized by the nonlinearity of the base. It is evident that even 
a small change in the vectors has a great effect on the re- 
sultant. Since vectors are affected by the source and load 
impedances at the envelope, resonances at some modula- 
tion frequency may occur as displayed in Fig. 2b. 


outpu 
nonlin. 


Mag(IM3L) 


b) 


modulation frequency 


Fig. 2. Representation of a) partially tracking 
IM3L distortion and b) memory effects caused by 
them. 


3. THERMAL MEMORY EFFECTS 


Thermal power feedback (TPF) causes memory effects 
in RF power amplifiers at low modulation frequencies up 
to a few MHz. Power dissipation cannot be considered as 
a constant, as it varies with the applied signal. For exam- 
ple, no power will be dissipated in an ideal transistor in 
its cut-off or saturation mode. In the cut-off mode, no 
current flows. In the saturation mode, current flows, but 
no voltage exists over the transistor. The frequency of the 
power dissipation is twice the frequency of the signal. In 
a one-tone excitation at f0, power will be dissipated at 
DC, fo and 2*fo. In a two-tone or wideband excitation, 
the 2nd order component in power dissipation produces 
a low frequency envelope component, which, in turn, 
causes thermal power feedback. A block diagram of the 
TPF is shown in Fig. 3., and the basic amplifier is con- 
sidered as a memory-less, polynomial stage. Dissipated 
power at several frequencies (mostly DC) is represented 
by thermal impedance, describing the relationship be- 
tween dissipated power and temperature. 


It is important to note that, unlike in most specifications 
provided by transistor manufacturers, Zt cannot be re- 
garded as purely resistive. Temperature at the top of the 
chip does not follow power dissipation simultaneously, 
meaning that the thermal capacity of the chip (reactance) 
has to be taken into account. Due to the low-pass type of 
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the thermal filter, only the DC and envelope components 
of the dissipated power fit in the bandpass of the filter, 
resulting in constant temperature rise and temperature 
variation at the envelope frequency. 


Block K in Fig. 3. describes the relationship between 
gain sensitivity and temperature. If the gain of the stage 
is not affected by the junction temperature, no TPF ex- 
ists. Unfortunately, the gain of the stage is always a func- 
tion of temperature, and since temperature compensated 
external bias networks do not sense the junction temper- 
ature, they are far too slow in compensating for its ef- 
fects. Thus, no improvement can be expected in the 
terms of TPF. 


K = aT 4 } page filter 


Fig. 3. Block diagram of thermal power feedback. 


A two-tone input signal is modulated by gain variations 
at the envelope frequency thereby generating IM3 side- 
bands. Since the phase response of the thermal filter at 
the positive envelope (needed for IM3H) is opposite to 
that at the negative envelope (for IM3L), IM3 sidebands 
produced by TPF spin in opposite directions as a func- 
tion of envelope frequency, as shown by Fig. 4. A linear- 
ity decrease of several dB is observed at low modulation 
frequencies, and the symmetry between the sidebands is 
lost at some modulation frequencies. Due to that, prob- 
lems caused by TPF are considerably more serious in 
connection with predistorters. TPF is considered in more 
detail in [4]. 
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Fig. 4. Representation of a) IM3 caused by distor- 
tion of the basic amplifier and TPF and b) linear- 
ity deterioration caused by TPF at low modula- 
tion frequencies. 


4. MEASURING MEMORY EFFECTS 


Memory effects are rather difficult to measure. Spectrum 
analysers may be used to measure sideband amplitudes, 
but not phase information. And although a system com- 
prising two network analyzers can yield phase informa- 
tion about the fundamental signal as explained in [5], 
these measurements only provide information about the 
memory effects of the fundamental signal. As explained 
in section 2, this procedure does not provide complete in- 
formation about the memory effects of the IM compo- 
nents, which is a point of primary interest in terms of 
linearization. 


4.1. Test Set-up and Calibration 


The measurement system introduced in Fig. 5 can be em- 
ployed for measuring both the amplitude and phase re- 
sponses of IM signals in order to characterize the 
memory effects of the amplifier. A key idea behind the 
measurements is that an IM distortion signal is applied 
together with a two-tone signal to the input. By adjusting 
the amplitude and phase of the test signal, the output IM3 
can be nulled. Furthermore, memory effects can be 
measured by sweeping the tone difference of the two- 
tone signal over a range of modulation frequencies. The 
test set-up presented here does not actually measure the 
IM3 component at the output but, instead, it measures the 
output IM3 components reduced to the input. That is a 
highly significant advance, because the measurement re- 
sults can be directly used as required characteristics for 
predistortion circuits. 


SPECTRUM 
ANALYSER 


Fig. 5. System for measuring memory effects. 


The calibration of the measurements is somewhat com- 
plicated. The basic idea is that two down-converted sig- 
nals are compared to detect the phase of the IM3 signal. 
A two-tone input signal is mixed down to the envelope 
frequency, along with the lower signal of the two-tone 
signal and the IM3L signal. These two are brought to a 
resistive power combiner, and by adjusting the ampli- 
tude and phase of the IM3L signal, the signal at the out- 
put of the power combiner vanishes. The phase shift of 
these two equally spaced frequency components is fixed 
and depends only on the phase shift of the cables and 
power splitters, which can be easily measured and cali- 
brated. After that, the amplitude and phase of the IM3L 
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signal is adjusted again, until the IM3L component at the 
output of the amplifier disappears. The phase of the 
IM3L generated by the amplifier can be calculated from 
the delta phase of the IM3L signal generator. In this way, 
the phase difference between these two situations in 
which the signal component vanishes gives the phase of 
the IM3L component of the amplifier (although the cali- 
bration of the cables has to be considered). On the other 
hand, the amplitude of the IM3L generated by the stage 
is much easier to obtain, because attenuation of the ca- 
bles and power splitters/combiners is easy to take into 
account. The IM3H of the stage can also be measured 
similarly, either simultaneously or separately. The fourth 
signal generator for the IM3H can by applied for the si- 
multaneous measuring of both the lower and upper IM3 
sidebands. After all, the sidebands can be measured inde- 
pendently by changing the frequency of the IM3L signal 
generator to the frequency of the IM3H and by changing 
the frequencies of the lower and upper two-tone signals. 


4.2. Accuracy and Automation 


A test set-up was constructed for the LabView environ- 
ment to automatize the measurements. The set-up was 
designed to be fully automatic with no need for manually 
tuneable attenuators or phase shifters. All tuning for IM3 
sidebands and fundamental signals was performed by 
means of three RF signal generators. In addition, two 
spectrum analysers were used for measuring the ampli- 
tude of IM3 sidebands and envelopes. All measurement 
equipment was controlled via HP GBIP cable. Each 
measurement took about 15 minutes, and a complete se- 
ries of measurements over a range of modulation fre- 
quencies lasted a few hours. The optimization of search 
algorithms will reduce the duration of each individual 
measurement to less than 5 minutes. 


The accuracy of the measurements is an important con- 
sideration. There are two different kinds of measurement 
errors: those that cannot be calibrated (systematic errors) 
and those that can be taken into account by careful cali- 
bration. Systematic errors are dominated by the can- 
celled IM3 amplitude. For example, if an IM3 level of - 
40 dBc is detected at the output of the stage and it can be 
cancelled to -70 dBc, this 30 dB cancellation perform- 
ance corresponds to an amplitude or phase error of 0.25 
dB or 1 degree [6]. The cancelled IM3 level is usually 
limited by the noise floor of the spectrum analyser or 
phase noise of the signal generator and high performance 
measurement equipment have to be used to reduce the er- 
rors to a significant degree. Unfortunately, errors of more 
than 1 degree were observed, and some calibrations had 
to be undertaken to improve the performance of the test 
set-up. It was found that the phase of some inexpensive 
RF signal generators is a slight function of the amplitude, 
and that more serious phase jumps occur at fixed ampli- 
tude steps when connecting the attenuators to the RF 
path inside the signal generator. Luckily, these phase er- 


rors can be calibrated, and by using a high performance 
RF signal generator, their role can be diminished. Fur- 
thermore, some signal generators suffered from a very 
low frequency phase drift. The effects of this defect can 
be avoided by re-checking the cancelling phases at the 
end of each measurement. Also, any test set-up will ex- 
hibit a degree of unwanted intermodulation, so that even 
if a signal generator is not applied at IM3, signal compo- 
nents can still be observed there. When measuring very 
linear stages, this may turn out to be a real problem but, 
fortunately, the test set-up itself can be calibrated by 
measuring it without the DUT. The level of unwanted in- 
termodulation responses was found to be -70 dBc, but the 
use of high quality mixers, power combiners, power 
splitters and cables can easily reduce the figure by more 
than 10 dB. 


4.3. Measurement Results 


A Philips BFG 11 stage designed according to the data 
sheet [7] provided by the manufacturer was measured at 
the supply and bias voltages of 3 V and 740 mV, respec- 
tively. The tone spacing of the fundamental tones was 
swept from 32 kHz to 32 MHz at the centre frequency of 
1.8 GHz. The amplitude (in dBc compared to the input 
signal) and phase of the IM3 components are given in 
Fig. 6. As expected, the amplitude of the required cancel- 
ling signal at the input is directly proportional to the IM3 
level at the output. However, the phase of the IM3 is in- 
teresting: at high modulation frequencies (above 500 
kHz), the phases of both sidebands were equal; but at low 
modulation frequencies, the phases started to deviate 
such that a 20 degree phase offset was detected at 32 
kHz. Since no electrical time-constant of that size existed 
in the circuit, it is evident that these low frequency mem- 
ory effects were caused thermal power feedback. In ad- 
dition, resonance at 1 MHz caused by electrical memory 
effects was observed. This resonance (caused by reso- 
nance in the load impedance at the envelope) was not de- 
tected in our SPICE simulations. However, no memory 
effects were detected at high modulation frequencies 
(above 10 MHz), and by avoiding the resonance at 1 
MHz, sufficient cancellation with linearization can be 
expected. 


5. SUMMARY 


Memory effects are a source of difficulties in RF power 
stages. If the amplitude or phase of the distortion compo- 
nent is a function of modulation frequency, the stage ex- 
hibits a memory effect. These effects are harmful for 
most linearisizers, for instance predistorters, whose can- 
cellation performance is seriously limited by them. 


Memory effects can be divided into two classes: electri- 
cal and electro-thermal effects. Thermal memory effects 
fit into low modulation frequencies up to a few MHz, 
while purely electrical memory effects are caused by the 
source and/or load impedances at the envelope frequen- 


198 


cy. Some nonlinearity mechanisms generating memory 
effects are quite complicated, and commercial circuit 
simulators cannot be used to characterize them. They 
can, however, be characterized by measurements, which 
not only give information about the expected cancella- 
tion performance, but also reveal how the effects are gen- 
erated. The measurements presented in this paper are 
capable of providing information that can be used for op- 
timizing stages and designing predistorters. 


IM3L, IM3H [dBc] 


IM3L, IM3H [deg] 


10° 10° 10’ 


Fig. 6. Measured amplitude and phase of opti- 
mum predistortion vectors for Philips BFG 11 
common-emitter stage. 
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Abstract 


This paper presents an analytical technique for 
determining the contribution of supply noise to the 
overall phase noise of oscillators. Using this an- 
alytical approach, the effects of supply noise am- 
plitude and frequency on phase noise can be deter- 
mined. The technique is verified with measured re- 
sults for two 1.6 GHz integrated LC oscillator fab- 
ricated in 0.354m CMOS processes. Good agree- 
ment is obtained between the analysis results and 
experimental data. 


I. INTRODUCTION 


Oscillators are key building blocks in a wide 
range of communication systems. Because of the 
nonlinear nature of oscillators, it is difficult to pre- 
dict the effect of noise on the output performance. 
Hajimiri and Lee developed an analytical tech- 
nique for determining the effects of device thermal 
and flicker noise on the phase noise of the oscilla- 
tor [1]-[3]. Their analysis provides the designer 
with a tool to size the devices such that the phase 
noise of the oscillator can be reduced. However, 
other contributions to the phase noise must also 
be taken into account. These include the substrate 
noise coupling and the noise coupling through the 
power supply. 

In this paper, we show that the power supply 
is a significant contributor to the phase noise and 
present an analytical method for calculating the 
phase noise due to supply noise coupling. This 
analysis is described in Section II. The analysis 
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is verified with measurements on fabricated proto- 
types in Section III. An application of this analy- 
sis is demonstrated in Section IV. Conclusions are 
presented in Section V. 


II. NOISE COUPLING ANALYSIS 


The analysis of [1] is based on the Impulse Sen- 
sitivity Function (ISF), which is a measure of the 
phase shift resulting from an injected unit impulse 
of current. This function is used to calculate the 
phase shift due to a noise source and can also be 
used to determine which nodes are most sensitive 
to noise injection. The phase shift calculated from 
the ISF method is then used to calculate the phase 
noise by a phase modulation mechanism. Ran- 
dom noise near integer multiples of the carrier fre- 
quency is converted to phase noise as described in 
[1]. This method is used with device noise (ran- 
dom noise) sources to predict the phase noise of 
an oscillator. However, both the supply and sub- 
strate noise are deterministic noise sources. 

In the presence of a deterministic noise signal, 
the analysis of [1] cannot be used since a deter- 
ministic signal produces tones at the oscillator out- 
put. This is shown in Figs. 1 and 2 where a 
one tone sinusoidal signal is injected at the sup- 
ply node. These tones are responsible for modify- 
ing the noise power due to noise folding and must 
also be accounted for when determining the phase 
noise due to a deterministic noise injection. 

For this reason, we calculate the total single 
sideband phase noise due to one random noise 


2 
source Ry (device noise) on one node at an off- 
set frequency of Aw by: 
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Fig. 1. Harmonics in the output spectrum due to a 
100 mV, 500 MHz supply noise injection (using Agi- 
lent EEsof ADS). This spectrum is used to calculate a; 
in Eq. (2) 
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Fig. 2. Harmonics in the output spectrum due to a 


100mV, 50 MHz supply noise injection (using Agilent 
EEsof ADS). This spectrum is used to calculate a; in 
Eq. (2) 
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Cn, are the Fourier series coefficients of the ISF 
[1], a; is the normalized amplitude of the tones of 
the deterministic signal, m is the number of sig- 
nificant tones, and gmaz is the maximum charge at 
the node. The Fourier series coefficients, c,,, ac- 
count for the effect of the phase modulation mech- 
anism [1], while the normalized harmonics and 
mixing products of the noise signal and carrier sig- 
nal a; account for the folded noise. 


Since the supply noise is the most important 
when considering external noise sources for the 
oscillator in Fig. 3! we focus our analysis on the 
power supply noise. 

By adding the power of the folded supply noise 
components, the contributions due to the supply 
noise on the overall phase noise can be predicted. 
The number of significant tones due to the exter- 
nal perturbation is determined by simulating the 
output spectrum of the oscillator as in Figs. 1 and 
2. This information is used to determine the am- 
plitude a; in (2) and the overall phase noise using 


(1). 


SUB 


Fig. 3. Circuit diagram of the VCO. 


III. MEASUREMENT RESULTS 


To verify the results of this analysis, two 1.6 
GHz oscillators as shown in Fig. 3 have been 
fabricated using the TSMC 0.35um double poly 
CMOS process. The first oscillator (VCO1) was 
fabricated using a triple metal layer process, while 
the second one (VCO2) was fabricated using a 
four metal layer process and an improved design 
for the inductor. For VCO1 the inductors were 
fabricated using the top metal layer (M3). For 
VCO2 the inductors were fabricated using a stack 
of the metal layers M3 and M4. An improvement 
of 25% in the inductor quality factor is achieved 
from simulations. The oscillators operate from a 
single 1.6V supply voltage. NMOS varactors were 
used for C(v) in Fig. 3. The die photo for VCO1 


‘This is seen from an ISF analysis for the supply node and 
also from measured results presented in Fig. 5. 
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Parameter 
Frequency (GHz) 
ig out (dBm) 

Pac (mW) 

L@ 100 KHz (dBc/Hz) 
Tuning range (MHz) 


TABLE I 
MEASURED PARAMETERS FOR THE TWO 
OSCILLATORS. 


is presented in Fig. 4 and the size is 500 zm x 
300 xm. The measured oscillator characteristics 
are summarized in Table 1. 


Fig. 4. Die photo of VCO1. Noise injection pads are 
labeled NOISE PADS. ACTIVE indicates where the 
transistors are placed. VARICAP shows the placement 
of the NMOS varactors. 


The measured phase noise characteristics of 
the first oscillator are shown in Fig. 5. Also 
shown in this figure is the phase noise due to a 
100mV, SOOMHz external noise injected into var- 
ious nodes of VCO1. From this figure, it is seen 
that the supply noise has a significant contribution 
to the overall phase noise. At 100 KHz offset there 
is a 8 dBc/Hz degradation in the phase noise due 
to the supply noise. 

A comparison of the measured phase noise 
characteristics (device noise only) with the anal- 
ysis of [1] for VCO1 is provided in Fig. 6 and 
good agreement is observed. However, as men- 
tioned previously, the analysis of [1] does not pre- 
dict the effect of supply noise. The influence of 
supply noise is incorporated by means of Eq. (1). 
The measured data is compared with the analysis 
using (1) for supply noise injection at 50 and 500 
MHz in Figs. 7 and 8. Good agreement is obtained 


— Device Noise 
Iss Noise 
7-1 -=-—-" VDD Noise 


--- Substrate Noise 


Phase Noise (dBc/Hz) 
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Fig. 5. Measured phase noise characteristics of VCO1 
with 500 MHz noise injected on various nodes. The 
results show that the most sensitive node to external 
noise injection is the VDD (power supply) node. 


between the analysis and measured data for the 
1/f? and 1/f? regions of the phase noise charac- 
teristics. Note that a 1/f* region is also observed 
in these characteristics. This is not accounted in 
our analysis and the agreement between measured 
data and analysis is poor for the 1/f* region. 
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Fig. 6. Phase noise characteristics of VCO1 comparing 
the analysis of [1] with measurements for device noise 
only. 


IV. APPLICATION 


The above analysis can be used to evaluate the 
effect of both the amplitude and frequency of the 
supply noise. Furthermore, one can use this anal- 
ysis to determine the largest possible amplitude of 
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Fig. 7. Phase noise characteristics of VCO1 compar- 
ing analysis (Eq.(1)) with measurements for 50 and 500 
MHz noise signals applied on the power supply node. 
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Fig. 8. Phase noise characteristics of VCO2 compar- 
ing analysis (Eq.(1)) with measurements for 50 and 500 
MHz noise signals applied on the power supply node. 


supply noise for which there is a degradation in 
phase noise. This information is useful in the de- 
sign of a supply voltage regulation circuitry to re- 
duce the influence of supply noise on the overall 
phase noise characteristics of the oscillator. 

As an example, for the oscillator in Fig. 3, the 
phase noise characteristics from Eq. (1) are plot- 
ted in Fig. 9 for various amplitudes of the supply 
noise. Also shown in this figure is the measured 
phase noise due to the device noise only. From 
this figure it is seen that the supply noise ampli- 
tude should be less than 1 mV such that the ef- 
fect of supply noise becomes negligible. Further- 


more, a 100 mV supply noise injection results in a 
6 dBc/Hz degradation in phase noise at 100 KHz 
offset. 


Measured Device Noise 


Phase Noise (dBc/Hz) 


Frequency (Hz) 


Fig. 9. Phase noise analysis of VCO2 with various 
amplitudes of a 50 MHz noise injection on the supply 
node. Also shown is the measured phase noise in the 
absence of supply noise. 


V. CONCLUSIONS 


The effect of supply noise coupling on the over- 
all phase noise of an oscillator has been analyzed 
by extending the Hajimiri and Lee analysis. The 
analysis has been validated with measured data on 
two integrated LC CMOS oscillators fabricated in 
a 0.35y.m process. Furthermore, the analysis can 
be used to determine the effect of supply noise am- 
plitude and frequency on the phase noise of an os- 
cillator. 
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Abstract -- A modified BSIM3v3 RF model including a new substrate network with divided junction 
capacitances is proposed to account for the substrate effect. The superiority of the model over 
several conventional models is demonstrated by observing good agreements between measured and 
modeled S-parameters up to 10 GHz. In order to verify the accuracy of modeling the output 
dispersion effect, modeled data of the effective drain-source resistance and capacitance for the new 
substrate network are compared with those for previously reported networks. 


1. Introduction 


Because of mature and _ low-cost Si 
technologies, MOSFETs are currently recognized 
as promising core devices for RF/microwave 
circuit applications such as highly integrated 
communication systems. For the accurate 
MOSFET circuit simulation using SPICE, 
BSIM3v3 has been widely recognized as an 
accurate and scalable I-V and low-frequency large- 
signal model, and has recently been modified to be 
capable of predicting RF characteristics by 
utilizing substrate resistance networks [1]-[3]. 
While the operating frequency increases, the 
influence of the substrate admittance on device 
output characteristics such as S»,. parameters 
becomes higher. Since the S.. modeling error 
produces inaccurate output impedance matching in 
GHz RF IC design, this substrate effect should be 
considered carefully in RF device modeling. This 
effect is basically originated from the lossy 
well/substrate region in Si MOSFETs, and leads to 
the severe frequency-dependent behavior, so 
called, dispersion effect in the effective drain- 
source resistance and capacitance (Ra? and Cx). 

In general, the Si substrate region is simply 
modeled by parallel RC lumped circuit, but the 
inappropriateness of this model was recently 
pointed out. In order to overcome this problem, a 
distributed model with four substrate resistances 
has been developed [1], but it is complicated and 
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output resistance is assumed to be independent of 
frequency. Thus, the lumped model with a series 
RC circuit in Fig. 1(a) is proposed [2], but has 
some difficulties in modeling Y,, and Y2, [3]. In 
order to remove these difficulties, the compact 
model [3] with a single resistance in Fig. 1(b) has 
been adopted as a simplified version of [1] and 
been reported to yield a similar accuracy to the 
model of [1]. Although the relative superiority of 
this model in Fig. 1(b) to Fig. 1(a) is verified, the 
agreement with measured S22 parameters is not 
sufficient to achieve the accurate RF modeling. 

Therefore, in this paper, we propose a modified 
BSIM3v3 model including a new _ substrate 
network with junction capacitances divided for 
taking into account the substrate effect, and verify 
the accuracy of the model by comparing modeled 
S-parameters to measured ones. 


2. A Modified BSIM3v3 RF Model 


N-MOSFETs with multiple n” poly gate fingers 
with 0.8 um mask length (L) and 10x10 um gate 
width (W) were fabricated on p-type 2kQ-cm high 
resistivity Si wafers using a standard twin-well 
CMOS process [4]. Under common source-bulk 
configuration, S-parameters were measured at Vds 
= 3 V and Vgs = 2 V. Accurate de-embedding 
procedure using open and short test patterns was 
carried out to remove pad and interconnection 
parasitics from measured S-parameters [5]. 
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Fig. 1. Three modified BSIM3v3 models with 
different substrate blocks: (a) the circuit of 
[2], (b) the circuit of [3], and (c) a new 
circuit. For the model of (a), internal 
drain/source junction capacitances are zero. 
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Fig. 1 shows three kinds of modified BSIM3v3 
models with two conventional substrate circuits 
[2], [3], and a new circuit with external junction 
capacitances. Since these BSIM3v3 models are too 
complex to extract all parameters directly, the 
optimization technique to fit their measured S- 
parameters has been performed. First, all dc 
parameters in the BSIM3v3 models are directly 
determined by using a conventional extraction 
routine in UTMOST III [6]. These extracted dc 
parameters are held constant during the next RF 
extraction using the HSPICE optimization. Prior to 
the optimization, the parasitic resistances are 
obtained by the simple curve fitting of Z-parameter 
equations [7], [8], and all junction capacitances are 
determined using S-parameters of devices with 
different perimeter-to-area ratios [9]. Using S- 
parameters of MOSFETs with different channel 
length and width at the zero gate voltage, all overlap 
capacitances are accurately extracted [9]. These 
estimated resistances and capacitances are used as 
initial guesses, and permitted to vary within 
narrow bounds’ during’ the  S-parameter 
optimization. These initial guesses facilitate rapid 
convergence to a _ global minimum, while 
maintaining physically acceptable values. 

In order to confirm the accuracy of this 
extraction method, calculated S-parameter sets 
using three types of modified BSIM3v3 models in 
Fig. 1 are compared with measured ones in Fig. 2. 
Compared with other models, calculated S- 
parameters of a new model are shown to be better 
agreement with measured ones from 0.5 to 10 
GHz, verifying the accuracy of the new model. 

In order to check the accuracy of the new 
substrate network independently, the substrate 
block is separated from the rest of device. First, 
extracted Rq was subtracted from measured S- 
parameters to obtain corrected Y°-parameters. 
Using Y-parameter analysis, the substrate circuit 
block with the intrinsic drain-source resistance 
(ras) in three kinds of models is represented by the 
admittance of Y2° + Y,2° in the saturation region 
where Rs « ras. Thus, the accuracy of a substrate 
network for the dispersion effect modeling can be 
tested by using the following effective parameters: 


cle 1 
Real(Y,,° + Y,.") 


1 : é 
on ES W Imag(Y22. + Yj2°) 


In Fig. 3, the measured data of these effective 
drain-source resistance and capacitance abruptly 
decrease up to about 7 GHz and become saturated 
at higher frequencies. Theoretically, this 
dispersion effect can not be modeled by one-pole 
impedance network of Fig. 1(a), and the substrate 
network with two-pole impedance like Fig. 1(b) is 
needed to fit the measured data. Thus, the compact 
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model of Fig. 1(b) leads to a better agreement than 
Fig. 1(a), but the accuracy shown in Fig. 3 is not 
satisfactory to apply for reliable RF IC design. 
This poor accuracy of Fig. 1(b) is attributed to the 
reduction of a flexibility to match with measured 
data, because Cjsp/Cjqh keeps a constant value 
determined by dc bias and junction size during the 


optimization. In this work, the constrain of Cjsp >> 


Cjdb is imposed on the optimization,, because Vsb 
= QV << Vdb =3V at the tied source and bulk. 
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Fig. 2. Comparison of calculated S-parameter sets using three types of models with measured ones. 
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Fig. 3. Frequency-dependence of calculated Ras” 
and C,," for three types of models, 
compared with measured ones (L = 0.8 um 
and W = 10x10 um). 


In order to increase the optimization flexibility 
for the better curve-fit, the new model of Fig. 1(c) 
is developed by dividing junction capacitances 
equally into internal and external components, 
where the Rsub is connected to internal one. These 
external capacitances (Cjspx, Cjdbx) provide plenty 
of room for improvement of the fitting accuracy to 
the frequency response of Rg,” and C,,", as shown 
in Fig. 3. 

3. Conclusions 
A new substrate network based on the division 
of junction capacitances is developed to 
incorporate the dispersion effect of Rg; and Cg," 


into BSIM3v3 model. Better agreements with 
measured S-parameters are achieved using a new 
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substrate circuit than other published ones, 
verifying the accuracy of the new model. Modeling 
of the new substrate network for the dispersion 
effect is proved to be valid up to 10 GHz by 
comparing the frequency response curves of Ra 
and C,;" with those of other previous models. 
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Abstract 


Nonlinearity in the resonating tank of an oscillator results 
in conversion of amplitude fluctuations into frequency fluc- 
tuations. The effect of this AM to FM (AM2FM) transfor- 
mation on phase noise is especially important in high-Q 
oscillators with a wide tuning range. 

We develop quantitative time-variant model of near- 
carrier phase noise incorporating AM2FM conversion, which 
is both mathematically rigorous and intuitive, and propose 
new techniques to reduce AM2FM-induced noise in tun- 
able oscillators. 


1 Introduction 


To quantitatively understand phase noise in autonomous 
systems, such as free-running oscillators, we need a time- 
variant theory [1]. For oscillators where the resonant cir- 
cuits have high quality factor, such a model was described 
in [2]. In this paper, we present a simpler theory applica- 
ble to calculations of near-carrier phase noise in the vast 
majority of practical high-Q oscillators with a single res- 
onator, including those with strong conversion of ampli- 
tude to frequency fluctuations (AM2FM), such as many 
wide-band tunable oscillators. 

This paper also helps to develop intiutive understand- 
ing of its origins and discusses new techniques to reduce it. 
In section 2, the general formalism is briefly described. In 
section 3, we illustrate its applications to oscillators with 
fixed coefficient of AM2FM conversion. Section 4 is about 
ways to calculate and reduce AM2FM conversion. 


2 The general formalism 


In our description, the near-carrier frequency region cor- 
responds to frequency offsets much smaller than the slow- 
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Figure 1: The two-port model of an oscillator. 


est relaxation rate in the oscillator, e.g., amplitude relax- 
ation rate. At these offsets, the dominant contribution to 
phase noise results from slow random frequency modula- 
tion of the oscillator by internal and external noise sources 
[4]. Consider the oscillator representation shown in Fig- 
ure 1. The resonant tank capacitance is assumed to be 
weakly nonlinear, i.e. for given tuning voltage, the relative 
variation in capacitance due to AC voltage across the tank 
is small. The combined effect of active device and para- 
sitic tank conductance on the tank is modelled by nonlinear 
amplitude-dependent admittance Y(A) = G(A)+ 7B(A). 
We assume that frequency dependence of Y (A) is negligi- 
ble in comparison with that of the admittance of the LC 
parallel circuit at the frequency of oscillations. We also 
omit B(A) term in Y(A), since in many cases it can be 
effectively included in C(V). 

The noise sources are referred to the tank and repre- 
sented by the noise current [yy(t). For near-carrier phase 
noise in an oscillator with Q > 1, it suffices to consider 
only near-carrier frequency components in Jy (t), and Iy 
can be represented in terms of the in-phase J,,;(t) and 
quadrature J,g(t) constituents: 

ithe (er. ele Inrt) + jing, (1D 
where ¢(t) is the phase of the voltage across the tank V(t) = 
Acos((t)). If In7(¢) and J,g(t) were constant, they would 


result in a constant shifts 6 and 6A in the amplitude and 
frequency of oscillations. 

Without AM2FM conversion, i.e. at constant C(V), 
6 and 6A mostly depend on different noise components: 
Ing (t) and In (t), respectively: 


Ni 10 
= —_—_—._ §f) = ——.. 2 
oo Adceaian 2CA 2) 


An intuitive way to derive Eq. (2) is to compare unper- 


turbed V(t) = Ag cos(MNot), and perturbed V (t) = A cos(Nt) 


oscillations, where 22 = 1/(LC), and Apo satisfies 
G(Ag) = 0. The equation for perturbed oscillators 


dV {Vat 


Cor + G(A)V + a cos(Qt) — Ing sin(Mt) 


can be rewritten as 


pagel le 
AQ| dt 
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Therefore, effect of quadrature noise current Ig is equiva- 
lent to changing the tank capacitance by 6C = —Ing/(AQ), 
which yields frequency shift given by Eq. (2). The ampli- 
tude shift is found from G(A) — I,,/A = 0, which gives 
6A from Eq. (2) 

In the presence of AM to FM conversion, instantaneous 
frequency of fluctuations 2) directly depends on amplitude 
shift 6A. To intuitively understand this dependence, con- 
sider oscillations in an isolated lossless LC'(V) tank. The 
frequency of oscillations w7(A) depends on amplitude A 
because of capacitative nonlinearity. This relationship also 
holds for high-Q oscillator: 


dwr (A) 


— Ing 
we ee 3 


="504 1 oA 


(3) 


where 6A is still given by Eq. (2), and w7(A) is the amplitude- 


dependent resonant frequency of the LC tank in the ab- 
sense of Y (A) and Jy, i.e. in purely conservative regime. 
Random processes J,,;(¢) and I,,g(t) result in random fre- 
quency modulation 62(t), which for the near-carrier spec- 
trum is given by the quasistationary approximation, i.e. by 
substituting time-dependent J,;(t) and I,Q(t) into Eqs. 
(3). 

For white noise in J,,(t), phase noise can be character- 
ized by phase diffusion coefficient D defined by 


E[A¢)? = 2Dt, 


where the I.h.s. is the average square of random phase walk 
during time ¢. If Ing(t) and [,,,(t) are independent, they 
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give independent contributions to phase fluctuations, re- 
ferred to as the direct and AM2FM phase noise, respec- 
tively, in this paper. In particular, D is then the sum of the 
direct and AM2FM phase diffusion coefficients: 


D = Dodirect + Dam2FM 
given by 


_ nq 
162C?2 A? 


Dam2FM = 


Knr [dwr/dA)’ 
DD erect = = | uaa 


4n | dG/dA 
(4) 


3 Applications at a given amplitude- 
to-phase conversion 


The ratio (Dam2rm /Dairect) is proportinal to the squared 
quality factor Q of the tank. In time-domain picture, this 
quadratic dependence occurs because the amplitude relax- 
ation time is proportional to Q. As a result, a given ini- 
tial amplitude fluctuation affects the frequency during time 
cx Q and results in phase shift Ad « Q. 

For frequency-domain derivation, consider oscillator 
with smooth nonlinearity 


G(A) = ¢(A? - 1). 


The unperturbed amplitude of oscillations is one, since 
G(A = 1) = O. Let us assume that tank parameters are 
chosen for unit resonant frequency wr = 1. The frequency 
shift due to in-phase noise is found from Eqs. (2, 3): 


6 = 224 ee. (5) 


If C’ changes at constant wy, the tank quality factor is 
Q « C, which gives Dairect « 1/Q?, while Damorm is 
independent of Q. Therefore, the importance of AM2FM 
phase noise grows, as the quality factor of the resonator 
increases. 

Another insight is obtained by noticing that 
Damorm « 1/ ¢?. Factor ¢ characterizes the degree of 
oscillator nonlinearity under operating conditions. In time 
domain, larger gain nonlnearity ¢ give faster amplitude 
relaxation and therefore smaller AM2FM phase noise (at 
constant Q). 

As an example, consider a common-gate Colpitts os- 
cillator with a long-channel square-law FET in Figure 2. 
If we consider phase noise due to thermal noise in the tank 
conductance G'r only, the one-sided power spectral den- 
sity K, of noise current I,, does not depend on conduc- 
tion angle. It is given by Johnson-Nyquist formula and 


Figure 2: Common-gate Colpitts oscillator. 


is splitted equally between in-phase K,,; and quadrature 
Kne components: 


a AkpTGr = 2b pe 2Kng 


which results in phase diffusion coefficients given by Eq. 
(4). Suppose that conduction angle 6 decreases, while the 
amplitude of oscillations is constant. (This regime can 
be achieved by changing FET width and biasing current). 
As @ decreases, dG/dA and amplitude relaxation rate in- 
crease, which gives smaller Dayweormu. The dependence 
of Dam2rm On 6 is shown in Figure 3 for long-channel 
FET with square-law IV characteristics. The tank has qual- 
ity factor Q = 50 and AM2FM conversion coefficient 
dlogwr/dlog A = 0.02. Dairect does not change with 
@ and is only given for comparison. In bipolar Colpitts os- 
cillators, the dependence between tank-induced phase dif- 
fusion and conduction angle is similar. Finite resistance of 
the current source would slow down amplitude relaxation 
and therefore increase D4 norm (3). 

Phase diffusion due to active device noise can also be 
calculated. The noise of active devices is usually cyclosta- 
tionary rather than stationary [1], since it depends on pe- 
riodically changing device state. For example, FET drain 
current noise 7g, occurs only when the device is not cut 
off. The analysis is further complicated, by the depen- 
dence of the amplitude of oscillations on low-frequency 
drain current noise [3]. In Figure 4, we plot phase diffu- 
sion coefficients versus conduction angle at constant oscil- 
lation amplitude, assuming that 0 is changed by adjusting 
device width and bias current. Long-channel noise model 
is used [1]. Although the share of quadrature noise K,g in 
the total noise PSD K,, increases with the conduction an- 
gle [1], Dairect remains constant, because the total noise 
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Figure 3: Phase diffusion coefficients due to tank- 
generated thermal noise 


spectral density increases due to decrease in device width. 
Quadratic dependence of D4nmo2rm (6) at small 6 occurs 
only for stiff current source. 
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Figure 4: Phase diffusion coefficients due to long-channel 
FET noise 


In bipolar Colpitts oscillators with stiff current source, 
dependence D4y2rm « 9* holds down to and saturates 
at 9 ~ 1/1/4 at constant current amplitude, where ( is 
the low-frequency current gain, and the current amplitude 
of oscillations is assumed to be constant. At smaller 0, 
Dam2pm(Q@) is constant. Therefore, good low-frequency 
current gain can be important for good AM2PM noise per- 
formance of a bipolar Colpitts oscillator. 

The decrease in AM2FM noise at small 0 is essentially 
due to the constraint on current amplitude A; = 2/ gras, 
which becomes increasingly rigid as 0 approaches zero [3]. 
If the current noise has a moderate output impedance or is 


noisy, Igras is not well controlled, and AM2FM noise 
can actually increase at small 6. A related phenomenon is 
reducing the direct phase noise by suppressing RF noise 
from the current source, e.g., by adding series inductor. 


4 Howtocalculate and reduce AM2FM 


conversion 


AM2FM phase noise can be reduced by adjusting nonlin- 
earity in the tank capacitance to decrease the amplitude 
dependence of the resonant frequency wr of the isolated 
tank. In particular, for an LC tank with nonlinear capaci- 
tance C'(V ), the dependence of the resonant frequency on 
voltage amplitude A is given by 


dwr(A?) _ [C'(V)? _ C"(V) 


2 
ped(A2), © | Ce ICs), wae 


In particular, cancelling the linear term in C'(V) does not 
necessarily reduce AM2FM noise proportional to 
|duxy /d(A”)|? and can, in fact increase it. 

In practical oscillators, the tuning capacitor is usually 
connected to the tank through coupling capacitor Cc and is 


DC coupled with control voltage source through RF choke.In 


this case, dw /d(A”) is given by 


dup (A*) _ ae ig * 1 oy 
16C2 


3 


wr d( A?) 


where ¢ = (Cel|C)/(CellC + (Cy). 0 = Co/(Co + ©): 
As Cc is reduced, AM2FM conversion rapidly decreases 
(approximately as 7*) due to decrease in both sensitivity 
of the total tank capacitance to C(V) and the RF voltage 
amplitude across C'(V ). 

By properly choosing the nonlinear and coupling ca- 
pacitors, as well as the range of control voltages for C(V), 
|\dw /dA?| can be significantly reduced, thereby decreas- 
ing AM2FM phase noise. As a theoretical example, the 
amplitude dependence of wr from Eq. (6) is canceled in 
the range of tuning voltages, where C(V) is given by 


Co 


Car UV ay Se 


(8) 
where Co and Vg are constants. Such a dependence is 
hardly possible to realize even for varactors with hyper- 
abrupt junctions. However, for significant reduction of 
AM2FM phase noise it suffices to cancel |dwy /dA?| only 
in the middle of the tuning range, a condition much easier 
to implement. 
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Figure 5: Antiseries varactor combination in the tank. 


It is even possible to completely remove the depen- 
dence of the tank capacitance on the tank voltage, while 
maintaning tunability, i.e. the dependence of the tank ca- 
pacitance on the tuning voltage Viune. This surprising re- 
sult, which was also independently obtained by Michael 
O’Neal, holds for the well-known antiseries connection 
(Figure 5) of two identical varactors, but with CV charac- 
teristics precisely given by Cyar(V) = Co/V1—V/Vs, 
i.e. ideal CV for constant doping profile. Of course, the 
RF voltage across the varactors should always remain less 
than twice the build-in potential. 


5 Conclusions 


To summarize, we described an intuitive way to calcu- 
late phase noise in the presense of AM to FM conver- 
sion, discussed how phase noise depends on circuit param- 
eters, and presented several new techniques to reduce near- 
carrier phase noise. More details will be given in [3]. The 
author is grateful to Michael O’ Neal for helpful comments 
on the paper and discussions of phase noise. 
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Abstract 


The design and simulation of low noise, high linearity RF front end circuits for CDMA receivers are presented. 


The circuit topologies utilize a high performance BiCMOS process with copper transformers to integrate stepped 


gain low noise amplifiers and double balanced mixers. The circuits improve the sensitivity of CDMA receivers 


due to significantly reduced mixer noise figure and low LNA insertion loss in the bypass mode. 


Introduction 

With more than 35 million subscribers today and 
the highest predicted growth rate, code division 
multiple access technology (CDMA) is now a 
mainstream cellular technology. Unfortunately, the 
peculiar nature of CDMA precludes re-use of RF 
solutions developed for analog (AMPS), GSM and 
time division multiple access (TDMA) systems 
without considerable modifications. CDMA RF front- 
ends require higher dynamic range and higher 
linearity with no noise figure degradation. In this 
paper we present IC solutions which satisfy these 
enhanced requirements while offereing a high level of 
integration. The higher performance and integration 
are enabled by creative design technique and a 
BiCMOS IC process that includes copper. 


CDRI1 BiCMOS Technology 

CDRIBiCMOS technology is designed for high 
RF performance product applications. It is a 0.4um 
technology with SOA gate oxide. Graded channel 
MOSFETs[1] are used instead of plain CMOS for 
enhanced RF performance. A high performance RF 
bipolar based on Quasi Self-Aligned (QSA) structure 
is integrated into the standard 2.75V GCMOS 
platform. The base line consists of 3 levels of metal. 

Copper technology can be incorporated to create 
on-chip transmission lines, inductors, and 
transformers. Series resistance is reduced by the use 
of thick electroplated copper metal. Placement over 
several layers of dielectrics minimizes the capacitive 
coupling to the silicon substrate. 
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This process offers RF NPNs with a target ff of 
24GHz at 2V. It also provides substrate PNPs and 
lateral PNPs. Unilateral, bilateral and natural[1] NMOS 
and PMOS devices at standard and low threshold 
voltages, with and without isolation, are also 
provided. Integrated passives include diffused and 
polysilicon resistors, standard and high linearity 
double poly capacitors. 


System Specifications 

The target application of this work is a dual-band, 
triple-mode front-end IC for US AMPS, CDMA and 
PCS telephones. A block diagram is shown in Fig. 1. 
Design techniques for PCS LNA (1800MHz) and 
CDMA Mixer (900MHz) will be described in this 
paper. The other sections on the other frequency 
band use similar topologies. 


Fig. 1 Front End IC Block Diagram. 


CDMA receivers require some form of graduated 
gain reduction. As shown in Fig. 1, our approach 
utilizes two low noise amplifiers (LNAs) with a step 
gain reduction thus permitting three levels of front 
end gain. The first LNA requires very high linearity 
(IIP3 > +10 dBm) to limit cross-modulation distortion 
from the transmit section. The second LNA requires 
only +3 dBm IJIP3 due to the filtering benefit of the 
external image filter. The cascaded IIP3 is limited by 
the mixer JIP3. Splitting the overall LNA gain between 
the two amplifiers reduces current drain because the 
output linearity of LNAI is reduced. Table 1 
summarizes the target performance for each stage and 
the resulting cascaded performance for the three 
operating modes. 


High Gain Mode 


Pets ee 
esoree) 


2 
10 
16 


Table 1. Front End 1900 MHz Performance Targets. 


Active Bias Circuit for High IP3 

A feedback DC amplifier[2] is used to bias the LNA. 
It provides a low impedance at frequencies 
corresponding to the two tone frequencies (DC up to 
1.25MHz for CDMA). The feedback gain reduces that 
output impedance to a low value for high linearity. At 
high frequencies, the gain drops, and the large output 
impedance isolates the dc circuitry from the LNA 
preserving the RF performance. By using this 
feedback amplifier, the IIP3 can be increased by 
approximately 9dB and the noise figure degradation 
was just 0.2dB. 
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LNAI Design 

Figure 2 shows a schematic of the 2 GHz LNAI. In 
the amplifier mode, the NPN transistor is biased ON 
while the FET is turned OFF. The FET acts as an RF 
switch in the bypass mode with 2V applied at the gate 
terminal. It is zero-biased (Vds=0) for maximum 
linearity and minimum insertion loss. Good input and 
output return loss in both amplifier and bypass modes 
are needed to preserve the same filtering 
characteristics of the filters preceding and following 
the LNA in different operating modes. 


Fig. 2 Schematic of LNAI 


To achieve this, optimization has to be done on 
selecting proper biasing current for the NPN and 
proper device sizes for both FET and NPN. For the 
NPN transistor, higher current increases the gain and 
linearity but at the expense of higher noise figure. For 
the FET switch, larger device size offers lower 
insertion loss but has higher parasitic capacitances 
which makes the simultaneous matching in both 
modes more difficult. Another drawback of a larger 
FET is increased source-drain capacitance which 
degrades the active mode reverse isolation. HP MDS 
is used to simulate and optimize the circuit to meet the 
CDMA requirements. With proper selection of bias 
current, NPN size, and MOSFET size, the simulated 
results in Table 2 were obtained. 


Simulated Performance 
Gain (8) 22 
Noise Figure (dB) max 


Table 2. LNA1 Simulation Results for Both Modes. 


The LNA exhibits good return losses in both 
amplifier and bypass modes. With the help of the IP3 
boost circuitry introduced in the previous section, 
the IP3 of the LNA was boosted from +3dBm to 
+12dBm, which offers more margin on performance 
over temperature and process variations. The design 
is implemented in Motorola’s CDRIBiCMOS 
technology and packaged in Micro-8 package for 
evaluation. The measured results are presented in 
Table 3. 


Measured Performance 
ACTIVE 


Gain (5) 
Noise Figure (dB) max : 
Input return loss (dB) 


2 
2 


Table 3. LNA1 Measured Results for Both Modes. 


The measured gain is lowered than expected and 
the noise figure is also higher. The isolation is also 
lower than expected. The discrepancies can be 
explained by higher bondwire inductance at the 
emitter terminal and higher emitter resistance. 
Nevertheness, the input and output return losses are 
better than —10dB for both active and bypass modes. 
The performance of the circuit is still very acceptable 
in most applications and is particularly attractive for 
CDMA usage due to its high IP3 performance in both 
modes. 


Integrated Transformer 

A layout of the 1900 MHz 1:1 copper transformer is 
shown in Fig. 3. The transformer consists of three 
windings for the primary and three for the secondary. 
A center tap is placed on the secondary to allow bias 
injection for the mixer. The four port s-parameters 
were obtained from an HP Momentum simulation. The 
equivalent inductance for the primary and secondary 
are 4.7 nH and the coupling coefficient is 0.86. A 
small capacitance connected across the primary and 
secondary is required to tune the transformer to the 
desired operating frequency. Figure 4 shows the 
simulated s-parameters with 1pF matching 
capacitance. 
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Fig. 3. 1900 MHz Copper Transformer Layout 


Fig. 4. Simulated Transformer S-Parameters. 


LNA2 / Mixer Design 

A schematic of the LNA2 is shown in Fig. 5. Design 
goals are different from LNA1. Lower gain and IP3 are 
permitted (see Table 1) but higher integration is 
desired. Referring to Fig. 5, key elements in the design 
are the bypass MOSFET, a load switch comprised of 
M2 and RO, and a 1:1 copper transformer which 
provides a differential output to drive the 100Q 
double-balanced mixer. 

In the active mode, Q1 is biased at 2 mA, M1 is 
turned off and the load switch (M2) is turned on. The 
input matching components L1 and Cin, function as a 
step up impedance transformer, transforming from 50 
to 10002. Cin represents the combined capacitance 
from M1, Q1, the bond pad and ESD. The load switch 
is critical feature; it lowers the amplifier output 
impedance to 100, matching to the mixer’s 
differential input impedance. 

In the bypass mode, M1 is turned on and Q1 and 
M2 are turned off. The 100Q impedance at the base of 


Q1 is presented to the transformer primary through 
the low on resistance of M1 (3Q typical). Simulated s- 
parameters for both modes is shown in Fig. 6. 


Fig. 5. LNA2 Schematic. 
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Fig. 6. LNA2 Simulated S-Parameters for Both Modes. 


The double-balanced mixer is a typical Gilbert cell 
with an integrated LO buffer amplifier. A schematic is 
shown in Fig. 7. A common emitter topology is 
chosen for higher power gain and low noise figure. 
Normally, this topology suffers from degraded IP3 
compared to the common base. In our case, the 
transformer secondary inductance effectively shorts 
the mixer RF inputs together at low frequencies thus 
attenuating the low frequency f,-f, term. Furthermore, 
the center tap allows the connection of an external 
capacitor to attenuate any common-mode f-f;. The 
integrated transformer, therefore, increases the 
dynamic range of the mixer.The design is packaged in 
a MLP20 package for evaluation. The measured 
results for 900MHz is presented in Table 4. The 
cascaded gain at high gain mode is on target while the 
noise figure is higher than expected. Good input 
return loss is maintained for both modes that proves 


214 


the concept of having a switched load placed 
between the LNA and mixer. 


Measured Performance 


High Gain 


Input IP3 (dBm) 
Current (mA) max 
Table 4. LNA2/Mixer Measured Results. 


i] 
: 
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Abstract—This paper presents a new algorithm and structure that 
is to be used in conjunction with a specially modified CMOS 
Gilbert cell mixer to remove the time-varying DC offsets in direct 
conversion mixers. In contrast to other work published, in our ap- 
proach the DC offset is detected at the output of the mixer using 
a dedicated crude ADC and then the offset is tracked using a low 
gate count digital structure. The estimated offset is then used to 
cancel the offset in the mixer by dynamically adjusting the bias of a 
specially modified Gilbert cell mixer. This prevents saturation and 
desensitization of the analog downstream stages. The presented ap- 
proach is suitable for TDMA as well as continuous reception tech- 
niques such as W-CDMA and FH-SS while being fully integrable 
on-chip. 


I. INTRODUCTION 


HE explosive growth in the demand for wireless 

products in recent years has resulted in intensify- 
ing efforts to develop single chip transceiver designs 
to reduce cost, power consumption and size. Of the 
many proposed architecture, direct conversion is perhaps 
the most promising architecture for low complexity, low 
power and low cost monolithic integration. In addition, 
direct conversion receivers are also well suited for use as 
an analog front end in software radio designs. However, 
the promise of direct conversion has thus far been limited 
because of the problem of the large, time-varying offsets 
created in the mixer as a result of self-mixing products. 
Self-mixing arises from insufficient on-chip isolation be- 
tween the local oscillator (LO) port of the mixer and the 
input of the low noise amplifier (LNA). The resultant 
DC offset can be divided into a static and a time-varying 
component. Coupling of the LO to the LNA and RF port 
of the mixer causes static or fixed offset, also called LO 
self-mixing. When a strong interferer leaks from the RF 
to the LO port (interferer self-mixing) or the LO cou- 
ples to the antenna, radiates and then reflects off moving 
objects back to the antenna, a time-varying or dynamic 
offset is created in the mixer. The DC offsets created at 
the output port of the mixer are often 20 to 30dB larger 
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than the desired signal level [1]. 


Approaches to remove the offset have so far mostly 
been focused on three methods. For modulation formats 
that have no or little spectral power at DC, AC coupling 
at the mixer output, or at some downstream stage, can be 
used to remove the offset. To avoid unacceptable distor- 
tion due to tracking the lower frequency spectrum of the 
signal, the AC coupling requires large capacitor values 
that are not realizable on-chip [2], [3]. Additionally, AC 
coupling using large capacitor values often results in a 
failure to track fast variations in the offset voltage. 

The second common approach to remove offsets is 
to apply digital cancellation algorithm to the sampled 
signal before the decision device [4], [5]. In this ap- 
proach the offset is detected and removed digitally by 
time-averaging or by using more complex methods such 
as differentiating the received signal [4]. However, digi- 
tal cancellation requires the analog baseband stages fol- 
lowing the mixer to have enough spurious-free dynamic 
range (SFDR) to tolerate the DC offset. It also requires 
more bits (as many as 5 or 6 more bits) in the ADC to 
achieve the same sensitivity and bit error rate (BER) as 
when the offset is not present. 

For wireless standards that incorporate time-division 
multiple access (TDMA) another method has been pro- 
posed [1]. In TDMA each mobile periodically enters an 
idle mode so as to allow other users to communicate with 
the base station. This idle time can be used to measure 
the offset and subtract the value during the reception of 
the next burst. This approach only works if the offset can 
be assumed constant during the reception of at least two 
bursts (the burst used to measure plus the consecutive re- 
ception burst). For GSM the time-variance of the offset 
due to fading is up to around 200Hz and can therefore be 
neglected due to the short burst time of 577s. But for 
the case of two unsynchronized TDMA system another 
problem occurs. During the reception of a burst, the burst 
of an alien system can start. This causes a jump change 
in DC offset due to interferer self-mixing. Measuring the 


offset during idle time can therefore not provide an accu- 
rate offset measurement. 

To develop a robust monolithic direct conversion re- 
ceiver new methods to remove the offset must be found. 
The approach that we propose in this paper is a digi- 
tally controlled analog cancellation technique. A first 
approach in this direction was presented in [6]. In our 
approach, we stress that the analog offset cancellation in 
the mixer does not need to be perfect (we strive only to 
eliminate desensitization) — fine tuning the offset cor- 
rection will occur in the digital domain before the deci- 
sion device using methods such as those presented 1n [4] 
and [5]. 


II. ADAPTIVE OFFSET CANCELLATION 


To avoid having to overdesign the analog baseband 
stages (to tolerate the offsets), it is best that adaptive can- 
cellation takes place at the point of origin of the offset, in 
the mixer. As mentioned before our goal is to suppress 
the offset down to the minimal detectable signal level, 
which can be up to 30dB smaller than the offset. 

The cancellation circuitry is shown in figure 1. The 
output of the mixer is sampled by a dedicated ADC. Us- 
ing the dual-loop algorithm described in section IV the 
time-varying offset is detected in the digital domain and 
then used to cancel the offset in the mixer. Using a ded- 
icated, coarse ADC to sample the mixer output instead 
of measuring the offset at the decision device, seems to 
require an unnecessary increase in complexity. However, 
there are two reasons for our approach: First, it decreases 
the feedback delay and thus improves the reaction time 
to jump changes in offset. Second, the additional ADC is 
decoupled from the downstream stages, especially from 
the AGC. This largely simplifies the overall design of the 
receiver. In addition, the method presented here is also 
applicable to spread spectrum modulation techniques as 
it measures the offset directly at the mixer output. 

For our approach to be attractive, the digital offset es- 
timation and the cancellation mixer must be simple. The 
following two sections describe the offset cancellation 
mixer and the offset detection algorithm, although the 
focus of this paper is on the digital detection algorithm. 


cancellation mixer 


Dual-loop 
algorithm ADC i 


DAC 


Fig. 1. Receiver chain with cancellation mixer. 
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III. OFFSET CANCELLATION MIXER 


Our design for the CMOS offset cancellation mixer is 
based on a standard Gilbert cell mixer. The double bal- 
anced structure provides high port to port isolation and 
rejects common mode digital clock noise. But the mixer 
can still generate large offset currents, due to reasons 
stated earlier. However, by digitally controlling the bias 
of the active loads we can produce cancellation currents 
equal to the offset currents. Ideally, this will prevent 
offsets from appearing at the differential output of the 
mixer. A detailed description of our offset cancellation 
mixer can be found in [7]. Presently, we are in the pro- 
cess of taping out a first prototype in the MOSIS TSMC 
0.35ym process. The prototype will allow us to verify 
our approach. In the next section, we describe the jointly 
designed digital correction algorithm. 


IV. DUAL-LOOP ALGORITHM FOR OFFSET 
DETECTION 


Simple time-averaging of the mixer output signal to es- 
timate the offset is inadequate due to the time-varying 
nature of the offset. The adaptive offset measurement 
approach presented in this paper is based on a dual-loop 
(modified gear shifting) algorithm as shown in figure 2. 

Our system, which is similar in idea to a dual loop 
PLL, works as follows. The input to the ADC is the 
data signal plus offset. However for our estimation, we 
note that the “desired” signal is the offset and that the 
data signal is “noise”. This ADC is designed to only re- 
spond to the offset when it is “large’’, which results in an 
ADC with fewer bits of resolution. The ADC samples 
are used to generate two estimates of the offset. The first 
estimate, called the “acquire” estimate, is a wideband 
(short average) estimate. The second estimate, called 
the “track” estimate, is a narrowband (long average) fine 
estimate. Important is that we use the same filter struc- 
ture (with different parameters) to perform our estimates. 
The way the algorithm/structure works is that if the dif- 
ference between these two estimates is reasonably close 
then the long-term “track” estimate is used as the offset 
estimate. However, when there is a jump change in the 
offset (someone grabs the antenna or turns on a device 
with a large amount of LO radiation, etc.) then the differ- 
ence between the “‘acquire” and the “track” estimates will 
be quite large. This causes two things to happen. First, 
the output of the dual-loop is switched from “track” to 
“acquire” (fine to coarse). Second, the track estimator’s 
data history is reset to the coarse estimator’s data history 
to “trick” into thinking it has been tracking the new value 
all along. Thus, our system has excellent noise rejection, 
via the fine estimator, but can also react quickly to jump 
changes in the offset. 

Writing the two linear constant-coefficient difference 
equation of the causal track and acquire filter in the most 


Acquire 
(fast) 


Threshold value 


Fig. 2. Block diagram of dual-loop algorithm. 


general form, we have: 


M N 

ya(n] = S > baialn =U a So aaeya [n — k] (1) 
=O0 k=1 
M N 

9r(n] = S_ bria(n a So areyrin — k] (2) 
1=0 k=1 


Where ya|n] represents the acquire filter output and 
Yr|n] represents the intermediate track filter output. To 
make it feasible to switch data histories during a jump 
we must make sure that N is the same for both filters and 
that M is the same for both filters. 

As described above, the track filter of the dual-loop al- 
gorithm gets reset to the acquire filter states as the differ- 
ence between the two filter outputs becomes larger than 
a preset threshold value A. The output of the track filter 
and the filter states are therefore defined as followed: 


yr(n] 
gr[n — 1] 
: » |yaln]—gr[n]|< A 
yt (n] : 
yr[n — 1] yr[n — N] 
. ya[n] 
yr[n — N] ya(n — 1] 
, otherwise 
yaln =| 


(3) 


A successful implementation of the dual-loop ap- 
proach is based on the filter parameters and the thresh- 
old value that is used to compare the difference in fil- 
ter output to and decide about a possible track filter re- 
set. As mentioned before, the goal is to remove static 
and time-varying offset down to the level of the desired 
signal power. Sufficient offset suppression can only be 
achieved if the threshold value is chosen to be around 
the peak value of the acquire filter output due to the de- 
sired signal. If the threshold value is chosen to small, the 
dual-loop starts tracking the desired signal by constantly 
resetting the slow filter to the value of the fast filter. This 
has the same effect as having a simple LP filter to detect 
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the offset with the bandwidth of the acquire filter and re- 
sults in unacceptable corruption of the desired signal. If 
the threshold value is to chosen large, jump changes in 
offset are not detected which makes it impossible to sup- 
press the DC down to the signal level. As the desired 
signal power varies with distance to the transmitter and 
due to fading, the threshold value can not be chosen at a 
fixed value. A coarse signal power detector is needed to 
constantly adjust the threshold value. 

There are several tradeoffs for choosing the filter pa- 
rameters of the acquire and the track filter. The band- 
width of the track filter has to be chosen such that no 
additional bit errors occur if no offset is present and only 
the track filter is active. To achieve fast compensation of 
rapid changing offsets, the bandwidth of the acquire fil- 
ter has to be large. But this makes the acquire filter more 
sensitive to noise and produces large overshoots during 
track filter resets as the acquire filter no more provides a 
fast offset estimate but tracks the signal. Another prob- 
lem occurs if the ratio between the track and the acquire 
filter bandwidth is too large. The track filter can end up 
being reset when there is no offset jump due to the steady 
state error between the estimates. The above discussion 
shows that the filter parameters have to be optimized for 
a specific modulation scheme and signal bandwidth. 

In a TDMA receiver the dual-loop approach could be 
applied differently to remove jump changes in offset oc- 
curring in unsynchronized TDMA systems. If we assume 
that the offset due to LO leakage is constant during a 
burst, we are left with a single jump change in offset. 
Instead of using the dual-loop to track the offset, we can 
now use it to detect the offset jump. Subtracting the time- 
average from the beginning of the burst up to the time 
of the jump change from the first part of the burst and 
doing the same to the second part of the burst after the 
jump provides a nearly perfect offset removal. The per- 
formance is only limited by the time it takes to detect the 
jump change. No distortion is introduced by the track or 
acquire filter. 


V. SIMULATION RESULTS 


We have simulated our dual-loop algorithm using Matlab 
and Simulink. In our simulation the offset at the output 
of the mixer is modeled as a DC, that experiences jump 
changes. The jump changes occur at random time inter- 
vals that follow a poisson distribution with a mean value 
of Sms, implying an average of 200 rapid offset changes 
per second. The offset value is uniformly distributed be- 
tween +0.3mV around a static offset of 2.7mV, account- 
ing for a static and time-varying offset value at the out- 
put of the mixer. Jump changes in the offset occur with 
a finite transition time of Sys, which reflects a typical 
warm-up time of a adjacent transceiver and this is as- 
sumed to cause the most rapid offset change. The desired 


WAC coupling 


Fig. 3. BER performance for time-varying offset. 


BPSK signal at the output of the mixer is pulse-shaped 
with a root-raised cosine filter (a=0.5) and has a bitrate 
of 200kbps. We test the performance of a dual-loop al- 
gorithm with first-order IIR filters for the expected worst 
case, when the desired signal power at the mixer output 
without cancellation is 30dB below the offset. 


The desired signal with the superimposed offset is fed 
into the dual-loop algorithm as shown in figures | and 2. 
The dual-loop algorithm estimates the offset and feeds 
the value back into the cancellation mixer where it is 
subtracted from the mixer output signal. The signal with 
its coarsely removed offset is then LP-filtered, amplified 
and sampled by the 5Bit ADC of the decision device. 
Once sampled, the residual offset is removed by subtract- 
ing the time-average of the offset at the decision device. 
The BER curve for the simulation is shown in figure 3. 
The BER of 107? was degraded by about 1dB, while at 
2-107 3 the BER was degraded by 2dB. The convergence 
of the curve to around 10~8 is due to the bit errors that 
occur during transition for any rapid change in offset. 
Having 200 rapid offset changes per second and a bi- 
trate of 200kbps we can see that the dual-loop approach 
compensates jump changes in offset within around one 
bitperiod which results in a BER floor of 1073. The 
minimum compensation time is limited by the transition 
time of the offset. So for the simulation shown the max- 
imum offset transition time (Sys) is equal to a bitperiod. 
A correction time of one bitperiod is therefore the min- 
imal compensation time possible. A better performance 
can only be achieved if the bitperiod is a multiple of the 
offset transition time. Comparing our results with other 
methods shows that AC coupling provides an unaccept- 
able BER performance due to the time-varying character 
of the offset as predicted in section I. Using only digital 
cancellation results in a BER performance that is about 
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3dB worse at 10~? than the value seen with the dual- 
loop approach due to desensitization of the ADC. How- 
ever, this performance for the digital cancellation is only 
achievable if all the analog baseband stages following the 
mixer can tolerate the large time-varying offset. 


VI. CONCLUSION 


Our new approach shows good performance up to a BER 
of 2:10~3. Improvement in correction time and therefore 
in the BER can only be achieved if the databit period is 
larger than the transition time of the offset change. Oth- 
erwise a loss of at least one bit per jump change has to 
be tolerated. 

By combining our technique with convolutional chan- 
nel coding we should be able to correct for one or two 
consecutive bit errors and lower the BER floor to values 
below 1073. A performance that can not be achieved 
with conventional LP filtering and convolutional coding 
as errors occur in large bursts during rapid DC offset 
changes. 

An interesting approach for removing offset jump 
changes within a TDMA burst caused by unsynchronized 
systems are briefly described in section IV. The dual-loop 
approach could thereby be used as an offset jump detec- 
tor rather than to track the actual offset. 

We plan to implement our dual-loop algorithm in an 
FPGA and this together with the test chip for the can- 
cellation mixer chip will allow us to test the presented 
approach and give us greater insight in the time-varying 
behavior of offsets in direct conversion mixers. 
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Abstract 


A 900MHz balanced harmonic mixer for direct conversion receivers is fabricated in a 0.35 \um standard digital CMOS 
process. The self-mixing-induced DC offset is about 44dB lower than that of the conventional mixer. The input- 
referred offset is reduced to the noise level. Specific techniques on flicker noise reduction are also discussed. At 3V 
power supply and -15.4dBm LO power, it achieves 13 dB conversion gain, 24.5dB noise figure at 10 kHz, -10 dBm 
third-order input intercept point and +36 dBm second-order input intercept point. The total power consumption is 


about 5mW. 


I. Introduction 


In recent years direct conversion architecture has gained 
much attention as a possible solution for a single-chip 
radio due to its low power, low complexity and easy-to- 
integrate properties. However, there are various design 
issues to be resolved, among which the DC offset 
generated by self-mixing and the flicker noise are the 
most critical. As most modulation schemes contain 
significant DC and low frequency components, base 
band offset cancellation is generally not a viable option, 
especially in the case of narrow band modulation. The 
bipolar balanced harmonic mixer proposed by _ T. 
Yamaji[1] has the ability to reduce the offset down to the 
noise level. Nevertheless, no CMOS counterpart of this 
bipolar design has been reported in the literature. The 
dynamic matching technology proposed by E. 
Bautista[2] helps improve IIP2 and reduce flicker noise 
but the DC offset problem still exists. In this paper, a 
novel CMOS harmonic mixer with a unique working 
principle for the DC offset and flicker noise reduction 
will be introduced. 


II. Circuit Principle 


The self-mixing mechanism is illustrated in Fig. 1 where 
the LO leakage reflected back from the antenna, together 
with the amount of LO signal directly coupled to the 
input ports of the LNA and the mixer, is down converted 
to DC and becomes an offset. It is exacerbated when the 
reflection coefficient of the antenna varies with the 
environment. 


The problem arises because the RF carrier and the LO 
signal are running at exactly the same frequency as 
shown in Fig. 2(a). For the harmonic mixing shown in 


0-7803-6267-5/00/$10.00 ©2000 IEEE. 219 


LO Leakage DC Offset 


LO Signal 


Figure 1 Self-mixing problem caused by LO leakage 


Fig. 2(b), it is the second harmonic of the LO signal that 
takes part in the mixing process. As a result, the LO 
leakage generates no DC component but an output which 
is still situated at the LO frequency and can be easily 
filtered out. 


RF Signal 


Visit h flo=frf 


RF Signal 


BB Signal 


LO Leakage I/f noise 
Fh , . (b) 
° f=0 f-flo 


IEC Gi 
2flo 
Figure 2 Working principles of (a) the conventional mixer 
and (b) the harmonic mixer 


A CMOS balanced harmonic mixer which achieves a 
comparable performance to the bipolar version is shown 


in Fig. 3. The second harmonic is easily obtained 
because of the inherent square-law operation of the 
CMOS transistor. The LO stage is actually a squaring 
cell which converts the differential LO voltage to the 
time-varying current which contains the second 
harmonic. In principle, the fundamental and all odd 
harmonics of the LO will be cancelled out at the 
connected drain terminals and the DC offset problem 
will be mitigated. 


Figure 3 CMOS harmonic mixer with current injection 


Flicker noise is another big problem in direct conversion 
receivers. Experimental results in Fig. 4 show that there 
is a minimum point for input-referred flicker noise, 
which is consistent with [3]. When the transistor size is 
increased, however, it is found that the optimal point 
moves towards the weak inversion region. To reduce the 
flicker noise, the RF part can be biased near this region. 
At a biasing current, a larger W/L ratio drives the device 
toward the moderate or weak inversion region. This is 
very different from conventional mixers and offers the 
following advantages: the gain will be increased because 
transconductance increases with the W/L ratio and the 
maximum value will be achieved in this region; the 
thermal noise will be decreased; the 1/f noise will also 
decrease because of the large transistor size and it is near 
the optimal region; the inductive load of the LNA can be 
smaller; and fy; of the device will not degrade too much. 


The objective of the injected current Ip in Fig. 3 is to 


reduce the current in the two upper transistors driven by 
the RF signal. This helps reduce the //fnoise of the upper 
transistor pair, which is the main noise contributor. 
Besides the optimal flicker noise bias point, the noise 
reduction also comes from the increased ratio of RF/BB 
gain to BB/BB gain. The injected current itself will not 
introduce noise in this balanced structure. Unlike the 
normal Gilbert-type mixer, the two RF transistors 
change their currents simultaneously and any noise at 
their common source node will be completely cancelled 
out at the differential output. At the same time, the load 
of the mixer can be increased to raise the mixer 
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Figure 4 Measured input referred flicker noise versus bias 


conversion gain. This method is also compatible with the 
low voltage application as there are only three stacked 
transistors. With the help of the injected current, more 
than 20dB noise improvement can be achieved. 


III. Measurement and Discussion 


Fig. 5 gives the mixer measurement setup. A differential 
dynamic signal analyser, SR780, is used to measure the 
signal and noise spectrum. The low frequency buffer is 
fabricated together with the mixer on the chip and one 
individual buffer is also fabricated for deembedding and 
calibration. 


Signal 
Generator 1 
Power 
Combiner 
Signal 
Generator 2 


Signal 
Generator 
Figure 5 Mixer measurement setup 


Fig. 6 shows the mixer conversion gain and offset 
cancellation ability. When measuring the LO leakage 
gain, a signal at the LO frequency rather than the RF 
frequency is used as the input. Ideally this gain is zero 
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but there will be a finite value caused by on-chip device 
and off-chip component mismatch. When the LO power 
increases, the contribution of the device mismatch is 
less, and there is more improvement in the offset 
cancellation. Conversion gain also improves with LO 
input power due to increased current. At -15.4dBm LO 
power delivered to each side of the LO port, 37.5dB 
offset cancellation is achieved. With the lower LO 
frequency, harmonic mixing also renders a higher LO to 
RF port isolation. Assuming a 20dB per decade roll off, 
a 6dB improvement is gained. With this advantage, the 
offset performance of our mixer will be 44 dB better than 
that of the conventional one. More improvement can be 
achieved with an integrated differential local oscillator. 
Assuming 50dB LO to RF port isolation at 450MHz, 
with -15.4dBm LO input, the effective DC offset at the 
input of the mixer is about -97dBm, below the noise 
level at 200kHz noise bandwidth if LNA provides 20dB 
gain and SdB noise figure. 
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Figure 6 Offset cancellation (When measuring the LO leakage 
gain, a signal at the LO frequency rather than that at the RF 
frequency is used as the input.) 


In Fig. 7 the conversion gain with respect to the injected 
current and LO power is plotted. The RF gain increases 
with the injected current until the device is pushed into 
the weak inversion where the square law relationship 
does not hold any longer. The higher the LO power, the 
larger the conversion gain. 


However, the linearity degrades with the injected 
current, as shown in Fig. 8, due to the lowered effective 
gate voltage of the RF stage and smaller headroom with 
larger resistor load. When LO power increases, linearity 
also degrades. This occurs because the voltage drop on 
the resistor load increases with LO power and the 
headroom of the transistor becomes smaller. Therefore, 
there is a trade-off between conversion gain or noise and 
linearity. Fortunately, most receivers are using 
frequency or phase modulation and for this kind of 
system, usually the linearity requirement is not so 
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Figure 7 Measured conversion gain 


stringent and some compromise can be made. 
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Figure 8 Measured input referred IIP3 


The measured input-referred IP2 and IP3 under the best 
noise performance are shown in Fig. 9. IIP2 is important 
for direct conversion receivers. In addition to well- 
matched devices, it can be further improved by adding 
some auxiliary circuits to compensate for the mismatch 
as done in [4]. 
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Figure 9 Measured IIP2 and IIP3 performance 
In Fig. 10 the noise performance of the harmonic mixer 


is provided. With the current injection technique, the 
noise is greatly reduced. As expected, this is due to a 


lowered flicker noise level in the moderate inversion 
region and the increased RF signal gain to feed through 
gain ratio. Increased LO power also greatly improves 
noise performance because the conversion gain 
increases with the LO power. The output noise spectrum 
density is shown in Fig. 11. Flicker noise is obviously 
dominant. 
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Figure 10 Measured noise figure versus injected current and 
LO input power. 
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Figure 11 Mixer output noise spectrum density 


The die photo of the CMOS harmonic mixer is shown in 
Fig. 12 and its performance is summarized in Table 1. 


IV. Conclusion 


In conclusion, the proposed CMOS harmonic mixer 
achieves the goal of DC offset free with the additional 
advantages of low complexity, low power consumption 
and low LO driving power. Two main problems in direct 
conversion receivers are alleviated. It is suitable for low 
cost highly integrated direct conversion receivers. 
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Figure 12 Die photo of the CMOS mixer 


Table 1: Summary of Measured CMOS Harmonic 
Mixer 


-15.4dBm 


References 


[1] T. Yamaji, H. Tanimoto, “A 2GHz Balanced Har- 
monic Mixer for Direct-Conversion Receivers,” 
Proc. of IEEE Custom IC Conf., pp9.6.1-9.6.4, 
May, 1997. 

[2] E. Bautista, B. Bastani, J. Heck, “Improved Mixer 
IIP2 Through Dynamic Matching,’ I[SSCC’2000, 
WP23.1, Feb., 2000. 

[3] J. Chang, A. Abidi, C. Viswanathan, “Flicker Noise 
in CMOS Transistors from Subthreshold to Strong 
Inversion at Various Temperatures,’ JEEE Trans on 
Electron Devices, vol. 41, No. 11, pp.1965-1971, 
Nov., 1994. 

[4] T. Yamaji, H.Tanimoto, H. Kokatsu, “A I/Q Active 
Balanced Harmonic Mixer with IM2 Cancelers and 
a 45° Phase Shifter?’ JEEE Journal of Solid-State 
Circuits, vol. 33, No. 12, pp.2240-2246, Dec., 
1998. 


3V 


222 


0-7803-6267-5/00/$10.00 ©2000 IEEKE. 


Novel Indirect-Conversion Transceiver Architectures Using Phantom Oscillators 
Leonard MacEachern, Tajinder Manku 
RF Technology Group, University of Waterloo 
Waterloo, Ontario, Canada 


Abstract 
An integratable transceiver architecture utilizing a new spread 
spectrum local oscillator technique is presented. In this type of 
transceiver architecture, the effects of two or more spread- 
spectrum oscillators combine to produce a desired “phantom” 
oscillator useful for frequency translation. The phantom oscillator 
technique is particularly applicable to the up-conversion and 
down-conversion paths in integrated transceivers, since spread- 
spectrum oscillator leakage does not create problematic DC off- 
Sets. 
Introduction 

‘Ad ee integration of traditional high-frequency transceiver 

architectures in modern commodity processes requires an un- 
wanted quantity of discrete support components. Traditional trans- 
ceiver architectures, such as the heterodyne type, demand high-Q 
components that are not easily integrated in standard low-cost Bipolar, 
BiCMOS, and CMOS technologies. High-Q components are therefore 
placed off-chip. Typical consequences of not containing the entire 
transceiver signal path within the IC include increased IC pin counts, 
increased signal power loss, increased IC power requirements, re- 
duced SNR, poorer NF, and increased manufacturing cost and com- 
plexity. 

Since the heterodyne architecture is generally not amenable to com- 
plete monolithic integration, alternative topologies have been 
considered. In particular, direct conversion receivers are considered a 
good candidate for RFIC applications [1,2]. 


Direct Conversion 
The Direct Conversion Receiver (DCR) offers a distinct advantage 
over the conventional heterodyne receiver, that being the avoidance of 
image frequencies. Since the IF frequency is zero, there is no image 
band and an integratable LPF can select the desired channel at base- 
band. The need for external high-Q filters is removed and the signal 
path remains on-chip. 

Regrettably, even advocates of the DCR method acknowledge that 
there are several fundamental problems associated with direct conver- 
sion receivers [3]. Of-cited problems encountered in direct conversion 
receiver implementations include I/Q mismatch, even-order distortion, 
1/f-noise, and DC offsets. From these four problems, the effects of 
DC offsets prove to be especially challenging. 


A. DC Offsets in Direct Conversion Receivers 

A significant problem with the DCR approach is in differentiating the 
low-frequency information contained in the baseband signal from the 
DC levels created via non-idealities in the direct conversion process. 
Local oscillator leakage and intermodulation product interferers are 
especially troublesome since they are largely unpredictable and gener- 
ally time varying. The major leakage paths in a DCR are shown in 
Figure 1. Local oscillator power leaking to the RF input then reflecting 
back from the antenna will result in DC levels at mixer outputs be- 
cause it is essentially mixed with “itself” at the front-end mixer. The 
potentially large, time-varying DC levels are superimposed on the 
low-amplitude, low frequency baseband signals of interest at the out- 
put of the conventional DCR mixer stage. Another mechanism by 


which DC levels may be created at the mixer output is via leakage of 
large nearby channel interferers into the local oscillator port of the 
front-end mixer, followed by self-mixing down to DC. 

The removal of the DC levels is presently accomplished through 
several non-ideal techniques. DC levels may be removed by capacitive 
coupling, at the expense of loss of some of the signal content near zero 
frequency. However, the size of the capacitors are large, prohibitively 
so when considering implementing an integrated DCR, in order to 
keep the low frequency signal loss to a minimum [3]. Concurrent with 
the removal of signal energy near DC is an increase in BER. The se- 
verity of the increase is dependent upon the transmission modulation 
and signal coding, since some modulation techniques place no infor- 
mation bearing signal energy at DC (i.e. FSK) [4]. 

Several attempts have been made to remove the DC offsets by using 
adaptive feedback structures that time-average the suspected offset 
value and subtract the corresponding amount from a convenient point 
along the receive path [5,6]. While feedback-based DC-offset reduc- 
tion techniques have certainly met with success, they are still not the 
definitive solution for the problem of DC offsets. For example, the 
feedback circuitry and DC offset measurement circuitry both add an 
increased level of complexity to the design. Since the DC offsets and 
near DC offsets may be indistinguishable from the desired data, some 
amount of training time is normally required on a periodic basis so 
that the DC offset can be safely calculated and subsequently removed 
from the signal. Depending on the transmission format, this may not 
be possible. Additionally, if a long-term average of the DC offset is 
used to estimate how much offset must be subtracted from the input, 
then the feedback mechanism's response time is degraded and the 
technique cannot cope with rapid variations in the DC offset level. 


Indirect Conversion 
Direct conversion receivers offer a high level of integration but suffer 
from DC offsets due to local oscillator leakage into the front-end. 
Additionally, 1/f-noise corrupts the downconverted signal at baseband. 
Flicker noise is most noticeable in CMOS implementations, since the 
1/f-noise corner frequency can easily extend to IMHz for CMOS 
devices. 

Indirect conversion, as presented here, is similar to direct conver- 
sion in that the output of the mixing stage contains the desired signal 
translated to baseband, but with two fundamental advantages: (a) any 
local oscillator leakage into the RF band appears as a spread spectrum 
signal to receivers; (b) there is an inherent avoidance within the signal 
path of 1/f-noise. The new topology provides two basic advantages 
over a heterodyne topology: (a) it removes the requirement for a sec- 
ond local oscillator in the superheterodyne system; (b) it removes the 
requirement for an external IF filter. Indirect conversion is performed 
using “phantom oscillators”, whose features will be explained shortly. 

As shown in the next section, the phantom oscillator technique 
combines features found in chopper-stabilization amplifiers and 
spread-spectrum communication systems. 


A. Spectral Shaping Techniques 
Before describing the phantom oscillator topology, it is mstructive to 
consider another technique used for many years in the design of preci- 
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sion DC operational amplifiers. The technique is known as chopper 
stabilization and aids in the reduction of 1/f-noise and DC offsets 
appearing within the baseband signal bandwidth. The fundamental 
operation of chopper stabilization is shown in Figure 2. As shown in 
the figure, after the first mixer, the signal power is modulated and 
translated to the harmonic frequencies of the chopping signal. Note 
that the high-frequency noise added after the first mixer, particularly 
1/f-noise far from DC, is generally of lower power than the noise ex- 
isting at baseband. At the second mixer, the desired signal is demodu- 
lated but the noise is then modulated. The chopper stabilization tech- 
nique therefore results in equivalent input noise spectrum as shown in 
the figure. The majority of the 1/f-noise components are shifted to the 
odd harmonic frequencies of the chopping square wave and the 1/f- 
noise density at low frequencies is equal to the aliased noise from 
those 1/f-noise components at the harmonics. If the chopper frequency 
is chosen such that it is much higher than the signal bandwidth, the 
1/f-noise in the signal band is reduced by the use of this technique. 

Another technique often used in modern communications systems 
that is helpful in understanding the operation of the phantom oscillator 
method is the spread-spectrum technique. The essence of a spread 
spectrum communications system is the action of expanding the signal 
bandwidth in accordance with a spreading code, transmitting that 
expanded signal, and then recovering the desired signal by re- 
constructing the received spread-spectrum signal into the original 
information bandwidth by application of the de-spreading code. The 
purpose of this bandwidth trade-off is to allow the system to deliver 
error-free information in a hostile signal environment. Designers of 
spread-spectrum systems talk of “processing gain”, Gp, in which the 
processing gain is given by G, = BW,,/BW,,, which is the ratio 
between the transmitted bandwidth and the required baseband band- 
width. A general trade-off in spread-spectrum communications sys- 
tems is bandwidth versus processing gain, and hence signal to noise 
ratio at the receiver output. 


B. Phantom Oscillator Topologies 

The generalized phantom oscillator topology is shown in Figure 3. 
In its most general form the phantom oscillator topology consists of 
m parallel signal paths in which each signal path can be modeled as 
n mixers operating in series. The outputs of the m signal paths are 
combined into L output signals via weighting factors. The weighting 
factors may themselves be time varying. 

The fundamental operation performed in each of the phantom oscil- 
lator topology signal paths is that of spectral rearrangement. As the 
signal traverses each path, components of the signal are placed at fre- 
quencies that are dependent upon the particular spread spectrum oscil- 
lators applied to the path. If the spread spectrum oscillators are chosen 
correctly, then by the time the signal has reached the end of a particu- 
lar signal path a significant portion of the desired signal is located at 
the desired frequency. Components of the desired phantom oscillator 
for each branch are therefore “hidden” within the spread spectrum 
oscillators applied to the signal within each branch. The combined 
effect of mixing the input signal with each of the spread spectrum 
oscillators produces an overall frequency translation in accordance to 
the underlying phantom oscillator. A simple example should make the 
concept clear. Suppose two mixers are placed in series as shown in 
Figure 4. At the mixer M1, the LO port signal is PN(t)cos(@,t) and at 
the mixer M2 the LO signal is PN(#) where PN(t) is a pseudoran- 
dom sequence. Since the product PN(t)<PN(f) is unity, the remain- 


ing term is the desired “phantom oscillator’, cos(@,t). The phantom 
oscillator generating functions are chosen based upon two broad, pri- 
mary criteria: 

( Leakage of the spread spectrum oscillators should not cause satu- 
ration or gain compression in the analog stages because of large 
DC offsets produced in the mixers through self-mixing or cross- 
mixing; 

( The signal-to-noise ratio at the output of the analog front-end 
should not be adversely affected by leakage of the spread spectrum 
oscillators into the signal path. 

Much of the theory used to define optimal spreading sequences used 
in traditional spread spectrum architectures can be reused when defin- 
ing the phantom oscillator generating functions. The autocorrelation 
and cross-correlation properties of optimal spreading sequences make 
these sequences ideal for use in a phantom oscillator topology. In 
particular, the theory of syncopated-register generators is particularly 
useful for the present application because it allows the use of two or 
more slow generators to produce high rate sequences [7]. 

Bipolar waveforms are a natural choice for spreading functions, be- 
cause the commutating mixers used in modern transceivers operate by 
periodically inverting their inputs in step with the local oscillator con- 
trol signal. Note that this action is not equivalent to multiplying by the 
local oscillator directly; for example, a purely sinusoidal local oscilla- 
tor will still produce multiple higher frequency harmonics of the input 
when applied to a mixer. 

Ordinarily, mixer operation can be described as 
z = M{[x, y]+ NLT , where x the input signal, y is the local oscillator 


signal, M[x, y] is the mixing function, NLT represents the nonlinear 


related terms produced by the mixer, and z is the output. For illustra- 
tion of the mixing principle, consider the simple commutating type 
mixer in which the signal “y” causes the mixer to periodically invert 
the output with frequency f,, . For simplicity, the nonlinear terms are 


ignored and the output of such a commutating mixer is given by, 


Fete: see | 
M[x, y]=x— cos(27(2k +1 t 1.1 
[x,y] ee Tons (27( \fiot) (1.1) 


in which weighted spectral replicas of the input signal appear at har- 
monics of the switching frequency. 

Undesired signals and noise also receive the same treatment of 
spectral replication at each output harmonic. Undesired signals input 
to the first mixer, such as adjacent channels, are ideally perfectly re- 
constructed at the end of the mixer chain. However, any undesired 
signals introduced to the signal path between the two mixers will be 
spread at each succeeding mixer. This is desirable on a mixed signal 
IC for example, when clocking signals and other substrate noise con- 
taminate the wanted signal. 

Since any noise added to the signal between the first and following 
mixers is mapped onto a bandwidth at least as wide as the bandwidth 
of the oscillator input to the each mixer, a low-pass filter can reject 
almost all of the power of any undesirable signal. This is also the 
mechanism by which process gain is realized in a traditional direct- 
sequence spread spectrum system. 


C. Representative Architectures 

Examples of phantom oscillator-based frequency translators are shown 
in Figure 4 and Figure 5. Figure 4 represents either an up conversion 
path or a down conversion path. The simplest structure consists of 
two mixers in series. For quadrature conversion, two such paths are 
necessary. The combined action of ¢, and @, operating at each 
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mixer creates the phantom oscillator which causes frequency transla- 
tion of the input signal such that the power of the input signal is trans- 
lated according to the dominant tones present in the phantom oscilla- 
tor. Essentially, the product ¢,@, is equivalent to a local oscillator 
acting on a single mixer. 

The radio frequency signal input to the system is denoted by 
x(t) = m(t)cos(@,t)+ ‘¥(¢) . The input contains the wanted baseband 
signal upconverted to RF, and the unwanted adjacent channels plus 
unwanted out of band noise. The goal of the receiver is to take the 
desired signal and translate it down to baseband. At the first mixer, 
M1, the signal is multiplied by a spread spectrum oscillator with the 
spectral properties previously discussed. Mixing the input signal with 
the spread spectrum local oscillator at mixer M1 is similar to the 
spreading operation found in spread spectrum communications sys- 
tems. 

At mixer M2, the output of mixer M1 is multiplied by a second 
spread spectrum oscillator. Three actions are accomplished by mixing 
at the mixer M2. First, aliased terms introduced at mixer M1 are de- 
aliased. Second, the desired signal is de-spread similar to the step that 
occurs in spread spectrum systems. Finally, the mixing at the second 
mixer acts to complete the translation of the desired signal to base- 
band. For the architecture shown in Figure 4, the total output including 
leakage terms is given by 


V(t) = 0, (91+ +4, (x) +4 +97) 
= G10, + 9,0; + O,0,x(0) + 90,9) + 10.0; 
m(t) 
where m(t) is recovered after low-pass filtering the downconverted 


signal. The “prime” mark on the spread spectrum oscillator terms 
signifies that they are both phase shifted and attenuated. 


(1.2) 


‘D. Performance limitations 

Unfortunately, severe aliasing of unwanted signals into the desired 
signal's spectrum can occur for the architecture shown in Figure 4. Ina 
traditional spread spectrum system, the spreading code is applied to a 
band-limited signal. In this application, the spreading signal is applied 
to the entire received signal bandwidth. Aliasing of out of band power 
into the signal spectrum therefore occurs at each mixing stage. In the 
ideal case, the effective combined action of the mixers along each 
signal path removes all aliased power from the bandwidth of the de- 
sired signal. In reality, bandwidth limitations within the analog cir- 
cuitry and finite imbalances in gain and phase matching cause a por- 
tion of the aliased power to remain within the desired signal's band- 
width. 

For example, phasing mismatches of @ at the mixers along a signal 
branch cause glitches to appear in’the output at the corresponding 
points in time. Additionally, the finite switching speed of the circuitry 
used to construct the mixers implies a period of time around the 
switching points for which the output is non-ideal. These output 
glitches may contain significant aliased power depending upon their 
duration in relation to the period of the spread spectrum oscillator. 
Straightforward frequency-domain analysis demonstrates that the 
unwanted aliased power brought to baseband is related to the glitch 
time by, 


x 


P 
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assuming that the aliased noise contributed at each harmonic is uncor- 
related. Therefore the architecture shown in Figure 4 requires both an 
adequate level of prefiltering to reduce the potential aliased power, 


and the ratio t/T should be as small as possible to minimize the ali- 


ased power into the baseband region. Many edge placement tech- 
niques exist that can be used to align the edges of the constituent 
spread spectrum oscillators; the limiting factor is actually the switch- 
ing speed of the devices in the technology. 

Another possibility for reducing the aliased power is shown in Fig- 
ure 5. In this architecture, two parallel branches are used and the same 
phantom oscillator generating functions are applied to the mixers in 
each branch, except in one of the branches the generating functions are 
delayed by at least the “glitch period”. The multiplexer is then used to 
select the branch that is not currently affected by a glitch, since the 
glitches in each branch are out of phase. 


Prototype Description and Conclusions 

The prototype shown in Figures 6 and 7 was designed so that the two 
particular phantom oscillator architectures shown in Figures 4 and 5 
could be tested. The important figure of merit for these architectures is 
the amount of aliased noise brought to baseband. Depending upon the 
t/T ratio achieved, de-aliasing is more successful. For example, a 
wideband noise source was passed through each architecture, and 
spread spectrum oscillators with a fundamental frequency of 20MHz 
were used in the down conversion. The resulting aliased noise power 
was attenuated as much as 47dB down from the high frequency noise 
power, indicating excellent de-aliasing. Since an off-chip source was 
used for these tests, T was the limiting factor and the architecture from 
Figure 5 was found to be superior in this case. 

The architecture discussed in this paper represents a new applica- 
tion of spread spectrum techniques for the implementation of inte- 
grated transceivers. It retains the advantages of a direct conversion 
receiver topology, but alleviates the DC offset problem normally en- 
countered in DCR implementations. 
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Figure 1. Illustration of signal and oscillator 
leakage paths within direct conversion receivers. 


Figure 4. A simple phantom 
oscillator topology. 


f 
Figure 3. The generalized a 


indirect conversion architecture 
using phantom oscillators 
created from spread spectrum 
generating functions. 
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reduce aliased power 
brought to baseband. 


gg866338222 


Figure 6. Microphotograph of prototype chip é 
wirebonded to PCB. The prototype core Figure 7. Prototype internal structure and pin-out. 


corresponds to Figure 7. 
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ABSTRACT 


Out-of-band source impedances have a significant im- 
pact on the linearity of RF power stages. The source-pull 
measurement technique presented in this paper shows 
that linearity improvements up to 8 dB for a CE BJT 
stage can be achieved by providing optimum source im- 
pedance at the envelope frequency. If predistorters are 
used, the memory effects caused by the stage and predis- 
torter can be partially cancelled by providing optimum 
source impedances at different envelope frequencies. As 
a result, the cancellation performance of the predistorter 
will be significantly improved. 


1. INTRODUCTION 


Linearity is one of the key specifications in the power 
stages used in modern telecommunication systems. Usu- 
ally, the linearity specification of such systems is met by 
trading off the efficiency of the stage. This paper 
presents a technique for increasing linearity by optimiz- 
ing the out-of-band terminations of source impedance. 
The measurement technique presented here is relatively 
simple compared to the six-port reflectometer measure- 
ments used by other authors [1] and, more importantly, it 
can be employed for optimizing low frequency envelope 
impedance, an important factor in terms of linearity, as 
suggested in [2,3]. 


2. TERM-WISE PRESENTATION OF IM3 


The 3rd order distortion of a stage is not merely the sum 
of different 3rd order nonlinearity mechanisms, because 
also 2nd order non-linearities have an effect on 3rd order 
distortion. Since these 2nd order non-linearities are af- 
fected by impedances at the frequencies of the 2nd order 
signals, envelope and harmonic impedances also have an 
impact on IM3-distortion [3,4]. 


Fig. la. presents a model of the BJT, while Fig. 1b. 
shows the composition of IM3. In Fig. 1b., the lower vec- 
tor presents IM3 distortion at the base reduced to the out- 
put, and the upper vector presents IM3 caused by 
nonlinear transconductance. Non-linear transconduct- 
ance produces IM3 distortion in three different ways: 
firstly, when a linear input signal at the base mixes with 
the 3rd order non-linearity of transconductance. Second- 
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ly, when other non-linearities cause a low frequency en- 
velope signal at the base which mixes with the 2nd order 
non-linearity of transconductance. Finally, mixing from 
the 2nd harmonic also produces IM3. 


vbe Cbc 


Fig. 1. a) Model of the BJT and b) its IM3-distor- 
tion components reduced to Ic. 


It is interesting to note that transconductance and distor- 
tions at the base partially cancel each other. Even though 
the signal at the base is strongly distorted, the collector 
current may be relatively linear. Because the output IM3 
distortion is a vector sum of different partially tracking 
nonlinearities, even the smallest change in some nonlin- 
earity mechanism may cause a major change in the re- 
sultant. This explains why envelope and harmonic 
terminations have a significant impact on the linearity of 
RF power stages, BJT stages in particular. 


3. THE ACTIVE LOAD PRINCIPLE 


The active load principle is the only way of optimizing 
out-of-band impedances, because impedance at the fun- 
damental cannot be kept constant by means of passive 
tuning. An external signal source will be applied to the 
frequency in which the Zs will be optimized and, by ad- 
justing the amplitude and phase of that signal source, all 
impedances on the Smith chart can be generated. 


Impedance is defined as the ratio between node voltage 
and current between nodes. If an external signal source is 
applied, node voltage changes. As a result, the imped- 
ance seen by the original circuit changes accordingly. 
The situation is explained in more detail in Fig. 2., where 
Zp represents the original base impedance, which is a 
parallel connection between the source impedance Zs 
and the internal base impedance Zpi. When a two-tone 
signal source is applied, nonlinearities at the base pro- 


duce currents at the envelope frequency. Voltage at the 
envelope is determined by Zg. The situation alters when 
an input signal is applied at the envelope frequency. The 
voltage waveform is Zg multiplied by the current caused 
by base nonlinearity and the signal applied. By adjusting 
the amplitude and phase of the envelope signal source, it 
is possible to achieve a situation in which no envelope 
voltage waveform exists. A current still exists at the en- 
velope, but there is no voltage. This means that Zp has 
been driven to zero at the envelope as shown in Fig. 2. Zp 
can be changed by adjusting the phase. After a 180 de- 
gree adjustment, the envelope impedance is 2*Zg. 


Z is forced to 
zero by app- 
lying Vref 


Z is forced to 
2*Zp by add- 
justing Vext 

by 180 deg. 


Fig. 2. Zg generated by active load. 


Impedance seen at the base at the frequency of the exter- 
nal signal source can be calculated as follows: 


VEXT 
Cae Shove oy 
where 
ae 
Viens SoA 0-001 a0 -Zp and (2) 


Pext 


Vext = 409.001 - fa 10 } ee: efi 40) 3) 


Vref is used to determine the distortion generated by the 
transistor. Pref is the power of the external signal source 
in dBm, in which the voltage waveform vanishes. 
Changing the power Pext and its phase allows the gener- 
ation of impedances at specific frequencies. 


4. OPTIMIZING ZS 


The IM3 distortion caused by input nonlinearities is de- 
termined by base impedance. Since internal base imped- 
ance cannot be affected without changing bias voltages, 
Zp has to be optimized by optimizing source impedance 
Zs. The problem is how to measure Zp, because it varies 
according to biasing conditions and the signal applied. 
Therefore, it is important to use the same bias voltages in 
both Zp and the source-pull measurements. Zp can be 
measured directly at the base by using a network analys- 
er. Alternatively, Zp can be calculated by extracting Zs 
and Zpi separately. Firstly, Zs can be extracted by meas- 
uring the admittance of the base node without electricity 
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and substituting the driver admittance from the measured 
value, which allows source admittance to be extracted. 
Then, Zpi can be measured by replacing the driver with 
a network analyser and substituting the measured admit- 
tance by the source admittance. In this measurement, the 
device must be correctly biased and the signal swing 
must be reasonable. In some devices, the latter procedure 
might result in more robust measurement results for the 
base impedance. 


SPECTRUM 
ANALYSER 


SPECTRUM 
ANALYSER 


i i I a a 


| Resonance | 
pat w2- wl | 


YY) w2-wl 


Fig. 3. Test circuit for optimizing Zsenv. 


A circuit for practical measurements is presented in Fig. 
3. The power of the fundamental tones and the tone in 
which Zs will be optimized are combined in a three-way 
power combiner and applied to the amplifier. The base 
signal is picked up without loading the base by using a 
sufficient series resistor along with bandpass filtering. 
The base signal is monitored for calibrating the measure- 
ments as explained in the previous section, and the out- 
put spectrum is monitored for measuring IM3 distortion. 


The Philips BFG11 power BJT stage designed according 
to the test circuit provided by the manufacturer [5] was 
used in the measurements at the centre and modulation 
frequencies of 1.8 GHz and 2 MHz. As the matching of 
fundamental impedances has been considered in detail in 
[6], this paper focuses on studying out-of-band termina- 
tions. Fig. 4a presents the power of lower and upper IM3 
signals in dBc at different envelope source impedances. 
The figure shows that a significant linearity improve- 
ment can be achieved by using optimized Zsenv. Enve- 
lope impedance has a considerable effect on the 
asymmetry of the IM3 sidebands. Optimum source im- 
pedances for both sidebands differ from each other, and 
linearity variations of more than 15 dB can be obtained. 
However, linearity improvements up to 8 dB were ob- 
tained for both sidebands simultaneously, as shown by 
Fig. 4b, presenting the amplitude of the stronger IM3 
component. This 8 dB increase is highly significant, be- 
cause an equal linearity improvement could be achieved 
by backing off the stage by several dB which, in turn, 
would result in an efficiency loss in excess of 20%. 


Our measurement system can be employed for optimiz- 
ing the impedance also around the 2nd harmonic by tun- 
ing the series resonance and applying an extra signal 
source to that frequency. The effects of the impedance at 
the 2nd harmonic can be summarised as follows: the 2nd 
harmonic for the lower two-tone signal affects mainly 
the lower IM3 signal and vice versa. This is evident, be- 
cause nonlinearities up to the third order behave in this 
way. The 2nd harmonic for the lower two-tone signal 
2w1 easily produces an IM3L 2w1-w2 signal. However, 
if higher order nonlinearities play an important role, this 
is no longer true. Irregardless, the impedance at the 2nd 
harmonic is an excellent alternative for minimizing the 
lower and upper intermodulation responses fairly inde- 
pendently, particularly in applications with a constant 
centre frequency. Unfortunately, the centre frequency is 
not constant in most systems, and since it varies consid- 
erably more than the maximum modulation frequency, 
the optimization of both sidebands at the 2nd harmonic 
is impracticable. 


Fig. 4. Measured IM3 at different Zprny.- 


5. ZS WITH PREDISTORTION 


Predistorters are circuits designed to cancel the IM side- 
bands of power amplifiers by generating IM3- vectors at 
opposite phases to those produced by the stage. Success- 
ful performance requires excellent amplitude and phase 
matching of the predistortion vector. Since out-of-band 
terminations affect the IM3 sidebands of power stages, 
Zs has a significant effect in this respect. 


A block diagram of the RF predistorter is presented in 
Fig. 5a. The modulated signal is multiplied by itself to 
produce an envelope frequency (w2-w1 in the case of 
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two-tones), which is phase shifted and attenuated cor- 
rectly for optimum linearity. The multiplication of enve- 
lope and input signals results in the generation of IM3- 
predistortion vectors with desired amplitudes and phas- 
es. It is important to note that the upper and lower IM3 
sidebands cannot be controlled independently. The am- 
plitude of both vectors is the same but, as shown by Fig. 
5b, their phases spin in opposite directions as a function 
of the phase shift. 


phase- attenuator 
shifter 


IM3H 


b) ? 


Fig. 5. a) An RF predistorter b) and its distortion 
signals at the IM3 frequency. 


Commercial power splitters/combiners and mixers were 
used to build the RF predistorter, and the measurement 
system introduced in Fig. 3. was employed to show the 
effects of predistortion on optimum source impedance. 


Fig. 4 shows that Zs at the envelope has a great impact 
on asymmetry. By adjusting the imaginary part of the 
Zsenv, one sideband goes down, while another goes up. 
Exactly the same behaviour can be achieved by adjusting 
the phase of the predistorter. Both phenomena can be 
easily explained: by changing the imaginary part of 
Zsenv, part of the output IM3L vector starts spinning in 
an opposite direction as the corresponding part of the 
IM3H vector. By adjusting the phase of the predistorter, 
predistortion vectors also start spinning in opposite di- 
rections, as shown in Fig. 5b. For example, if Zs is 
matched to optimum, -40 dBc linearity is achieved with- 
out the predistorter. Then, the predistorter is connected to 
the stage. Now, cancellation performance is limited by 
amplitude and phase matching. Thus, when the ampli- 
tude and the phase of the predistortion circuit are tuned 
to optimum, it is possible to achieve simultaneous linear- 
ity of -53 dBc for both sidebands. However, the linearity 
drops, if source impedance is now adjusted. The same 
linearity level is re-attained when the predistorter is 
tuned again, because this tuning can be used to cancel the 
asymmetry caused by Zs. In terms of fixed tone differ- 
ence, this means that the effects of mismatches in Zsenv 
can be corrected by adjusting the phase shift of the pre- 
distorter. 


Source impedance considerations become interesting 
when a wideband modulated signal is used instead of a 


two-tone signal with a fixed tone-difference. The prob- 
lem is that the predistorter cannot be tuned with the in- 
stantaneous modulation frequency, and since both the 
stage and the predistorter show some modulation band- 
width limitations, so-called memory effects, tuning at 
other modulation frequencies is no longer optimal. As a 
consequence, the cancellation performance of the predis- 
torter starts to decline. The measured linearity is present- 
ed in Fig. 6. as a function of modulation frequency when 
the predistorter is tuned to optimum at 2 MHz. A signif- 
icant linearity decrease in very low and high modulation 
frequencies was observed, which means that wideband 
signals cannot be predistorted successfully by means of 
memory-less predistorters. 


~ 


IM3L, IM3H | 


=a . 
predistortion > 
with opimum 


source impedance . 
6 Se A, 


0 
Modulation frequency 


Fig. 6. Amplitude of IM3 sidebands as a function 
of modulation frequency using a predistorter and 
optimized Zs. 


Fig. 7. Original and optimized Zpenv. 


The envelope source impedance can be used for cancel- 
ling memory effects caused by the stage and the predis- 
torter. In our experiments, Zs was optimized in a range 
of modulation frequencies, and the improved linearity is 
presented in Fig. 6. It can be seen that the linearity de- 
crease caused by memory effects at high and low modu- 
lation frequencies can be partially cancelled. A linearity 
level of -50 dBc can be achieved with modulation fre- 
quencies ranging from DC up to 20 MHz only by opti- 
mizing Zpeny- Fig. 7. depicts the original and optimized 
ZB as a function of modulation frequency. At low mod- 
ulation frequencies, the original and optimum impedanc- 
es are close to each other but, in spite of that, IM3H is 
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reduced by more than 15 dB with optimum Zgrny. The 
original Zpeny started to decrease with increasing mod- 
ulation frequency, while the opposite behaviour was true 
for maximum performance. Thus, by implementing opti- 
mum Zpeny at high modulation frequencies, the maxi- 
mum modulation frequency can be increased from 7 
MHz to 20 MHz. 


6. SUMMARY 


The active load principle can be employed for optimizing 
out-of-band source terminations in RF power amplifiers. 
The measurement technique introduced in this paper of- 
fers an accurate and relatively simple approach to im- 
proving linearity by optimizing source impedances at the 
envelope and 2nd harmonic. 


It was shown that linearity improvements up to 8 dB can 
be achieved by applying optimum source impedance at 
the envelope. An 8 dB improvement corresponds to a 
collector current increase of about 20%, meaning that the 
application of optimum source impedance at the enve- 
lope saves a large amount of dc-energy with no loss of 
linearity. 


The optimization of Zs becomes even more important, if 
predistorters are used. By providing optimum source im- 
pedance at different envelope frequencies, the memory 
effects of the amplifier and predistorter can be partially 
cancelled. As a result, the cancellation performance of 
the predistorter can be significantly increased. 
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Abstract 
This paper reports the ACPR effects of matching network topology. To investigate the out-of-band 
termination effects, a low pass filter (LPF) and a band pass filter (BPF) type power amplifiers are designed. The 
LPF type shows a maximum 5dB ACPR improvement on the BPF type. ACPR degradation by phase non-linearity is 


also predicted with simple AM-to-PM modeling 


Introduction 

Most modern wireless communication systems 
make use of digital modulation, and the data rate 
becomes higher as the transmission of multimedia 
information increases. Adjacent channel power ratio 
(ACPR) is the linearity figure of merit for the power 
amplifier employed in digital wireless systems. 

Some papers of ACPR analysis can be found for the 
cellular or PCS amplifier[1-3], but as yet few research 
papers have been published for the 2.4GHz wireless 
LAN which has a high 22Mbps data rate. As the 
occupied bandwidth gets wider and PSK and QAM 
become popular modulation schemes, more 
consideration is required for the phase distortion of the 
power amplifier[4]. And there have been some 
about the effect of out-of-band 
terminations on inter-modulation distortion, which 
causes ACPR degradation[5-8]. 


This paper reports a power amplifier design with 


investigations 


analytic and numerical consideration of ACPR for the 
22Mbps spreaded wireless LAN application. In the 
implementation, for investigating the effect of out-of— 
band terminations in a practical way, a low pass filter 
(LPF) and a band pass filter (BPF) type amplifiers are 
designed and compared for the ACPR performance. 
And for simulating the effect of the phase non-linearity 
on the amplifier back-off (i.e. the difference between 
1dB compression output and the maximum output 


which meets the ACPR specifications), a simple AM- 
to-PM numerical model has been proposed which gives 
how much phase distortion can be tolerable for the 
specified ACPR. 

The designed amplifier has been realized as a 
compact HMIC for a PCMCIA wireless LAN card, and 
measured results are presented and compared with the 
simulated performance. 


Modeling and Design 
To show the out-of-band termination effects on the 
third-order intermodulation (IMD3) and the fifth-order 
(IMDS), 
comparisons have been done for the LPF and BPF type 


intermodulation some performance 
amplifiers. That is a practical way to realize different 
out-of-band terminations. 

The ACPR simulation has been done in two ways. 
MATLAB 


amplitude and phase nonlinearity. This gives insight 


is used for the modeling of signals, 


into the nonlinearity effects on the ACPR performance. 
Also, we have simulated a wireless LAN system, 


with modeling direct sequence spread spectrum (DSSS) 


modulation and RF subsystem, considering some 
practical parameters with envelope simulation 
technique. In the simulation, 22Mbps modulated 


2.4GHz signal source is modeled with reference to the 
IEEE 802.11 standards. 


In Figure 1, the required transmit spectrum mask 
for the standard wireless LAN system is presented[9]. 


Unfiltered 


fo+11MHz fc +22 Mhz 


fe-11MHz © 


fc -22 MHz 


Figure. 1 Wireless LAN transmit spectrum mask[9]. 
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Figure.2 Modeling of baseband, modulator and 


transmitter for the wireless LAN system. 


The wideband signal source consists of baseband, 
modulator and RF transmitter. The baseband processor 
spreads the signal after input is encoded as differential 
data. And the RF section consists of modulation part, 
frequency up-converter, a drive amplifier and a power 
amplifier. Figure 2 is the circuit schematic of baseband 
processor, modulator and transmitter. 


Two types of 3-stage GaAs MESFET amplifiers 
have been designed with the specifications in Table 1. 


Table 1. Design specifications and measured data 
of a three stage amplifier 


PARAMETER __| SPEC. 
am 


pas) 


28 


232 


ial = | 


2 nd Order at P,dB 
3 rd Order at P\dB 
j 
; | 


ACPR at : 310 dBr 
| f-fe | >11MHz | Pin=-4.5dBm 
ESiig 


ACPR at 
| f-fc¢ | >22MHz ; 


Output Return 
Loss 


We have designed the first and second stages by 
using S parameters, and final stage with a nonlinear 
GaAs MESFET model. Trap capacitances are used in a 
bias circuit to realize a small and efficient amplifier for 
the PCMCIA application[10]. 
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Figure 3. IMD3 characteristics for LPF and BPF 


type power amplifiers . 


ACPR Simulation and Experiment 

For the ACPR simulation with the 2.4GHz DSSS 
source, the power amplifier is modeled with large- 
signal S parameters. The simulation shows that the LPF 
type amplifier has better ACPR performance than the 
BPF type amplifier. This is what we have expected 
from the IMD3 analysis shown in Figure 3. As shown 
in Figure 4, the LPF amplifier has a 3.5dB improvement 
in IMD3 related ACPR (i.e. ACPR from 11MHz to 
22MHz offset from center frequency). Also for the 
IMDS related ACPR (i.e. more than 22MHz apart from 
center frequency), the LPF type has 5dB better 
performance around 50dBr specification. 


ACPR(dBr) 


Pin-P1dB 


Figure 4. ACPR characteristics of LPF and BPF 
type power amplifiers (upper: 11 MHz ~ 22MHz, 
lower: >22MHz apart from center fequency) 
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Figure 5. Simulated gain and phase distortion 
(for a fixed gain, linear phase distortion which 
ranges 0° to 10° at P,dB is modeled). 


For the investigation of AM-to-PM effects on the 
backoff, the amplifier has been modeled with AM-to- 
AM and AM-to-PM characteristics. 

A simple numerical phase distortion model is 
developed as in Figure 5. This model is useful for 
relatively small AM-to-PM, and can be used to show 
the backoff degradation caused by phase distortion. 

For the designed amplifier, it was shown that an 
additional 0.6dB backoff degradation is coming from 
phase distortion. If the amplifier has 10° AM-to-PM at 
the 1dB compression point, the simulation shows that 
an additional 2.5dB backoff is required to satisfy the 
ACPR characteristics. The measured phase nonlinearity 
shows 2.5° at P,dB, and is in good agreement with the 


model. 
and ACPR 
characteristic for the LPF and BPF type amplifiers with 


microwave instruments and 22Mbps modulated 2.4GHz 


We have measured gain, power 


wireless LAN signal generators. 

The measured result of the LPF type 3-stage 
amplifier is shown in Table 1. The measured ACPR 
with the input power of —4.3dBm (i.e. 2.5dB lower than 
1dB compression input) is less than -30dBr and -S0dBr 
beyond 11MHz and 22MHz from center frequency, 
which meets the wireless LAN standards. Compared 
with the BPF type, this shows 0.9dB improvement in 
the input power level which meets the specification. 

When the -30dBr specification is satisfied over 
11MHz to 22MHz from center, the -S0dBr specification 
beyond 22MHz is always satisfied for the simulation 
and measurement. The measured and simulated ACPR 
with more than 11MHz offset from carrier center is 
shown in Figure 6. The measured ACPR shows close 
agreement with the simulation data. 


—a#— Large-signal 
—a— AM/PM 


—e— Measured 


ACPR(dBr) 


-4.5 
Pin 
Figure 6. Measured and simulated IMD3 related 
ACPR with input power(LPF type amplifier). 
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The measured ACPR and the simulated data by 
than 1dB 
difference up to -4.3dBm input (i.e. the maximum input 


large-signal S parameters shows less 
to meet the ACPR specification). In this power range, 
the large signal S parameters from GaAs MESFET 
modeling are sufficiently accurate. 

With high input power up to 0dBm, the difference 
increases up to 2.5dB (however, notice that the 
measured ACPR value increases by 25dB from —45dBr 
to —20dBr). For such power level, the simulation 


accuracy is better when using the AM-to-AM and AM- 


to-PM values measured over 20dB power range for the 
amplifier modeling. 


Conclusions 

The design strategy for power amplifier topology is 
presented for a 22Mbps wireless LAN system. The 
different out-of-bandwidth termination is realized as a 
LPF or BPF type matching network, and the LPF type 
can deliver 0.9dB more power than the BPF type with 
the same ACPR. 

And with the same input, the LPF type has a 
maximum 5dB ACPR improvement. The effect of 
phase distortion is analysed, and for this wide-band 
application, it is shown that several decibels of back-off 
degradation may be caused by the AM-to-PM non- 


linearity. 
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Abstract 


A RF power measurement circuit, which operates on the same chip with an integrated RF power amplifier, is 
presented. The circuit is capable of measuring load variation dependent output power changes. Full integration 
saves the PCB area needed for the line coupler used in conventional power detection methods. The circuit was 
realised using GaAs MMIC technology and tested on a standard FR4 test board at 900 MHz. The circuit detects RF 
power in a range of 35 dB with a sensitivity of 0.8 V/W, showing good agreement with the simulations. 


Introduction 


The ability to control the transmitted RF power in a 
mobile radio is an essential function to avoid 
unnecessary interference in the mobile radio 
environment. This enables efficient frequency reuse. 


Output power of the RF power amplifier can 
efficiently be controlled by changing the bias. 
Unfortunately the gain control function through 
biasing is non-linear. Therefore it is essential to be 
able to measure the transmitted power. Directional 
coupler and a diode detector have been widely used 
for this purpose (Fig. 1). These elements enable 
building of an analogue power control loop, which is 
a common method to control the transmitted power in 
a GSM mobile transmitter. 


Power detection by a line coupler and a detector 
diode is a simple method that detects power delivered 
to the load. However, the coupler needs printed 
circuit board (PCB) space and the detector can not 
follow the load impedance variations in difficult 
mobile phone environment caused by metal walls and 
other obstacles. In this paper we present a new 
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method, where the power measurement circuit can be 
integrated on the same chip with the power amplifier. 
The new method is also less sensitive to load 
variations than the conventional one. 


New method for power detection 


In theory, the power can be easily calculated from the 
voltage and current vectors by using the equation 


P=Re(U -I’) (1). 


At RF-frequencies multiplication circuit has to be 
analogue, for example a Gilbert cell. The cell needs 
AC-samples of RF current and voltage. These 
samples could be extracted from the power amplifier 
by a capacitive method. Because the AC waveforms 
at the transistor and at the load are different the idea 
had to be tested by simulations. Ideal components 
were used for simulations as illustrated in Fig. 2. 
Simulations showed that the ideal circuit would really 
perform the power detection function also in 
situations where the load impedance values vary, 
Figs3. 


Directional 


coupler Dr oot 


Detector 
diode 


= Vout 


Fig. 1. Conventional RF power measurement circuit. 
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Fig. 3. Simulated power detection curve with load resistance values of 


18, 6 and 2 ohms, respectively. 
Realisation 


The power detection circuit idea based on Fig. 2 was 
realised using GaAs HBT technology [1]. Operating 
voltage for the design was 2.7—3 V. Current 
consumption of 30 mA was allowed, because the RF 
power losses in directional coupler are omitted. 
Therefore the circuit will enhance total efficiency of 
the transmitter. The circuit arrangement is shown in 
Fig. 4. 


Sampling amplifiers in Fig. 2 were ideal. They could 
withstand very large input signals. In practise, sample 


Pin 


signals have to be attenuated to a reasonable level by 
resistive attenuators, Iatt and Vatt (Fig. 4). 


Sample signals ride on top of a very large common 
mode signal: the collector voltage of the power 
amplifier. They have to be amplified with amplifiers 
that have a good common mode rejection ratio at RF 
frequencies. Two DC coupled differential amplifiers 
were used for this purpose (Fig. 5). This amplifier 
design has over 60 dB of common mode rejection 
ratio. 


Pout 


Ireg Vreg 


Fig. 4. Circuit arrangement for the new power detection circuit 
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The power measurement circuit senses the phase 
angle variation of the load impedance; therefore the 
phasing of the samples becomes an issue. Because the 
voltage and current signals use different paths to the 
multiplier, their attenuators and amplifiers have to be 
well phased for the proper power detection operation 
in the multiplier. 


For a 2.7-V design, the multiplier is a challenge, 
because a basic Gilbert cell has three stacked 
transistors. GaAs HBT technology allows only two 
stacked transistors in a Gilbert cell at 2.7 V. This led 
to a solution where the voltage signal was fed to the 
bias transistors (Fig. 6). Isolation between the voltage 
signal and the bias circuit was created with base 
resistors. 


In contrast to a standard Gilbert cell mixer, the 

transistors in this circuit operate in a linear range. At Fig. 6. Gilbert cell multiplier. 

low signal levels high gain is needed. Therefore upper 

transistors do not have any emitter degeneration one 
resistors to allow maximum gain for the multiplier. 


The power detection signal after the multiplier has a 0 

strong even order harmonic content. It has to be low 

pass filtered before measurement. (Fig.4) A 

differential to single ended converter was added to ioe 
the circuit so that only one pad of the IC needs to be 

used for the measurement signal. (Fig. 7) 


Fig. 8 shows the final IC layout of the circuit. The 
picture shows the portion of the chip where the 
measurement circuit is located. The circuit has 
separate ground and supply voltage bonding pads in sr 

order to maintain a good isolation between the power Fig. 7. Differential to single ended converter. 
amplifier output stage and the measurement circuit. 
IC area used by the circuit is less than 0.25 mm”. 


Vout 


Fig. 8. IC layout of the designed circuit 


Fig. 5. Current sampling amplifier, lamp. 
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Measurements 


The chip was attached on a FR4 test PCB for testing. 
Measurement results of the circuit are shown in Fig. 
9. Results show similar detection behaviour for the 
circuit as in the ideal case in Fig. 3. The real circuit 
was designed for maximum sensitivity; therefore it is 
not as linear as in the ideal case. 
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Fig. 9. Detected voltage as a function of the output 
power. 


238 


Conclusions 


A new method for RF power detection in a mobile 
phone transmitter has been developed. The circuit 
was integrated together with the power amplifier 
using GaAs HBT technology. It is capable of 
detecting the true power delivered to the load in 
varying load impedance conditions. Future challenges 
include reduction of the area and the current 
consumption of the circuit. 
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Abstract 


In this paper we present a power amplifier module suitable for the 
433MHz European ISM band frequency. The PA module provides 
a maximum 30dBm output level at 433MHz. The included power 
control circuit provides 30dB of dynamic range control. The over- 
all module was designed on a single test board with a 4.8V sup- 
ply voltage. The maximum output power deviation is less than 
1dB over the complete control range. Measurements for two tone 
tests (with a 100kHz offset) show that the measured intermodula- 
tion products are -35dBc for a -35dBm input power level. Four 
different variations of our basic design have been implemented. 
They differ in the types of directional coupler used and the types 
of power control circuit used. All designs use directional couplers 
with an envelope detector for the power control feedback circuit, 
which offers accurate power detection, high linearity and stable 
output power. The inherent simplicity of the new design makes 
it useful for many applications. At the highest output power level, 
the measured power efficiency of the PA module is 40 %. 


1 Introduction 


Power amplifiers are critical components in wireless systems. They 
consume a substantial percentage of the total power and precise 
control of the output power level has significant impact on sys- 
tem performance. In this paper we describe a power amplifier (PA) 
module with power control where we are able to control the output 
power level extremely accurately. The design for the overall cir- 
cuit module is inherently simple. In particular, though the current 
circuit implementation is in discrete form, the ultimate goal is to 
integrate the power amplifier module with the rest of the system on 
a single IC. It is essential to maintain a high level of linearity in the 
PA so that intermodulation products have limited impact on system 
performance. For example, for our example design the intermodu- 
lation productions are required to be at least -30dBc at a -30dBm 
input level for two tones that are 100kHz apart. 

We target a multisensor wireless system application. However, 
the PA module design is general and can be used in many appli- 
cations. The targeted system is composed of a number of sensor 
modules transmitting to a central basestation. Each sensor mod- 
ule amplifies and/or converts the sensor signal which is then trans- 
mitted via the power amplifier module to the central basestation. 
Because the distance from each sensor module to the basestation 
can vary significantly so does the power level seen at the bases- 
tation for each module. For example for the European ISM band 
(433MHz) [10] a 20dB of power variation is required to maintain 
a constant power level at the basestation if the distance between 
the sensor modules and the basestation is varied from 10 meters to 
1000 meters. 
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S:Sensor 
BS : Base station 


PA :Power amplifier 


Figure 1: Block diagram for a wireless multisensor system 


Wireless multisensor Figure 1 shows a block diagram for a 
wireless multisensor system. It consists of a numbers of sensors, 
interface circuit, and power amplifier module. The signals from 
multiple sensors are multiplexed by the interface circuit and then 
transmitted via a single power amplifier to one or more basesta- 
tions (BS). The PA is composed of a control circuit and a multi- 
stage power amplifier. The power control level is decided by the 
distance from the basestation. A lower power level is transmitted 
if the basestation is closeby and a higher level is transmitted if the 
basestation is more distant. 


2 Power Amplifier Design 


S-parameters In RF design, accurate knowledge of scatter- 
ing parameters (S-parameters) allows for precise design. Un- 
fortunately, these were not available for the power MOSFET 
(MRF9482T1) used in our circuit [12]. Accurate S-parameters 
were extracted by designing an appropriate test fixture. The ac- 
curacy of the test fixture was verified by using an alternate device 
whose S-parameters were available from data books. The measured 
S-parameters for our device were then included in an RF simula- 
tor [11] and a single stage of the PA was simulated and experimen- 
tally verified. This comparison between measurement and simula- 
tions is shown in Figure 2. We note a fairly good match between 
measurements and simulations which provides some measure of 
confidence in our simulations for further design. 


Circuit design The circuit diagram for the proposed power am- 
plifier module is shown in Figure 3. Each module includes a -20dB 
directional coupler, a smart control circuit, and a four-stage ampli- 
fier. A -20dB coupling was selected as a design compromise as it 
provided sufficient isolation while still providing enough signal for 
the smart control circuit. Four separate designs based on the same 
basic theme were implemented and tested. The designs differ in 
the types of directional coupler used and the type of feedback con- 
trol circuit used. Each of the amplifier stages uses LDMOS [1, 5] 
transistors as the active element for the power amplifier because of 
their inherent linearity [7]. For all four designs the same basic PA 
design was used. The bias for the first two stages of the PA are con- 
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Figure 2: Simulation and measurement results for a single stage of 
the PA 


Figure 3: PA module circuit schematic 


trolled by the power control feedback circuit while the bias for the 
last two stages is held constant. The last two stages of the PA is bi- 
ased on the edge of class C mode with a constant voltage for power 
efficiency and stability considerations. The first two stages move 
from class A to class C mode depending on the output of the power 
control circuit. The first two stages are biased in class B mode at 
the midpoint for the largest input dynamic range of approximately 
30dB. 


Directional coupler The Type I directional coupler uses a A/4 
transmission line [8] while the Type II directional coupler uses a 
lumped-element module. Both couplers are shown in Figure 4. The 
Type I directional coupler provides slightly higher performance, 
however, Type II couplers illustrate how a fully integrated version 
might be implemented. Equations to calculate the component val- 
ues for Type II couplers are shown in equation 1, where f is the 
operating frequency, Zo is the characteristic impedance, and CF is 
the coupling factor in dB. 
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Figure 4: Type I and Type II directional couplers 
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Figure 5: (a) Ve vs. Pour and (b) Pin vs. Ay 


Feedback control circuit The two types of control circuits that 
were used is shown in Figure 3(a) and (b). The first feedback con- 
trol circuit (Type-C) is setup to provide a constant output power, 
while the second feedback control circuit (Type-V) is setup to pro- 
vide controlled but variable output power. In this paper, we limit 
our detailed discussions to the Type-C feedback control circuit due 
to space limitations. 

The first control circuit (Type A), shown in Figure 3(a) fixes the 
PA output level at a constant output power and can accommodate 
30 dB of input dynamic range. The signal that is coupled from the 
directional coupler is applied to an envelope detector. The average 
envelope signal is now compared to a reference signal and the dif- 
ference is amplified by a feedback amplifier. The output voltage 
of the feedback amplifier is used to control the DC bias level of the 
first two stages of the power amplifier. An expression for the output 
power of the overall system can be derived as shown in equation 2, 
where Po; is the output power, Pin is the input power, Ap is the 
normal gain at midpoint bias, and V; is the bias voltage for first 
two stages of the amplifier. V,,;q is the nominal bias voltage and 
the nominal gain factor, kj=Pour/Vc, is derived from measurements. 
For our transistors it was measured to be about 126.16 dBm/V as 
shown in Figure 5(a). Vinia is set to be 1.9V, and results in Ap = 
40dB, which lets the amplifier operate in class B mode in order to 
obtain the maximum input dynamic range while allowing the first 
two stages of the the PA to change operation from class A to class 
C mode. 


Pout = Pin + Ap + (Ve —Vinia ki (2) 


The DC bias voltage V. can be shown to be given by equa- 
tion 3. Where A, is the feedback voltage amplifier gain , k3 is the 
envelope detector conversion factor and k is the coupling factor of 
the directional coupler. The energy fed into the envelope detector 


is given by Pin(detector)=Poyr-k2 in dBm. Equation 3, therefore, 
simply converts the input power level into the voltage level. The 
conversion factor (K3) between the input power and output voltage 
of the envelope detector was measured to have a value of 0.306. 
Equation 4 was derived by substituting equation 3 into equation 2 
and rearranging the various terms. 


Ve = AykyV 10°10 (3) 

One of our goals is to set the optimal gain A, for the feedback 
amplifier. This is possible because we know ky, k2, k3, A p» and want 
to maintain a constant P,,;. Equation 4 provides a relation between 
Pin and the necessary Ay as shown in Figure 5(b). The optimal 
gain level is located at the midpoint of the input power level. If 
the term Poyt-Ap+Vmigk1 in equation 4 is much larger than Pj, then 
Ay is nearly constant for all Pj, levels. Hence as the number of bias 
controlled amplifier stages is increases, the effective gain factor, ky, 


will increase, which further reduces the variation in Ay. 


ae (Pout — Ap + Vniak1) (1- ptt) 
= <= (4) 
ki k3\V 107 


The Type-V feedback control circuit, shown in Figure 3(b), pro- 
vides both variable and constant output levels. This control cir- 
cuit consists of an envelope detector followed by a comparator and 
an average detector. The overall transfer function for Pin to Pow 
with this control block still follows the primary expression shown 
in equation 2. For this circuit to function properly the comparator 
must have a bandwidth that is larger than the corner frequency of 
the envelope detector. The output of the envelope detector is ap- 
plied to the non-inverting input of the comparator which sets the 
expected output power level. The time constant of the average de- 
tector determines the settling time of overall system. The power 
control methodologies developed here can be extended to other 
amplifier classes as well [6]. Here we control a two stage class 
B amplifier for its simplicity. 


3 Experimental Results 


All four implementations were designed and fabricated. For all 
designs printed circuit boards with a permittivity of 4.5 was used. 
All of the measurements were performed with the input signal at 
433MHz [10] which is one of the European ISM frequency bands. 
All measurements were done using a HP 8753D network analyzer. 


Experiment 1: This circuit is for a fixed power level (i.e., Type- 
C feedback control) and uses a Type II directional coupler. The 
complete assembled circuit is shown in Figure 6. This circuit is de- 
signed to have a maximum output power of 30dBm. The feedback 
loop is designed to maintain the output power level at 10dBm even 
when the input power varies between -15dBm to -45dBm. The sys- 
tem is also designed to have a maximum power gain of 55dB at the 
lowest input signal level. 

Figure 7 shows the measured power efficiency of the PA mod- 
ule. There are three regions depending on the power level. The high 
power region operates at PL3 mode and its efficiency is around 25 
to 45 percent and the medium power region at PL2 mode has around 
10 to 25 percent. The lower power region operates at PL; mode and 
its efficiency is under 10 percent. 

Experimental results for the input dynamic range versus the 
output power variation is shown in Figure 8(a). The results in this 


241 


ED EOS) as. 


35 


PL2( Medium Power ) 


a 
o 


25 


Efficiency [ % ] 


~ VDD = 4.8V 
Frequency = 450MHz 


18 20 22 
Pout [dBm ] 


24 28 


Figure 7: Measured power efficiency 


figure shows that the deviation of output power from the midpoint 
is less than +0.5dB. The measured output power deviation matches 
fairly well with predictions made using equation 4. Experimental 
results for compression (1dB compression point, Pigg [9]) char- 
acteristics is shown in Figure 8(b). The measured input and output 
1dB compression points [4, 9] are -21dBm and 28dBm respectively. 
The linearity for the power module without the feedback loop is 
measured by the intercept point of the two-tone test [2, 3, 9]. This 
measurement represents the degree of signal corruption caused by 
the third inter-modulation of two nearby interferers. Two inband 
tones separated by 100kHz is applied to the input of the power 
module through a power combiner. The experimental results for 
the input (IIP3) and output (OIP3) third order intercept points (IP3) 
are -10dBm and 41dBm respectively. 

In Figure 9 we show the output power variation as a function 
of supply voltage with and without the feedback network. For 
this experiment the supply voltage is varied between 4 and 5 volts. 
Measurement results for three different input levels are shown. It 
is clear that the output power is significantly stabilized using our 
power control circuitry. 

Figure 10 shows power gain (S21) measurement results. The 
measured power gain is about 37dB at 450MHz. The power gain 
has a bandpass characteristic due to input, output and interstage 
matching networks. 

In Figure 11 we show the measured output at the power am- 
plifier at a 30dBm level. Here we note it is relatively free of har- 
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Figure 8: (a) Pin vs. Ripple and (b) IP3 
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Figure 9: Vpp versus Pou 


monics. This is primarily due to the filtering effects of the various 
matching networks. 


4 Conclusions 


In this paper we have demonstrated a power amplifier module based 
on LDMOS transistors. The design operates at the European ISM 
band of 433MHz. Two simple power control loops were used to 
obtain a 30dB input dynamic range from -15dBm to -45dBm of in- 
put power with a constant output power at 10dBm. The inherent 
simplicity of the feedback circuitry makes the design particularly 
suitable for the low cost multi-wireless sensors and monolithic inte- 
grated circuit design. For future designs the power efficiency could 
be dramatically improved by operating the power module either in 
class E or class F. 
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Abstract—A general technique is presented for modeling and characterization of RFIC plastic packages from 
DC to 20 GHz, and is applied to an industry standard SSOP-8. An improved Thru-Reflect-Line (TRL) 
measurement method suited for package modeling is presented. The modeling approach includes the use of 
measured data, Finite Element Method (FEM) electromagnetic modeling of the package, and a new circuit 
synthesis technique to obtain an accurate equivalent circuit. Excellent agreement is obtained to 20 GHz between 
modeled and measured results, demonstrating the utility of the technique. 


I. INTRODUCTION 


The need for accurate RFIC plastic package models has 
become more important as frequency allocations for 
consumer products have reached the GHz region. In 
addition, the level of integration of these products is 
increasing, and their frequencies are beginning to extend 
into the mmW region [1]. At the same time, the use of 
plastic packages for RFIC applications continues to be 
important because of their flexibility and low-cost for 
higher level assembly. 


However, the measurement and characterization of 
plastic packages for these higher frequency applications 
has typically not extended beyond the 3-5 GHz range 
[2,3]. This is due to the difficulties in obtaining accurate 
package measurements at the higher frequencies, and in 
developing equivalent circuit models that account for the 
multiple resonances in the structure. In this paper, we 
extend the measurement frequency of a standard SSOP-8 
package to 20 GHz, and synthesize a lumped-element 
equivalent circuit model of the device that accurately 
predicts its performance over this entire frequency 
range. We believe that this is the highest frequency yet 
for the development of an accurate lumped element 
equivalent circuit model of these devices. These results 
can be used for accurate modeling of the behavior of 
RFICs embedded in a typical plastic package 
environment. 


II. EQUIVALENT CIRCUIT SYNTHESIS 
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One limitation of traditional high-frequency equivalent 
circuit models of plastic packages is the difficulty in 
capturing the multiple resonances associated with each 
portion of the device (bondwire, leadframe, paddle, 
etc.). A distributed element transmission line model has 
been developed [3], but it is very difficult for 
commercial circuit simulators like SPICE to efficiently 
simulate transmission line based structures [4]. 


The starting point for the improved synthesis technique 
is the measured impedance data on the individual ports 
of the package. The package topology used is illustrated 
in Figure 1, where the input bond wire (pin 2) is shorted 
to the ground return bond wires on pins 1 and 3 via the 
paddle, although other topologies can be modeled as 
well. 


Ground 
Signal \ 
Ground 


Ground 


Figure 1: Sketch of SSOP8 topology. 


The measured impedance frequency response (Z11) of 
the SSOP-8 package is illustrated in Figures 2 and 3. 


Log Magnitude [dB] 


Frequency [GHz] 


Figure 2: Z11 magnitude plot of synthesized circuit, 
polynomial, HFSS model and measured data. 


Phase [degrees] 


Frequency [GHz] 


Figure 3: Z11 phase plot of synthesized circuit, 
polynomial, HFSS model and measured data. 


This technique could be expanded to _ other 
configurations. For instance, the impedance parameters 
can be obtained for any set of two pins (with all other 
pins grounded), and equivalent circuits synthesized using 
the transfer impedance function Z21. The complete 
package could be modeled in this fashion. 


We assume that for this package configuration there is no 
current from port 2 [5]. The measured response contains 
one simple and two complex zeroes and three complex 
poles. It is evident that a simple zero must be included to 
accurately model the DC performance of the package; all 
other poles and zeroes are assumed complex. The 
number of zeroes is determined by the local minima 
across the measured bandwidth and assuring the response 
does not diverge at infinity. The number of poles then 
matches the number of zeroes. 


The resulting Laplace input impedance can be written: 
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where A is the DC offset, and @, and Q, are constants 


determined from the measured data. The response of the 
expanded polynomial is then employed for circuit 
synthesis. 


This expanded impedance from the equation can be 
decomposed into a topology that will contain the 
minimum number of elements. Brune’s Impedance 
Synthesis Method [6], was used to synthesis the circuit, 
as illustrated in Figure 4. 


Table I lists the resulting component values for the 
circuit. Figures 2 and 3 compare the measured, 
polynomial-fit and equivalent circuit modeled results, 
and the agreement is outstanding over the entire range of 
frequencies. 


Figure 4: Synthesized One-Port Circuit Model for 
Package of Figure 1. 


Table 1: Element Values for Synthesized Circuit of 
Figure 4. 
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Ill. ELECTROMAGNETIC SIMULATION 


In addition to the lumped element simulation, a Finite 
Element Method (FEM) simulation using Ansoft’s High 
Frequency Structure Simulator (HFSS) [7] was done. 
This simulator tool can speed the lumped element 
modeling process by providing impedance parameters 


without building expensive test packages. It can also 
provide electromagnetic field information not easily 
obtained otherwise, such as surface current density. 


Figure 5: Top view of HFSS model cut plane. Surface 
current intensity contours are shown on paddle surface. 


Before the simulation could be conducted, the dielectric 
constant (K) and loss tangent of the plastic was 
measured. A simple waveguide resonator method was 
used [8] and the resulting K value at varied from 3.4 to 
3.65 over the 1 to 20 GHz band width. The loss tangent 
varied from 0.011 to 0.020 over the same frequencies. 


Figure 2 and 3 include the HFSS simulation data. It can 
be seen that excellent agreement with the measured data 
is obtained below 8 GHz, and good agreement is 
obtained to 20 GHz. The HFSS simulation predicts a 
resonance slightly off the 7.5 GHz measured resonance. 
This is probably due to slight inconsistencies between the 
physical package and that drawn in HFSS. 


In Figure 5, a cutplane was taken at the level of the top of 
the paddle and the magnitude of the surface current was 
plotted. It can be seen that the current is not symmetric 
over the paddle, and the return path is predominately to 
the corner of the paddle of pin 1, rather than a symmetric 
distribution over the paddle. This can be explained by the 
fact that the grounded pin | runs nearly halfway down 
the edge of the paddle, and since all locations on a 
(perfect) conductor must be at the same potential, more 
current is needed on one side than the other. This effect 
will result in a significant asymmetry in the equivalent 
circuit of the package pins. This type of information can 
be used to design packages with improved high 
frequency performance, similar to the research that has 
reduced the losses in spiral inductors [9]. 


IV. EXPERIMENTAL RESULTS 


In order to verify the usefulness of the modeling 
approach, a dummy SSOP-8 plastic package - supplied 
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by TopLine [10] - was modified to have one wirebond 
from leads 1, 2 and 3 attached to the paddle, as 
illustrated in Figure 1. The wirebonds were 1 mil in 
diameter and spanned approximately 25 mils. The 
plastic material above the paddle was removed and the 
wires left exposed to air. 


The SSOP8 was placed in a custom fixture manufactured 
by Inter-Continental Microwave (ICM) [11]. The fixture 
has the measurement planes located at the contact point 
of any desired lead and has all other pins grounded 
through vias, with the exception of the pin opposite the 
desired input pin. The calibration is performed with a 
Thru-Open-Short-Load (TOSL) calibration to 500 MHz 
and Thru-Reflect-Line from 500 MHz to 26.5 GHz. The 
S-Parameters are then used to obtain the impedance Z11. 
This plot was used to obtain the pole-zero placement as 
illustrated in Figure 2. 


Figure 2 and 3 is a Z-parameter plot of the agreement 
between measured data and the previously mentioned 
modeling techniques for this package configuration from 
50 MHz to 20 GHz. Excellent agreement is obtained 
across the entire frequency range, despite the use of 
lumped element equivalent circuit. 


V. CONCLUSION 


A new technique has been presented for the measurement 
and equivalent circuit modeling of plastic packages to 
frequencies nearly into the mmW region. Good 
agreement is obtained between measured and modeled 
responses to 20 GHz. Electromagnetic modeling was 
used to illuminate asymmetries in the flow of surface 
current through the package, and this information was 
employed to optimize the resulting model. This 
information can be used to provide more insight into 
package design and modeling. 
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The design of a direct Ku-band linear subharmonically pumped I/Q vector modulator in a multi-layer thin-film 
MCM-D process is described. The modulator consists of a Wilkinson power divider, a CPW Lange coupler and 2 
sub-harmonically pumped mixers. Three distributed designs have been realized for the 7 GHz Wilkinson power 
divider: a fully distributed design, a meandered design with capacitively loaded transmission lines and a design 
with high-impedance lines and capacitive compensation at the ends. An excellent correspondence has been obtained 
between the measured and simulated results, indicating the high accuracy that can be obtained using the integrated 
passives design-library. Over the 6.5-7.6 GHz band, the Wilkinson has a measured return loss better than —22 dB, 
an isolation better than -25 dB with only 0.3 dB losses. Over the 10.5-14.5 GHz band, the Lange coupler has a 
measured return loss and isolation better than 20 aB, an amplitude balance below 0.13 dB and a phase balance of 
(90 +/- 1) deg. A beam-lead anti-parallel diode pair is mounted onto the MCM using thermocompression. The 
diodemodel has been verified using non-linear network analyzer measurements. An excellent agreement has been 
obtained between the measured and simulated powers and phases for more than 9 harmonics. It is shown that an 
optimal reactive termination for the third harmonic of the LO exists, such that a very flat mixer conversion loss can 
be obtained over the 6.8-7.45 GHz band. The IF-, RF- and LO-input impedances are also flat, such that a good and 
constant matching can be achieved, required to obtain a modulator with a good amplitude and phase balance. 


0-7803-6267-5/00/$10.00 ©2000 IEEE. 


1. Introduction 


Zero-IF or direct digital modulation at microwave 
frequencies has gained considerable interest for some 
years now, due to the simplicity and the compactness of 
the transmitter [1, 2]. Compared to modulation schemes 
using one or more IF frequencies, it offers several 
advantages such as a reduction in power consumption, 
board space and hardware (upconvertors and filters) 
and the achievement of high modulation bandwiths. 
Typical applications are found in satellite transmission 
with on-board signal processing and microwave digital 
radio links. 


Ni/Au component layer 
2 um T/Cu top metal 
3 um TV/Cu/Ti metal 


5 um BCB dielectric 
5 wm BCB dielectric 
1 um top A/ contact metal 

1 um bottom A/ contact metal 
TaN resistor 


Ta,O, capacitor layer 


Ta capacitor material 


700 uum Glass substrate 


Figure 1: Layer build-up of the MCM-D technology. 


The trend towards high-volume, low cost RF and 
microwave applications requires that suitable packaging 
techniques need to be developped. They should offer a 
a high performance and a high degree of integration to 
reduce size, weigth, but also cost and power consump- 
tion. The multilayer thin-film multi-chip module tech- 
nology (MCM-D) offers a very high reproducibility of 
small dimensions and is therefore a promising tech- 
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nology for the low-cost integration of RF and micro- 
wave circuits [3, 4]. 

The layer build-up of IMEC’s MCM-D technology 
is given in Figure 1. It consists of a main Cu CPW- 
layer between two BCB-layers (€,=2.7, tand=5.0 x 10%) 
on a glass substrate (¢,=6.2, tand=9.0 x 10“). More 
information on the technology can be found in [5]. Va- 
rious types of high-performance passives (spiral in- 
ductors, TaN-resistors, BCB- and Ta,O;-capacitors,...) 
can be integrated [5-7]. Integrating the passives directly 
on the MCM-substrate gives a size and cost reduction 
and increases the packaging density. 

A CPW-based technology is being used as this eli- 
minates the need for back-side wafer processing and 
wafer thinning, hereby reducing cost. Through-sub- 
strate vias are not required and it is also highly compa- 
tible with flip-chip mounting of active devices or chips. 

Recently, a full MMIC-type design library offering 
equivalent models and autolayout features for integra- 
ted passive devices and discontintuities has been de- 
monstrated for thin-film MCM-D, hereby allowing a 
full co-design between the active devices and the 
integrated passives [4, 6]. Besides lumped elements, 
distributed elements such as 3 dB quadrature couplers 
are essential elements that need to be integrated in 
microwave systems (e.g. for balanced amplifiers, 
mixers and QPSK modulators). This has been demon- 
strated in [8]. 

This paper reports on the design of a direct Ku-band 


linear subharmonically pumped I/Q vector modulator in Table 1: Measured performance of the 7-GHz 
multi-layer thin-film MCM-D. distributed Wilkinson power dividers 


2 Passive Components 


All passive components have been integrated in the 
MCM-substrate. The required passives are a Wilkinson 
power divider, a CPW Lange coupler and a triplexer. 


2.1 Wilkinson Power Divider 


Three different design approaches have been imple- 
mented for the Wilkinson power divider: a fully distri- 
buted design (Figure 2), a meandered design using a 
capacitively loaded transmission line and a high-impe- 
dance line with capacitive compensation at the ends 
(Figure 3). The performances of the three realisations 
are compared in Table 1. An increased degree of com- 
paction can be observed. The distributed design re- 
quires the largest area but is also the most wideband. 
Over the 6.5-7.6 GHz band, the selected Wilkinson has 
a measured return loss better than —22 dB, an isolation 
better than -25 dB with only -0.33 dB losses. An excel- 
lent correspondence between the measured and simu- 
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Loss (dB) 
-25 dB 


Return Lass (06) 


lated S-parameters has been obtained (Figure 4), indica- 7 
ting the high accuracy of the MCM-D design library. coe, 
The fully distributed design was selected as it allows an 20 
easy layout of the modulator. = a 
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Figure 4: Measured versus simulated performance of 
the distributed Wilkinson power divider. 


2.2 CPW Lange Coupler 


The design-method for the CPW Lange couplers has 
been outlined in [8]. In the 10.5-14.5 GHz band, the 
selected Lange coupler has a measured return loss and 
isolation better than 20 dB, an amplitude balance below 
0.13 dB and a phase balance of (90+/-1) deg. A picture 
is given in Figure 5. 


Figure 3: Picture of the Wilkinson using a capacitively 
loaded transmission line (left) and a high impedance 
line with capacitive compensation at the ends (right). 


Figure 5: Picture of the CPW Lange coupler 
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3 Diodemodel 


The HSCH-9251 beam-lead anti-parallel diodepair 
has been mounted on the MCM using thermocom- 
pression. The intrinsic and extrinsic parameters of the 
model have been optimized based on combined DC- 
and S-parameter measurements. The model has been 
verified using non-linear network analyzer measure- 
ments. An excellent correspondence can be observed 
between the measured and simulated powers and phases 
for more than 9 harmonics in Figure 6 and Figure 7 
(single diode excited with 10 dBm @ 1GHz). 


Figure 6: Measured (x) versus simulated (-) power 
(dBm) at the fundamental (9.5 dBm @ 1 GHz) and the 
first 8 harmonics as a function of DC bias 


Figure 7: Measured (x) versus simulated (-) phase at 
the fundamental (9.5 dBm @ 1 GHz) and the first 8 
harmonics as a function of DC bias 


4 Mixer Architecture and Harmonic 
Termination 


The mixer has been realized using a triplexer 
structure with the anti-parallel diode pair in a shunt-to- 
ground configuration. One of the key requirements of 
the sub-harmonic mixer is to obtain a very flat conver- 
sion loss as a function of LO-frequency. The simulated 
LO-, RF- and IF-input impedance and the IF-to-RF 
conversion loss as a function of the phase of the 3“ 
harmonic reactive termination are given in Figure 8 
(assuming ideal filters in the triplexer-structure). 

We see that if the third harmonic is terminated with 
a phase of approximately —150°, a very flat conversion 
loss can be achieved. Also the LO-, RF- and IF-input 
impedances are very flat and insensitive to phase 
variations, due to a changing LO-frequency (e.g. a A/4- 
line at 7 GHz, causes a phase variation of about 25° 
over the 20.4-22.35 GHz band). 

The obtained conversion loss as a function of LO- 
frequency (a DC fundamental has been taken as IF in 
this simulation) can be seen in Figure 9. A very flat 
behaviour can be observed. 
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Figure 8: From left to right, LO-, IF-, RF- input 
impedance and IF-to-RF conversion as a function of 
the phase of the reactive termination of the third 
harmonic of the LO 
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Figure 9: IF-to-RF conversion of the subharmonic 
mixer. 


Figure 10: Layout of the OPSK-modulator 


5 QPSK Modulator 


The layout of the QPSK modulator is given in 
Figure 10. The circuit measures 7.6 x 16.9 sqmm. The 
LO-filter has been realized to give a good LO-match to 
the diode (better than —18 dB over the 6.8-7.45 GHz 
band), a correct termination to the third harmonic and 
an open at the RF and IF-frequencies. The LO-block 
has been realized by a A/4 transmission line-stubs. The 
series transmission line is used to vary the termination 
of the 3 harmonic at the diodes. The IF-filter is a 4" 
order low-pass filter, providing an open at the RF- 
frequency. The RF-filter is a 3 order high-pass filter, 
providing an open at the IF. The requirements of both 
the IF and RF-filter are only moderate, due to the 


presence of the LO-blocking filter. 

The simulated amplitude and phase balance are 
given in Figure 11 and Figure 12: the amplitude and 
phasebalance remain below 0.15 dB and (90+/-0.4)°. 
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Figure 11: Phasebalance of the modulator as a 
function of LO-frequency 
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Figure 12: Amplitude-balance of the modulator as a 
function of LO-frequency 


6 Conclusions 


In this paper, the design of a direct linear 
subharmonically pumped 7-14 GHz I/Q vector modu- 
lator in a multi-layer thin-film MCM-D process is des- 
cribed. An excellent agreement between the measured 
and simulated S-parameters of the Wilkinson power 
divider has been demonstrated. CPW Lange coupler 
can also be integrated with good performance. The 
diodemodel has been verified using non-linear network 
measurements and an excellent agreement between the 
measured and simulated first 9 harmonics have been 
shown. The design has been done using a full CPW 
design-library for integrated passives, allowing an easy 
co-design between the passives and the diodes. 

A design approach to obtain a very flat conversion 
loss as a function of frequency for the sub-harmonic 
mixer has been shown. When the third hamonic of the 
LO is reactively terminated with the correct phase, the 
mixers conversion loss is very flat. Also the IF-, LO- 
and RF-input impedances are highly constant. This 
allows us to obtain a good RF match over the entire 
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frequency band of the design, such that a good 
amplitude and phase balance can be obtained. The 
QPSK-modulator shows a simulated amplitude and 
phase balance better that 0.15 dB and (90 +/- 0.4) deg. 
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Abstract — Inductors are essential components in wireless front-end systems. In this paper we present high-Q spiral 
inductors integrated in thin film multilayer MCM-D technology with quality factors of more than 100 at microwave 
frequencies. These inductors, together with other integrated passive components such as capacitors, resistors and 
interconnections are used to realize high performance systems for wireless front-ends. Examples of fully integrated 
filters, couplers, a DECT VCO and a LNA for 5.2 GHz wireless LAN applications are discussed. 


I. INTRODUCTION AND TECHNOLOGICAL 
ISSUES 


The radio front-end section of wireless systems 
still consists of a considerable amount of passive com- 
ponents. In conventional microwave integrated circuits, 
the passives are surface mounted devices, consuming a 
large area and yielding a high mounting cost. In the 
continuous search for reduction of size, weight and 
power consumption, integration of these passives has 
become a major objective. Especially, high-Q spiral 
inductors are of interest as inductive loads, matching 
elements, components in lumped element filters and 
couplers or as resonator components in voltage con- 
trolled oscillators. Unfortunately, in most commonly 
used integration technologies the quality factor of the 
integrated inductors remains relatively low. Moreover, 
the operational frequency of the radio front-ends is 
rapidly moving high into the gigahertz frequencies. So, 
an integration and miniaturization technology capable 
of high frequency use and with the possibility of real- 
izing high quality integrated inductors (or passive com- 
ponents in general) is essential in today’s wireless 
evolution. 

A number of technologies are candidate to fulfil 
these demanding requirements for integrated inductors 
and for the realization of miniature integrated radio 
front-end systems in general. 

Firstly, there are the silicon-based technologies, 
such as CMOS or BiCMOS, which, according to some, 
may be used to integrate the complete digital and radio 
frequency (RF) system on one chip. Problem areas as- 
sociated with these technological solutions are difficul- 
ties in the realization of power amplifiers, sharp band 
pass filters, low noise amplifiers and high-Q inductors. 
The Q-factor for inductors in standard (Bi)CMOS is 
around eight, and may be increased to about 25 using 
special expensive non-standard technologies [1-2]. 


a Currently with CS2, Zaventem, Belgium (www.cs2.be) 
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Moreover, the large amount of passive components in 
the front-end will consume a large amount of expensive 
silicon area. 

A second candidate is low temperature co-fired ce- 
ramic (LTCC) technology. LTCC is suited for the reali- 
zation of integrated passive components and for inter- 
connections with active devices. The quality factors of 
the integrated inductors may go above 60 [3], but only 
at low RF frequencies. This is mainly due to the quality 
of the materials, the large tolerances on dimensions of 
the screen printed conductors and the vertical shrinkage 
during firing. Miniaturization in LTCC is achieved by 
exploiting the three dimensional capabilities of the 
technology. However, this three dimensional configu- 
ration causes large difficulties in modeling and design 
prediction, limiting the use of LTCC for practical cir- 
cuit design. Photo-lithographic techniques may be used 
to reduce the accuracy problems [4], but this reduces 
the claimed cost benefit of this technology even more. 

A third important candidate for the realization of 
fully integrated high frequency front-end systems is 
thin film multilayer or MCM-D technology. In this in- 
terconnection technology, it is possible to realize inte- 
grated passive components with high quality at micro- 
wave frequencies [5]. As will be presented further in 
this paper, the spiral inductors may have Q-factors of 
more than 100 at 10 GHz. Moreover, the tolerances and 
reproducibility are excellent. By combining these pas- 
sives together with surface mount (wirebond, flip-chip) 
active devices, fully integrated RF _ front-end 
(sub)systems may be realized. 

In this paper, we will take a closer look at the high- 
Q spiral inductors in thin film multilayer MCM-D tech- 
nology. The use of these inductors together with other 
integrated passive components for the realization of 
different sub-systems of a radio front-end will be dis- 
cussed. 


II. PASSIVE COMPONENTS IN THIN FILM 
MCM-D 


At IMEC, a thin film multilayer MCM-D technology 
for RF and microwave applications has been developed. 
In this technology, alternating thin layers of photosen- 
sitive benzo-cyclobutene (BCB) dielectric and low loss 
copper metallizations are deposited on a low loss boro- 
silicate glass carrier substrate. The BCB dielectric has 
very low dielectric losses (tand = 8-10), a low dielec- 
tric constant (€, = 2.65) and a low moisture absorption. 
The material is spin coated in 5 um thin films. The 
central CPW interconnection layer is a 34m thick 
electroplated copper layer. Additional metal layers of 
Al or electroplated NiAu are used to connect the inte- 
grated TaN resistors and Ta,Os capacitors (€,= 25) or to 
create a good layer for attachment of external active 
devices, respectively. Via holes through the BCB di- 
electric with diameters ranging from 20 Um to 50 um 
form the connection towards the other metal layers. A 
typical layer build-up is shown in Fig. 1. Notice that 
there has been chosen to generally employ a coplanar 
waveguide (CPW) topology for the design and realiza- 
tion of the structures. 


Cu/Ni/Au component layer 
CPW interconnect layer 


3 um Cu metal R (is | 5 um BCB 
1 um A/ metal 


TaN resistor | 5 um BCB 


Ta,O, capacitor 


700 pm glass 


Fig. 1. Schematic cross-section of the thin film multilayer 
MCM-D build-up used in this work. 


A complete library with parameterized models for a 
wide variety of integrated passive components (differ- 
ent types of capacitors, inductors, resistors, transmis- 
sion line interconnects, corners, junctions, ...) in this 
thin film multilayer MCM-D technology has been cre- 
ated [S]. The component library is fully integrated in 
Agilent’s ADS CAE environment, making the design of 
circuits very easy. One just has to click on the appropri- 
ate component in the library, specify its values and drag 
and drop the component icon to its proper place in the 
schematic of the circuit simulator. Once the simulated 
performance of the complete circuit is satisfactory, just 
click the auto-layout button to create the layout for 
mask making. 

Focussing on the spiral inductors, one notices from 
Fig. 2 that they are circular, lying in cut-outs in the 
CPW ground plane. The advantage of the circular shape 
is a smooth field distribution and the absence of sharp 
comers that would cause extra losses and parasitic ca- 
pacitive effects. A disadvantage is that a more complex 
modeling approach is required [6]. All the materials 
used in this technology are of excellent quality: low 
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loss copper metallization and dielectrics with low tanéd. 
The above issues together the accurate and smooth 
processing with tolerances down to +1 pm allow the 
realization of spiral inductors with quality factors that 
may go above 100 at 10 GHz (for inductances 
<1.7nH). Fig. 2 shows a photograph and network 
analyzer measurement results of a typical high-Q in- 
ductor. Also simulation results using a simple first or- 
der lumped element model [6] are shown. The agree- 
ment is very good, even for the quality factor behavior. 
Of course, for inductors with larger values, the quality 
factor will drop due to the increased losses and capaci- 
tive coupling between the turns. However, the values 
are still higher than what may be achieved using other 
technologies [1-2]. For example an inductor of 18 nH 
has still a Q of 38 at 2 GHz, an inductor of 40 nH still 
has a Q of 29 at 1 GHz. 
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Fig. 2. Photograph and measured and simulated performance 
of a typical high-Q spiral inductor in MCM-D (conductor 
width = 50 um, spacing = 20 yum, total diameter ~ 800 yum, L 
= 1.6 nH, Qmax = 107 @ 10 GHz). 


III. APPLICATIONS 


By combining the high-Q inductors together with 
the other passive components and interconnects, func- 
tional blocks for wireless applications, fully integrated 
in MCM-D, may be designed and realized. Active de- 
vices may be mounted using flip-chip or wire-bonding. 
When models of the devices are available, they can be 
directly included in the simulation. 

In the following sections, examples of integrated 
filters, a lumped 90° hybrid coupler, a DECT VCO and 
a 5.2 GHz wireless LAN LNA are presented. The im- 
portance of using high-Q inductors is pointed out. 


A. Low Pass Filter 


A photograph of a ninth order low pass filter con- 
sisting of a ladder network of 5 capacitors to ground 
and 4 series inductors is shown in Fig. 3. For an at- 
tenuation of 1.5 dB at a 5.2 GHz low pass corner fre- 
quency, the capacitors range from to 422 fF to 916 fF 


and the inductors are 2 nH and 2.4 nH (with Q = 82 @ . 


5 GHz). A comparison between network analyzer 
measurements and model simulations for the S21 inser- 
tion loss and S11 returns loss is shown in the same fig- 
ure. Excellent agreement may be observed. Notwith- 


a 


standing the 4 spirals in series, the insertion loss re- 
mains very low grace to the high inductor Q-factor. 
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Fig. 3. Photograph (size 10 by 1.5 mm), and measured (dotted 
lines) and simulated (solid lines) performance of a ninth or- 
der low pass filter at 5.2 GHz. 


B. Band Pass Filter 


In Fig. 4 a photograph of a 5.2 GHz band pass fil- 
ter in MCM-D is shown. The two 0.625 nH MCM-D 
inductors (implemented as half turn loops) have a very 
high maximum Q of 208 at 14 GHz. At the design fre- 
quency of 5.2 GHz the Q is 127. In the same figure a 
comparison between measurements and simulations of 
the complete filter is shown. In addition, this graph 
shows simulation results indicating the influence of the 
decrease in inductor quality factor. With the high-Q 
inductor, the $21 insertion loss in the pass band is 3 dB 
at 5.16 GHz. When the Q would drop to 35 or 24 at 
5.2 GHz, the insertion loss of the whole filter increases 
to 4.9 dB or 6.2 dB, respectively. When the insertion 
loss increases, noise increases and the power consump- 
tion has to increase to reach the same output power 
level. This illustrates that the high-Q of inductors is of 
primary importance to achieve low power RF systems. 
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Fig. 4. Photograph of a 5.2 GHz MCM-D band pass filter 
using high-Q half turn spiral inductors (size 3 by 1.5 mm). 
Comparison of measurements (dotted lines) and simulation 
results (solid lines) of the band pass filter indicating the influ- 
ence of reduced Q values on the insertion loss. 
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C. Lumped 90° Hybrid Coupler 


90° hybrid coupler circuits are very useful in wire- 
less front-end systems. At 5.2 GHz wireless LAN fre- 
quencies, the interdigitated coupled line versions (such 
as e.g. Lange couplers) are becoming too large for 
miniature designs. A lumped version integrated in 
MCM-D is shown in Fig. 5. It uses two inductors of 
1 nH (Q = 83 @ 10 GHz) and two capacitors of 377 fF. 
The measured insertion loss is maximum 0.27 dB. The 
bandwidth of this type of hybrid is very narrow. How- 
ever, because of the excellent prediction of the models 
in the component library and the good processing accu- 
racy of this technology, the coupler target frequency 
was achieved for all designed couplers in a single proc- 
essing run. 
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Fig. 5. Photograph and comparison between measurements 
and simulations of an integrated lumped element 90° hybrid 
coupler at 5.2 GHz (size: 2.1 mm by 2.4 mm). 


D. DECT Voltage Controlled Oscillator 


A photograph of a VCO module for a DECT 
(digital enhanced cordless telephone) application inte- 
grated in MCM-D is shown in Fig. 6. All 28 passive 
component (resistors, capacitors and inductors) are in- 
tegrated into and the four active devices are wire 
bonded onto the interconnection substrate [7]. In this 
way a miniature system of 7.5 mm by 7.5 mm is real- 
ized, which is four times smaller than the presently 
used printed circuit board version. Wire bonding had to 
be used, because the bare die active devices have con- 
tacts at both the top and the bottom side. The VCO cir- 
cuit operates at half of the DECT operational fre- 
quency, as a frequency doubler up to 1890 MHz is 
available in the accompanying RF chip. The measured 
performance characteristics of the VCO are: -5 dBm 
output power, 894.5 — 925 MHz (transmit) and 826.5 — 
845.3 MHz (receive) tuning range, 10.2 MHz/V 
(transmit) and 6.1 MHz/V (receive) tuning sensitivity, - 


117.9 dBc/Hz phase noise at 1.72 MHz from the carrier 
frequency (limited by the dynamic range of the meas- 
urement equipment), -109.7 dBc/Hz phase noise at 100 
kHz from the carrier frequency. The phase noise of — 
117.9 dBc/Hz at 1.72 MHz from the carrier frequency 
is 14.9 dB better than the DECT specifications. This 
achievement may be dedicated to the excellent high-Q 
integrated spiral inductors. Also in Fig. 6, the free run- 
ning output power spectrum and the measured transmit 
tuning range are shown. 
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Fig. 6. Photograph of a fully integrate a VCO for DECT ap- 
plications (size 7.5 by 7.5 mm). The measurement results 
show the free running output power spectrum and the trans- 
mit tuning range of the VCO for the full 3 V voltage swing. 
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Fig. 7. Photograph (size 7 by 5.1 mm), simulated and meas- 
ured performance of a 5.2 GHz wireless LAN LNA with inte- 
grated band pass filters, realized in thin film MCM-D. 
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E. 5.2 GHz Wireless LAN Low Noise Amplifier 


In Fig. 7 a photograph of a low noise amplifier 
(LNA) for 5.2 GHz wireless LAN is shown. All passive 
components for matching, biasing and inductive load 
are integrated in the MCM-D substrate [8]. Even band 
pass filters before and after the amplifier stage (for use 
in a superheterodyne architecture) are included. This 
makes 23 integrated passives in total. The active device 
is a commercial high electron mobility transistor 
(HEMT), flip-chip mounted on the MCM using tiny 
gold stud bumps. The LNA performance without band 
pass filters is: noise figure < 2.4 dB, gain = 12.9 dB, 
P_ian = -) dBm (at the input), power consumption = 28 
mW (14 mA with 2V). Measurement results of the per- 
formance with the band pass filters are shown in Fig. 7. 
The noise figure now becomes 5.4 dB, the gain 6.8 dB, 
the input matching < -9 dB and the output matching < 
-15 dB. This performance is better than what may be 
achieved with similar integrated solutions in silicon 
(including integrated band pass filters). 


IV. CONCLUSIONS 


Thin film MCM-D proves to be an excellent tech- 
nology for the integration of high-Q spiral inductors 
and passive components in general. Through examples 
of filters, a coupler, a DECT VCO and a wireless LAN 
LNA, fully integrated front-end sub-systems for wire- 
less applications have been discussed. In these exam- 
ples, the use of the high-Q inductors has shown to be an 
important factor which enables to increase the perform- 
ance and reduce the power consumption. 
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Abstract 


As more semiconductor functions have been combined into fewer chips, the number of 
passive devices has remained relatively large in comparison. This is especially true for RF 
ICs, which require a host of passives for external matching and filtering. Dual band phones 
are now being manufactured with less than 50 semiconductors but over 500 supporting 
passives. Integrated Passive Devices (IPDs) and Modules in chip scale or near chip scale 
packages are a powerful ally in the quest for smaller size and cost reduction, demanded by 
mobile system manufacturers. Ceramic and thin film technologies are the most prevalent 
IPD solutions in the marketplace. However, with more integration comes added design 
complexity and the need to simulate product performance. To address this problem, RF 
simulation software is needed to tightly couple standard circuit simulators such as ADS. 
This would offer great flexibility to model the entire sub-system and determine optimum 
partitioning between on-chip and IPD components. Such simulation capability would greatly 
minimize the need for trial and error optimisation at the prototype stage (by swapping out 
individual component values). 


1 Theneed for Integrated Passive Devices 


Cost and size are critical attributes, which must be minimized in modern mobile 
communications equipment. However this is becoming increasingly difficult to realize, even 
though there have been notable reductions in the size of discrete components. Simple 
reduction in component size alone has diminishing returns for several reasons: 


i) Relatively large circuit board pad area is still required in order to make solder joints 
to components. 


il) The minimum pad dimensions are 300 to 500 micron for conventional circuit board 
technology with 75 to 100 micron line widths, becoming comparable with the size of 
the smallest passive components. 


ili) Manufacturing costs are not necessarily reduced with the move to smaller 
components. Very small component body sizes require more expensive and slower 
placement equipment in order to meet the need for increased placement accuracy. 


iv) The use of multiple, microscopic, discrete components, carries with it an assembly 
yield penalty. 
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2 ‘Integrated Passive Device Technology 


Devices incorporating multiple passives are known as integrated passive devices or IPDs. 
The integration of passive elements into one physical component results in a device of more 
manageable size and a reduced number of placements as compared with a discrete 
implementation. Technologies used include thin film on glass, thin film on silicon, thick film 
on ceramic and LTCC (Low temperature Co-fired Ceramic). These have been well 
described elsewhere (ref..1,2). Thin film technologies are characterised by the use of fine 
geometries and a wide range of passive values within a design, particularly capacitors. 
LTCC has been popular for single function modules, such as filters, with relatively few 
passive components (ref. 3). LTCC uses relatively coarse fabrication geometries and offers 
low capacitance per unit area due to relatively thick dielectric layers. 
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Figure 1. — Eight Channel RC Filter 4.4 x 3.1 x 0.9 mm (Intarsia) 


Until recently IPDs (mostly for digital applications) have been shipped in conventional 
packages (SOIC, QSOP, etc.). Unfortunately using a large leaded package tends to offset 
much of the size advantage obtained by integration. Furthermore, the package represents 
anywhere from 60% to 80% percent of the total cost, making packaged IPDs uncompetitive 
compared with discrete solutions. The advent of wafer level chip scale packaging has 
changed this equation. Wafer level chip scale packages provide maximum size reduction, 
while entirely eliminating the cost of the plastic package. Figure 1. shows an eight channel 
RC filter integrating 16 passive components (including large 100 pF capacitors) and 
measuring just 4.4 x 3.1 x 0.9 mm. 


IPDs are now being increasingly used for RF applications particularly for LTCC. However 
thin film on glass is quickly gaining ground due to tighter processing tolerances, wider range 
of capacitance and more stable resistors. These attributes are very important for RF 
applications. Figure 2. shows the RF and digital sections of a commercially available phone. 
The red boxes show areas populated with discrete passives that could be replaced with 
integrated passive devices substantially reducing the number of components and size. The 
devices shown are a RF matching network and a RC line filter for noise reduction, both 
realized using thin film on glass. 


Glass as a substrate provides several advantages compared with silicon: it is low cost and 
can be formed into much larger wafers or panels. A second advantage is that it has 
excellent electrical properties for high frequency and RF applications. Typical dielectric 
properties are er = 5.7 and tan 6 = 0.001. 
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Figure 2. Shows how integrated passive devices can save significant board area 


3 Thin Film Large Area Panel Fabrication 


The semiconductor industry has unquestionably 
demonstrated the cost advantage of using larger 
format wafers. Following this proven path, thin film 
devices are now being fabricated on large area 
glass panels measuring up to 350 x 400mm. The 
economy of scale for large area panels is 
dramatic. Figure 3. provides a comparison 
between a panel and standard 4” and 6” Si 
wafers. Also LTCC and thick film ceramics are 
often limited to about 6” square due to flatness 
uniformity issues. The large panel format was 
specifically developed to support high volume 
commercial applications such as cellular phones 
and provides an economy of scale that is difficult 
to match with smaller formats. 


4 Modules 


Combining passives and semiconductors within a 
near chip scale module offers a very high level of 
integration and miniaturization. A_ significant 
advantage of this approach is that it is possible to 
mix and match semiconductor processes and high 
Q off chip passives within one device. This is a 
real benefit for RF circuits because inductors on 
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Substrate Size Die Per Wafer* 


Ratio 
Comparison 


4” Wafer 1,261 1X 
3,181 8X 
27,083 18X 


6” Wafer 


Panel** 


*Die Size: 1206 (120 x 60 mils) 
**Panel Size: 350mm x 400mm 


Figure 3. Comparison of large area panel 
versus Standard 4’ and 6” wafers 


Figure 4a. Intarsia patented Direct Module Attach 
(DMA) CSP with 1 mm solder ball pitch 


silicon have very low Q and “waste” expensive real 
estate. The thin film on glass process moves these 
inductors to a glass substrate/package where the 
cost per unit area is significantly lower and the Qs 
are up to 10 times higher than on silicon. 


Figure 4b. An example of a 2.45 GHz VCO 
(Intarsia) integrating 3 semiconductors 
and 37 passives 


Figure 4a. depicts a module produced using direct module attach (DMA) technology, 
comprising a glass substrate with thin-film layers deposited to realize resistor, capacitor, 
inductor and transmission line elements. Solder balls are then added to the periphery of the 
substrate to form the I/O pads. The center of the glass substrate contains passive elements, 
but also semiconductors, attached by either flip-chip or wirebond methods. The substrate is 
then passivated with glob top to protect the devices. Figure 4b. shows a 2.45 GHz VCO 
produced using DMA technology. The module integrates 3 semiconductors and 37 passives 
into a single module measuring just 7.8 x 4 mm. 


5 Performance Simulation 


With more passive integration comes added design complexity and the need to carefully 
simulate product performance. Integrated passive component technologies can only be 
used effectively if accurate design tools are available for the technology and frequency 
ranges of interest. This is a particular issue at RF and microwave frequencies where 
component parasitics have a major effect on the end performance. For most manufacturers 
of IPDs such design tools are proprietary, and the manufacturer must perform the design 
and simulation. This can be a problem if sensitive proprietary information is involved for 
which distribution to outside suppliers is not desirable. Also putting the design tools in the 
system manufacturers hands allows quicker design cycles and optimum partitioning 
between on-chip and IPD passives. 


For thin film on glass technology, a design kit is available that operates within the industry 
standard Advanced Design System (ADS) from Agilent Technologies (formerly HP EEsof). 
This design tool allows the user, as opposed to the IPD manufacturer, to do the design and 
simulation. This provides great flexibility to model the interaction with the entire sub-system, 
as well as minimizing trial and error optimisation at the prototype stage by swapping out 
individual component values. This thin film design tool includes process information, design 
rules, element models, package assembly information and fabrication instructions to allow 
designers to produce custom integrated IPD products. Circuit element models include: 
standard passive elements (R, L and C), as well as microstrip, coplanar waveguide 
transmission lines and interconnect elements. The design tool is graphically driven from the 
schematic. Each element model includes a cell layout, allowing the schematic and physical 
layout to be adjusted during circuit design. 
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6 Design Example 


The design of a VCO typically requires a passive tank circuit (resonator) and a negative 
resistance (or a feedback) circuit. Using the thin film design tool, these elements can be 
modelled together to predict the overall performance. The example below illustrates a 
voltage-controlled oscillator using a discrete transistor. The VCO was designed at 2.45GHz, 
and has a wide tuning range suitable for use in wireless LAN applications. The necessary 
coupling and feedback integrated passive components are placed into the schematic, 
together with a non-linear model of the transistor itself. This circuit was optimised 
independently for negative resistance at the desired frequency. The tank circuit was then 
modelled as a combination of integrated passive components and a tuning device such as a 
varactor diode. It is especially important at RF to include the effect of interconnect, and a 
considerable amount of the schematic is devoted to the interconnect present in an actual 
design. The tank circuit and negative resistance generator can then be integrated and 
optimised together (Figure 5) to produce the desired performance. One of the benefits of 
the design tool is that it allows circuits to be tuned or optimised to produce particular 
performance requirements. For example, the VCO circuit can include filtering to allow 
suppression of the harmonics. 
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Figure 5 —- Completed 2.45 GHz VCO Schematic 
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Figure 6 — VCO frequency and harmonics 


6. Summary 


Designers on the frontline of the battle toward smaller size, lower cost and more capable 
mobile electronic products have a new weapon in IPDs. Several technologies are now 
available allowing the manufacture of compact integrated passive or module products. In 
order to use the technology effectively, it is necessary to be able to accurately design the 
passive circuits along with the active devices with a high degree of confidence in predicting 
the actual fabricated performance. Scores of components previously individually attached 
can now be integrated into a single chip scale device. New software tools will allow 
designers to quickly simulate performance and interaction with other parts of the system, 
shortening the design cycle and reducing time to market. Design tools such as that 
available for thin film on glass devices will assist system designers by providing accurate 
simulation and first pass success. A VCO design example demonstrated the application of 
this design tool in a wireless LAN application. 
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Abstract - Low-cost realization of ISM band pass filters using substrate-integrated combline structures has been 
demonstrated. For the low-cost realization and mass-production, efforts have been concentrated into realizing the 
combline filter structure as an integrated conductor layer of FR4/Epoxy based multi-layer substrates which are 
widely used as multilayer printed circuit boards (PCB) instead of ceramic. By loading capacitive loads to each side 
of the combline strips, more reduction of the overall feature size has been achieved. Reasonable stopband and 
passband characteristics have been achieved. This filter can be used as a RF band pass filter for the wireless 
network devices of 2.4GHz ISM band such as Bluetooth and Wireless LAN. 


I. Introduction 


With rapid development of mobile 
communications, the demand for compact and low-cost 
apparatus is increasing. For some specific application, 
such as Bluetooth, which requires very small form 
factor and low-cost realization, these demands are 
critical for the success of its application. Therefore it is 
a reasonable effort to reduce the cost and the size of 
passive components such as SAW filters. Combline 
filters, in particular, feature compact size, very steep 
cut-off rate, good and broad stopband performance, and 
ease of fabrication tolerance [1-3]. Furthermore, the 
tapped-line arrangement makes the combline filter even 
more compact and easy to interface with other circuit 
components [4][5]. In this paper, low-cost realization of 
ISM bandpass filters using integrated combline 
structures will be presented. For low-cost and compact 
realization, efforts have been concentrated into 
realizing the combline filter structures as an integrated 
conductor layer of FR4/Epoxy based multilayer 
substrates which are widely utilized as multilayer 
printed circuit boards (PCB) instead of ceramic 
materials [6]. 


II. Combline Filter 


In mobile communication apparatus, size and 
cost are of great concern. Also insertion loss must be 
minimized while maximizing out-of-band attenuation. 
For most cases, surface acoustic wave (SAW) filters 
have been used to fill this need because of good out-of- 
band attenuation. In general, a SAW filter requires 
external matching circuitry, and its insertion loss tends 
to be higher than other filters. And its relatively higher 
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cost and larger size are not always favourable for low- 
cost realization requirement. The coaxial resonator 
filter will have low passband loss and good attenuation, 
but will generally be too large to use in portable 
applications where low loss is not absolutely critical. 
Microstrip or strip transmission line filters have been 
used in portable applications providing adequate 
performance at low cost. The interdigital stripline filter 
has been frequently used in portable applications and 
provides adequate performance at a reasonable size and 
cost. However, when selectivity requirements in 
portable applications are stringent, the number of poles 
in such interdigital stripline filters may become 
excessive. Therefore, the combline stripline filter has 
the advantage of an additional zero above the passband, 
so will generally require one less pole. One less pole 
will mean less insertion loss and less area. A further 
slight size advantage is gained in that the combline 
stripline filter will generally have closer resonator 
spacings for the same bandwidth filter than the 
interdigital stripline filter. 


Figure. 1 Combline Filter 


III. Design and Measurement Result 
of ISM band pass filters 


Figure 1 shows a tapped combline filter. A 
combline filter is constructed by arranging a series of 
strips between two ground planes. By loading with a 
capacitance, they electrically appear as 90 degrees long 
at the center frequency of the filter. The strips of a 
combline filter are typically 45 degrees long, but can 
range from 10 to 88 degrees in length. The impedance 
of combline filter sets the mechanical dimensions of the 
strips relative to the ground plane such that the ohmic 
losses are minimized. In a tapped combline, shown in 
Figure 1, each strip represents a filter pole. Matching 
between the resonator impedance and _ source/load 
impedance is accomplished by tapping on the first and 
last strip. Lowering the position of the tap toward 
ground matches lower impedance, while raising the tap 
matches higher impedance. The tap also changes the 
impedance of the end strips by a small amount. The 
design equations are as follows [7]: 


b=(1/2Z,) *[Op/sin?(O,)+cot(O,)] 
Jiiss=whl(gg;4)'? — i=1,2,...N-1 


t 


Line Admittances 


Y,i47= Jj;.jtan(Op) i=1,2,a0Nel 
p/p 

Nh Tika Vick aN serrate feeds Fee Neel 
sel tee Meenre 


®@,=sin' {[ w(cosOsin0,+O))/(2Z,Z, 28 )]'"} 
Ni Zed 

A=1/(Z,Y jap) Sin(Og—-P) 

B=(sin®,/ sin®)’+ (sin®,/ sin®) * A/Z, 


C.=A/(@pB) 


Loading capacitance 
C;= cot(0g)/(@Z,) 
C) rora, = Cit C, 
Cy roran = Cyt C,, 


where 
N: order of low-pass prototype filter, 
g;. low-pass prototype filter element values 
(i=0 to N+1), 
w. fractional bandwidth of filter, 
Z,: source and load impedance, 
Zy: resonace line impedance 
(same for all resonators), 
Wy: 2a * center frequency, 
0, electrical length of resonator at center frequency. 


Figure 2 shows a graph of combline filter 
characteristic vs. loading capacitance. With decreasing 
a loading capacitance, the filter has higher center 
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frequency and wider bandwidth. Figure 3 shows a 
graph of combline filter characteristic vs. spacing 
between striplines. When the stripline get closer 
together, the loss of filter decreases and bandwidth is 
wider. The simulation had been performed with the 
help of an analytical tool, Serenade™ of Ansoft™ 
Corporation. 


c 
capacitor vs. filter characteristic 


Figure. 3 Spacing between strips vs. filter characteristic 


Figure 4 shows a combline band pass filter 
integrated into a FR4/Epoxy based multilayer substrate. 
One side of the stripline is grounded by a via hole and 
the other side is connected to the external capacitors 
that are also grounded. Figure 5 shows two test 
modules which contains a microstrip-type(a) and a 
stripline-type(b) combline filter. It was 2mm by 3.5mm 
in size including the tapered section and external 
capacitors. Also the physical dimensions and structure 
parameters are shown in Figure 1,6 and TABLE 1,2. 


—— 2 Ground Plane 
—S 
omzaigee precpen ey 


Figure.4 Structure of integrated combline 
band pass filter 


Es: 


(b) stripline 


(a )microstripline 


Figure. 5 Test modules containing combline filters 


Figure. 6 Structural dimensions of combline filter 


TABLE 2: Physical dimensions (see Figure 1) 


material 


structural parameter dimension(ym) 


(dielectric constant) | 


Layer 1 (L) 
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TABLE 1: Structural parameters in Figure 6 


Physical Microstripline Stripline 
Parameter Filter (mm ) Filter(mm ) 


posal Se Ml 


The test modules, shown in FigureS, containing 
combline filters were measured using HP 8510C 
Network Analyzer and 3-tip probes, ground-signal- 
ground, each tip has 400um spacing, made by Cascade 
Microtech™. A standard TRL-method using calibration 


kit 005-018,106-682 had been performed. The 
measured S-parameters were transferred into the 
analytical software, Serenade™ of Ansoft™ 
Corporation. 

ye ow age 


INSERTION LOSS («B) 


opt0@_b 1 —++ 
B(S21 (ck opt08_b)) 


optte_a Yi — 
GB(S1 1 (cKEopt08_a))) 
RETURN LOSS (8) 


opt0é@_b Y! —+4 
GB(S11(cK=opt08_b)) 


1.00 1.50 Gi 2.80 3.00 


2.00 
FREQ [GHzI 


(b) 
Figure. 7 Calculated and measured characteristics 


of microstripline-type combline filter 
(a) insertion loss (b) return loss 


Figure 7 compares the theoretical and measured 
filter characteristic of insertion loss and return loss for a 
microstrip-style combline filter. The difference may 
comes from the fact that the material parameters, such 
as dielectric constant and loss tangent of the epoxy film, 
were inaccurately known or there might be parasitic 
that comes from contact pads or soldering. Therefore 
more systematic research in material properties might 
be required. Figure 8 shows two measured results, (a) 
for stripline-type and (b) for microstrip-type combline 
filters. The measured characteristics show 1.8 dB and 
5dB loss in the passband for microstrip combline filter 
and stripline combline filter respectively in Figure 8. 
The increase of loss for stripline-style filter is attributed 
mainly to the parasitic capacitance by via connections. 
The measured results were relatively in good agreement 
with calculation results. 


STRIPLINE FILTER 
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=10, 002) See i f- 


INSERTION LOSS, 


RETURN LOSS 
40.00| d 
1.607 1.80 SEXED ED 3.00 
FREQ [GHz] 
(a) 


y2e24 YI 
dB (S11 (ckt=v2e24)) 


MICROSTRIPLINE FILTER 


dB(S12(ckt=v2e24) 


INSERTION LOSS 


25.001 


2.00 
FREQ [GHZ] 


(b) 
Figure. 8 Measured results of combline filters 
(a) stripline-type (b) microstripline-type 
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IV. Conclusion 


Combline RF band pass filters integrated into 
FR4/Epoxy based multilayer substrates have been 
realized, and preliminary analysis has been completed. 
Efforts have been concentrated on its low-cost and 
compact realization. Preliminary measurement result 
shows relatively low loss and good attenuation for 
some RF application such as Bluetooth. Capacitive 
loads were employed to encourage the filter size 
reduction, and a 2mmx3.5mm size filter was realized. 
Also, eliminating the need for relatively expensive 
SAW filter gives a possibility for further cost reduction. 
Even though this scheme was used in realizing band 
pass filter, it can be applied to other applications such 
as resonators or duplexers. 
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System Implications of Heat in Wireless High-Speed Data Networks 
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ABSTRACT 


Heat generation is reported to be a major problem for high speed wireless data networks. 
This is primarily due to the combination of two network components: first, the system 
decision to adopt signal types with both high bandwidth efficiency and high envelope 
peak-to-average ratios; and second, the hardware consequence of large amplifier backoff 
requirements for these signals. Following a summary of the magnitude of this heat 
consequence, requirements for eliminating this effect are proposed. Performance 
measurements from a resulting new radio architecture are presented, demonstrating the 
efficacy of this new architecture. 
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